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Abstract

URRENTLY the transportation sector accounts for a quarter of global

CO; emissions. In order to decarbonize the transportation, a transition

from internal combustion engine vehicles (ICV) to fully electric vehicles (EV)

is necessary. Motor drive systems are a key component of EVs, thus inno-

vation in power electronics and motor technology will partly determine the
adoption rate of EVs.

This thesis focuses on the energy storage system of a fuel-cell electric ve-
hicle (FCEV). In particular, each fuel-cell unit requires a continuous supply
of oxygen, which is provided by means of an auxiliary, electric compressor.
A compressor drive system, supplied by the fuel-cell or a battery controls
the electric compressor. The examined compressor drive is placed onboard a
FCEV, thus is expected to be compact and lightweight. It is well documented
in literature, that high-speed motors/compressors benefit from a small vol-
ume, thus are ideal for power dense drive systems. However, until now there
is no comprehensive analysis of inverter systems tailored to the special char-
acteristics of high-speed motors. This thesis aims to bridge this technical gap,
by exploring the performance limits of high-speed motor drives.

In the first part of the thesis, a conventional voltage source inverter (VSI)
is paired with a high-speed motor. High-speed motors are sensitive to poor
stator current quality, that induces high rotor losses. For this reason, an
output filter must be added at the inverter AC output-side. Different types
of output filter are discussed here, concluding that a full sine-wave output
filter (FSF) fits best the needs of high-speed motor drives. An FSF adds vol-
ume/losses, thus negatively affects the inverter stage performance. Two new
modulation strategies that take into account the special properties of an FSF,
and reduce the inverter losses, are proposed in Chapter 2.

A high switching frequency is used for the VSI pulse width modulation
(PWM), in order to guarantee a dynamic control of the high-speed motor.
This requirement for high switching frequency is achieved by employing the
latest generation of wide-bandgap (WBG) semiconductor devices. However,
the combination of a high switching frequency and WBG devices, causes
electromagnetic interference (EMI) concerns. The electromagnetic compati-
bility (EMC) of high-speed motor drives is analysed in Chapter 3. The motor
drive is part of a larger system, thus should not cause EMI noise that disrupts
nearby electronic equipment. In order to mitigate the EMI emissions, a filter
is placed at the inverter DC input-side, in addition to the output FSF. Several
EMI aspects are discussed here, culminating in a new filter design algorithm,
that takes into account interrelations between the input and output filters.

vii



Abstract

In the second part of the thesis, buck-boost inverter topologies are inves-
tigated. High-speed motor drive systems supplied by a fuel-cell/battery are
especially demanding when it comes to the design of the inverter. Besides
a high performance requirement, the inverter has to cope with the wide DC
voltage variation of the fuel-cell/battery. Several buck-boost inverter con-
cepts are evaluated by means of multi-objective optimization tools. Hard-
ware prototypes are built for the most promising inverter topologies, and
are compared to state-of-the-art solutions, with respect to the achievable ef-
ficiency and power density. In Chapter 4, a conventional buck-boost in-
verter topology is examined, which features two energy conversion stages.
As a result of the two energy conversion stages, this inverter topology suf-
fers from a low efficiency and a relatively low power density. A new mod-
ulation strategy that synergetically combines the operation of the two in-
verter stages, and hence improves the inverter efficiency, is proposed. Sub-
sequently, in Chapter 5, innovation in the inverter topology is pursued. A
new buck-boost inverter topology is presented, based on the idea of modular
three-phase systems. This inverter topology achieves buck-boost capability
by using only a single energy conversion stage, and thus achieves a high
performance. Finally, in an effort to improve the motor drive as a whole,
inverter innovation is combined with motor innovation, in Chapter 6. As
a result, the double-bridge inverter technology is proposed, where two VSIs
are connected to the opposite sides of an open-end winding motor (no float-
ing neutral point).

Chapter 7 briefly summarizes the key findings of this thesis and gives
an outlook on future research.
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Kurzfassung

ERZEIT verursacht der Transportsektor rund ein Viertel der weltweiten
COz2-Emissionen. Um diesen Anteil zu reduzieren ist ein Ubergang von
Fahrzeugen mit konventionellen Verbrennungsmotoren (ICV) zu Fahrzeugen
mit komplett elektrischen Antrieben (EV) unerlisslich. Um diesen Ubergang
voranzutreiben und fiir den Endverbraucher attraktiver zu gestalten, sind
insbesondere im Bereich der Leistungselektronik und der Motorentechnik
grundlegende Innovationen erforderlich.

Die vorliegende Dissertation fokussiert auf Brennstoffzellen-Elektrofahr-
zeuge (FCEV), in welchen die Brennstoffzelleneinheit eine kontinuierliche
Sauerstoffversorgung benoétigt. Die Sauerstoffzufuhr wird mit Hilfe eines
elektrischen Kompressors sichergestellt, welcher von einer leistungselektro-
nischen Schaltung gespeist wird. Diese Schaltung bzw. das Antriebssystem
bildet den zentralen Gegenstand der Arbeit und wird hinsichtlich Anfor-
derungen und Betriebsverhalten im Detail untersucht. Da das Antriebssys-
tem im Fahrzeug untergebracht werden muss, ist ein geringes Gewicht, so-
wie ein hohes Mass an Kompaktheit unerlasslich. Da Hochgeschwindigkeits-
Motoren/Kompressoren hohe Kompaktheit aufweisen, sind sie fiir die gegen-
standliche Anwendung vorteilhaft einsetzbar, allerdings liegt in der Litera-
tur bisher noch keine umfassende Analyse von Antriebssystemen, welche
auf die speziellen Eigenschaften von Hochgeschwindigkeitsmotoren zuge-
schnitten sind, vor. Diese Liicke soll durch diese Arbeit geschlossen werden,
indem die Grenzen der Leistungsdichte und Effizienz von Antriebssystemen
fur Hochgeschwindigkeitsmotoren im Detail untersucht werden.

Im ersten Teil der Arbeit wird ein konventioneller spannungsgespeis-
ter Wechselrichter (VSI) verwendet, um einen Hochgeschwindigkeitsmotor
anzutreiben. Da oberschwingungsbehaftete Statorstrome in Hochgeschwin-
digkeitsmotoren hohe Rotorverluste verursachen, muss zwingend ein Aus-
gangsfilter zwischen den Wechselrichter und den Motor geschaltet werden.
Es werden unterschiedliche Ausgangsfilter-Schaltungen untersucht, wobei
der Schluss gezogen wird, dass ein Voll-Sinus-Ausgangsfilter (FSF) den An-
forderungen von Hochgeschwindigkeitsmotoren am besten gerecht wird. Da
ein zusétzliches FSF jedoch sowohl die Verluste als auch das Gesamtvolumen
des Systems erhoht, werden in Kapitel 2 zwei neue Modulationsverfahren
vorgestellt, welche die speziellen Eigenschaften von FSF beriicksichtigen und
eine Reduktion der auftretenden Verluste im Wechselrichter erreichen.

Um eine hohe Dynamik der Steuerung des Hochgeschwindigkeitsmotors
zu gewihrleisten, wird eine hohe Schaltfrequenz der VSI-Pulsweitenmod-
ulation (PWM) verwendet. Um bei hoher Schaltfrequenz hohe Effizienz si-
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Kurzfassung

cherzustellen, wird die neuste Generation von Wide-Bandgap (WBG) Halb-
leiterbauelementen eingesetzt, deren hohe Schaltgeschwindigkeit potentiell
elektromagnetische Stérungen (EMI) verursacht welche umliegende System-
komponenten beeintrachtigen kénnten. Entsprechend wird die elektroma-
gnetische Vertraglichkeit (EMV) von Hochgeschwindigkeitsantrieben in Ka-
pitel 3 im Detail untersucht. Um Stérungen zufolge EMI sicher zu vermei-
den, wird zusétzlich zum ausgangsseitigen FSF ein EMI-Filter am Eingang
des Wechselrichters angeordnet. Um eine Grundlage fiir die Optimierung
der gesamten EMI-Filterung zu schaffen, werden die EMI-Stéraussendungen
im Detail analysiert. Auf Basis dieser Analysen wird ein neuer Filterdesign-
Algorithmus entwickelt, welcher auch die Wechselbeziehungen zwischen
dem Eingangs- und dem Ausgangsfilter beriicksichtigt.

Im zweiten Teil dieser Arbeit werden kombinierte Hoch-/Tiefsetz-
Wechselrichter-Topologien untersucht. Da das Antriebssystem, je nach Be-
triebsmodus, entweder direkt von der Brennstoffzelle oder von einer Batterie
gespiesen wird, muss der Wechselrichter nicht nur eine hohe Leistungsanfor-
derung erfiillen, sondern auch einen weiten Eingangsspannungsbereich be-
herrschen. Dies erschwert das Design, weshalb verschiedene Hoch-/Tiefsetz-
Wechselrichter-Topologien mittels Mehr-Ziel-Optimierung verglichen und
bewertet werden. Die vielversprechendsten Wechselrichtertopologien wer-
den anschliessend als Hardwareprototypen aufgebaut und hinsichtlich Effi-
zienz und Kompaktheit mit bestehenden Losungen verglichen. In Kapitel
4 wird eine konventionelle Hoch-/Tiefsetz-Wechselrichter-Topologie unter-
sucht, welche aus zwei in Serie geschalteten Energieumwandlungsstufen be-
steht. Aufgrund der zweifachen Energiekonversion weist diese Topologie je-
doch eine relativ geringe Effizienz und Leistungsdichte auf. Um die Effizi-
enz zu steigern, wird ein neues Modulationsverfahren vorgestellt, welches
den Betrieb der beiden Stufen synergetisch kombiniert. Nachfolgend wird in
Kapitel 5 eine neue Wechselrichtertopologie vorgeschlagen, welche auf der
Idee modularer Dreiphasensysteme basiert. Diese Topologie weist eine ein-
stufige Energieumformung auf, wodurch eine deutlich hohere Effizienz der
Energieumwandlung resultiert. Desungeachtet kann die neue Wechselrich-
terschaltung sowohl als Hoch- als auch als Tiefsetzsteller betrieben werden.
Im Bestreben den Antrieb als Ganzes zu verbessern, wird abschliessen der
Wechselrichter und der Hochgeschwindigkeitsmotor gemeinsam betrachtet,
und in Kapitel 6 eine Doppel-Briicken-Wechselrichtertopologie vorgestellt,
in welcher zwei VSI-Schaltungen die gegeniiberliegenden Statorwicklungs-
enden eines Motors mit offenen Wicklungen, d.h. ohne Sternpunkt speisen.
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Kapitel 7 fasst die wesentlichen Ergebnisse der Arbeit zusammen und
gibt einen Ausblick auf zukiinftige Forschungsthemen.
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EMC
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Abbreviations
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Combined Full Sine-Wave Output Filter
Common-Mode

Common-Mode Output Filter

Current Source Inverter
Double-Bridge Voltage Source Inverter
Discrete Full Sine-Wave Output Filter
Direct Current

DC Common-Mode Modulation
Differential-Mode

Differential-Mode Output Filter
Discontinuous Pulse Width Modulation
Electromagnetic Compatibility
Electromagnetic Interference

Electric Vehicle

Fuel-Cell Vehicle

Full Sine-Wave Output Filter
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Internal Combustion Engine Vehicle
Integrated Motor Drive

Integrated Modular Motor Drive

Line Impedance Stabilization Network
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Pulse Amplitude Modulation

Pulse Width Modulation
Single-Bridge Voltage Source Inverter
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Sinusoidal Modulation
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Introduction

LIMATE change is one of the biggest challenges of the next decades. The

transportation sector accounts for 24% of the global CO, emissions [1].

Furthermore, the transportation sector emissions are expected to grow at
a faster rate than other sectors, posing a major challenge to the efforts to
reduce emissions. The decarbonization of transportation requires three key
steps as visualized in Fig. 1.1. Power electronics constitutes a main enabling
technology in all three decarbonization steps.

()

Electrification of vehicles. There are two main types of pure elec-
tric vehicles (EV): Fuel-cell electric vehicles (FCEV), which employ a
fuel-cell electrochemical system that produces electricity onboard, and
battery electric vehicles (BEV), which use a grid-charged battery pack.
The main structure of FCEVs and BEVs is similar, since in either case
the propulsion is achieved by the combination of a DC/AC inverter
and an electric motor. Several power electronics converters are used
in EVs. For example, in the case of FCEVs the fuel-cell DC bus supplies
a DC/AC inverter, which in return controls an electric motor (power-
train). The fuel-cell requires continuous oxygen supply, which is pro-
vided by an onboard electric compressor. An auxiliary DC/AC con-
verter, also supplied by the fuel-cell DC bus, controls this electric com-
pressor [2—4]. FCEVs also include a small battery pack that provides
the peak power demand, e.g. during acceleration. A DC/DC converter
is needed in order to connect the battery DC bus with the fuel-cell DC
bus [5,6]. It is therefore evident, that power electronics technology is
a main enabler of innovation in EVs.

Charging infrastructure. The EVs must be supported by an appro-
priate refuelling network. That is, hydrogen refuelling retail network
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Fig. 1.1: Key steps leading to the decarbonization of the transportation sector. Power
electronics is a main enabling technology.

for FCEVs and fast electric chargers for the case of BEVs. In the latter
case of fast electric chargers, innovation in power electronics is neces-
sary, in order to increase the power rating of the on-board/off-board
chargers and accordingly reduce the charging time of a BEV [7-9].

(iii) Renewable energy generation. The EVs emit no CO, during use,
but still contribute indirectly to carbon emissions. The BEVs rely on
electricity, therefore the real emissions of BEVs depend on the energy
mix of the grid. Similarly, FCEVs use hydrogen (Hz), whose produc-
tion requires an energy-intensive process. Therefore, the carbon foot-
print of FCEVs depends on the power grid energy mix. In order to
achieve a true decarbonization of the transportation sector, a renew-
able generation base [10,11] and a modernization of the power grid [12]
is needed. Power electronics technology is a key component of this en-
deavour. For example, efficient and flexible DC/AC converter systems



1.1. Challenges

are needed, in order to deliver the renewable power from solar panels
or wind turbines to the current AC power grid.

This thesis focuses on the energy storage system of a FCEV. In particular, the
auxiliary compressor drive, that is responsible for the oxygen supply of the
fuel-cell, is investigated. More details regarding the exact application follow
in Sec. 1.3.

1.1 Challenges

Inverter systems placed onboard EVs are expected to be compact and
lightweight. Therefore, the power density p is the most important perfor-
mance objective for inverters, for this application. The pursuit of high power
density is assisted by recent developments in the power semiconductor tech-
nology. Wide-bandgap (WBG) semiconductor devices (SiC/GaN) allow to
increase the inverter switching frequency by a factor of ten, compared to Si
counterparts [13-15]. Accordingly, a drastic reduction of the passive compo-
nents’ volume can be achieved without compromising the inverter efficiency.
A high inverter efficiency 7 is also desirable, since it allows for a better uti-
lization of the battery/fuel-cell energy and reduces the size of the thermal
management system.

The traditional requirement for high efficiency and power density does
not suffice for modern drive systems. Besides a high performance, the in-
verter is expected to provide additional features:

(i) High fundamental frequency. The motor nominal speed (fun-
damental frequency) is directly related to the motor volume/weight
[16-18]. By shifting towards higher rotational speeds the volume of
the electric motor and the rotating mechanical components (e.g. com-
pressor) can be drastically reduced and bulky gearboxes can be elim-
inated. Thereby, significant savings in terms of material cost can be
achieved. Besides a challenging motor design, able to withstand the
mechanical stress originating from the high rotational speeds [19, 20],
the inverter must be able to generate voltages/currents with a funda-
mental frequency in the range of several kHz.

(ii) Continuous output voltages. Typically, slotless permanent magnet
motors are used in high-speed applications, which are especially sensi-
tive to poor stator current quality, that causes rotor losses [21-23]. In
this case, the thermal management of the rotor is a main concern, due

3
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voltage transfer ratio. (b) Voltage characteristics and (c) current characteristics of
the fuel-cell/battery.

(i)

to the small rotor surface. In order to facilitate the motor cooling, the
inverter must generate sinusoidal motor currents, that minimize the
induced rotor losses.

Electromagnetic compatibility. The latest generation of WBG semi-
conductors allows for significantly better inverter performance but at
the same time causes electromagnetic compatibility (EMC) concerns
[24]. The high switching speeds of WBG semiconductor devices cause
high du/dt [25-27], which stresses the motor insulation and induces
bearing currents [28-33]. As a result, the motor reliability is jeopar-
dised. The inverter must mitigate the du/dt, in order to ensure a safe
motor operation [34—40].

An EV features several ancillary electronic systems such as driving
aids, active suspension, and various sensors. These electronic systems
are directly or indirectly supplied by the same DC bus as the inverter,
and are sensitive to electromagnetic interference (EMI). In comparison
to Siinverters, which employ a switching frequency in the tens of kHz,



1.2. Aims and Contributions

an inverter with WBG semiconductor devices can use a switching fre-
quency in the range of several hundred kHz [14,41]. These high switch-
ing frequencies of WBG inverters are within the regulated conducted
EMI emissions frequency range of 150 kHz...30 MHz [42]. Therefore,
WBG inverters intensify EMI emission problems. The inverter must
mitigate the generated EMI noise in order to protect nearby equip-
ment.

(iv) Buck-boost functionality. Motor drives supplied by a fuel-
cell/battery have to cope with a wide DC input voltage variation, as is
visualised in Fig. 1.2. In particular, the voltage of the fuel-cell highly
depends on the operating point. A fuel-cell exhibits the highest volt-
age at no-load condition, while the lowest voltage appears at full-load
condition [43]. The voltage of a battery also fluctuates, depending on
the charging status and the operating temperature. The ratio between
the maximum and the minimum voltage, for either battery or fuel-cell,
can be as high as two. The inverter has to always guarantee the full
speed range of the motor, independent of the DC input voltage fluc-
tuation, i.e. the inverter must be able to generate the nominal motor
voltage, which is proportional to the motor speed.

The demand for additional inverter features, often contradicts the require-
ment for a high efficiency/power density. For example, electromagnetic com-
patibility mandates the use of EMI filters which add to the inverter volume,
while buck-boost functionality leads to over-dimensioning of the inverter
components and hence additional losses. The interdependencies between
the different inverter features, complicate the design process. It is particu-
larly challenging to achieve a balance among the various inverter features
and a high performance.

1.2 Aims and Contributions

The goal of this thesis is to research and apply innovative technical solutions,
to fuel-cell powered, high-speed motor drives. Three innovation paths are
investigated:

(i) New modulation strategies. There is a large number of operational
motor drives, which feature conventional Si inverters. In fact, 40%
of the worldwide electricity is consumed by motor drives [44, 45]. In
this case, it is not desirable to only replace the Si inverter with a new
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Fig. 1.3: Motor drive innovation roadmap.

WBG counterpart, but also improve the efficiency of the existing sys-
tem. This goal can be achieved by means of new modulation strategies,
which can be uploaded to the inverter, as a simple firmware update.
New modulation strategies are proposed in this thesis, that improve
the performance of state-of-the-art inverters.

(i) New inverter topologies. The most readily available inverters are Si-
based voltage source inverters (VSI). VSIs are well suited for Si devices,
and thus utilize this semiconductor technology optimally. However,
the performance of such inverter solutions is inherently limited by the
inferior properties of Silicon. Recent advances in WBG semiconductor
devices, bring in the forefront alternative inverter topologies. Litera-
ture shows that conventional VSIs might not be the best suited option
for WBG semiconductor devices [45]. For this reason, new inverter
topologies are investigated in this thesis.

(iii) New motor topologies. In order to achieve the best performance on
a system level, it is desirable to coordinate the design of the inverter
and the motor. A very efficient inverter could lead to a bulky motor
and vice-versa, which is a sub-optimal solution [46]. Therefore, it is
important to consider the efficiency and power density of the motor
drive system as a whole (i.e. inverter and motor). The integration of
the inverter and the motor in the same housing is the natural next step
in inverter/motor design [45, 47, 48]. Thereby, the inverter is directly
attached on the motor terminals and cumbersome/costly interconnect-
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ing cables are eliminated. A common thermal management system can
be used for the inverter and the motor, provided that the inverter is
able to operate reliably in the high-temperature environment of the
motor. An integrated motor drive (IMD) adds value for the end user,
because the latter is not any more burdened with the complicated in-
verter/motor installation.

1.3 Performance Benchmark

This thesis focuses on two high-speed motor drive applications, supplied by
a DC source. The specifications are defined according to the needs of the
industry partner of this thesis: Celeroton AG.

Application I is presented in Fig. 1.4 and summarized in Tab. 1.1. A
U; = 48V battery supplies the inverter, which in return controls the high-
speed n = 500 krpm, P = 70 W electric compressor of Fig. 1.5(b). The electric
compressor houses internally the electric motor of Fig. 1.5(a).

A commercially available inverter system based on Si semiconductor
technology already exists for this motor drive application, and employs pulse
amplitude modulation (PAM). The existing PAM system is visualized in Fig.
1.6(a). According to PAM modulation, the VSI applies 120° voltage blocks to
the motor, with an amplitude equal to the DC link voltage Upc. The motor
fundamental voltage/current is controlled, by adjusting the DC link voltage
Upc, by means of a dedicated DC/DC buck converter. The PAM modulation
causes block shaped motor currents, which result in high eddy current losses
in the rotor [46]. In high-speed motors it is especially difficult to dissipate
rotor losses due to the small rotor surface. This is a significant drawback of
PAM inverters that needs to be addressed.

The main target for this application is to replace the PAM inverter with a
pulse width modulated (PWM) inverter, in an effort to improve the motor cur-
rent quality. A typical PWM inverter is shown in Fig. 1.6(b). By employing a
high switching frequency, a PWM inverter significantly improves the motor
current quality, thus allows the reduction of the critical rotor losses. How-
ever, a high switching frequency inevitably leads to high switching losses of
the semiconductor devices. In order to limit the switching losses, the latest
GaN semiconductor technology is used. Even though a PWM inverter may
be less efficient than a PAM inverter, the former allows to shift losses from
the motor to the inverter, resulting in a better performance of the motor drive
system as a whole. The performance limits of PWM inverters are explored
in this thesis.
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Fig. 1.4: High-speed motor drive Application I. The inverter is supplied with a con-
stant DC voltage Uj, and controls the high-speed electric compressor of Fig. 1.5(b).

Tab. 1.1: Specifications of high-speed motor drive Application L.

Inverter input voltage
Inverter power
Inverter power density
Inverter efficiency

U, =48V

P=0W..330W

p > 1.32kW/dm3 (0.25dm?)
n=97% (9.9 W)

Motor speed

Motor fundamental freq.
Motor power

Motor voltage (phase, PK)

n = 0rpm...500 krpm
fi = 0Hz...8.3kHz
P=0W..200W
Un=0V..19V

Q) 22mm

Q 48mm

Fig. 1.5: (a) High-speed, 500 krpm, 200 W electric motor [49]. (b) High-speed,
500 krpm, 70 W electric compressor (including the motor) with ball bearings [50].

Application II is presented in Fig. 1.7 and summarized in Tab. 1.2.
A n = 280krpm electric compressor provides compressed air to a 10 kW
fuel-cell unit. An inverter, directly supplied by the fuel-cell DC voltage
Ui = 40V...120V, controls the electric compressor. The electric compres-
sor consumes approximately 10% of the fuel-cell power, i.e. P = 1kW. A ball
bearing and a gas bearing variant of the n = 280 krpm electric compressor is

8
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Fig. 1.6: (a) State-of-the-art inverter employing pulse amplitude modulation (PAM).
A dedicated DC/DC buck converter controls the DC link voltage Upc. (b) Pulse width
modulated (PWM) inverter.

shown in Fig. 1.8(b.i) and (b.ii), respectively. A stand alone n = 280 krpm
electric motor is depicted in Fig. 1.8(a).

Besides the requirement for high quality motor currents, the inverter has
to cope with the wide DC voltage variation of the fuel-cell, in this application.
Under no-load condition the fuel-cell features the maximum DC voltage of
U; = 120V, while under full-load condition the fuel-cell exhibits the lowest
DC voltage of U; = 40V. The inverter systems must be able to guarantee
the nominal motor speed/voltage independent of the fuel-cell voltage varia-
tion. To this end, novel buck-boost inverter solutions are developed and new
modulation strategies are explored in this thesis.
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Fig. 1.7: High-speed motor drive Application II. The electric compressor of Fig.
1.8(b.ii) provides the air supply, needed for the operation of a fuel-cell. An inverter
supplied by the fuel-cell, controls the high-speed compressor. An auxiliary battery,
parallel to the fuel-cell, is used for the system startup.

Tab. 1.2: Specifications of high-speed motor drive Application II.

Fuel-cell Power Ppc = OW...10 kKW
Fuel-cell voltage Up=40V..120V

Inverter power P=0W..1100 W

Inverter power density p > 1.57kW/dm? (0.7 dm?)
Inverter efficiency n=95% (50 W)

Motor speed n = 0rpm...280 krpm
Motor fundamental freq.  f;, = 0Hz...4.7kHz

Motor power P=0W..1000W

Motor voltage (phase, PK) Un=0V..40V

1.4 Thesis Outline

The content of the thesis is divided into five main chapters and the conclu-
sions. All the chapters can be read independently, since the interdependen-
cies have been reduced to the strict minimum.

Chapter 2 focuses on PWM voltage source inverters (VSI), for
high-speed motor drives. In order to guarantee sinusoidal motor volt-
ages/currents, a filter is placed between the inverter and the motor. The addi-
tional losses and volume of the filter compromise the overall inverter perfor-
mance. New modulation strategies are proposed, that mitigate the negative
impact of the output filter. The proposed modulation concepts are validated
on a hardware demonstrator, built for the application I (cf. Tab. 1.1).

10
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Q 46mm

Fig. 1.8: (a) High-speed, 280 krpm, 1kW electric motor [51]. High-speed, 280 krpm,
1kW electric compressor (including the motor) with (b.i) ball bearings [52] and (b.ii)
gas bearings [53].

In Chapter 3 the electromagnetic compatibility challenges, caused by
WBG semiconductor devices, are discussed. A comprehensive input/output
filter design algorithm is proposed, tailored to the needs of high-speed drives
and WBG inverters. The theoretical considerations are verified on a pur-
posely assembled hardware demonstrator, for the application II (cf. Tab.
1.2).

From this point on, buck-boost inverter topologies are analysed, which
can cope with the wide DC voltage fluctuation of a fuel-cell. The application
II (cf. Fig. 1.7 and Tab. 1.2) is considered.

In Chapter 4 a conventional buck-boost inverter solution is discussed,
with two energy conversion stages. As a result of the two conversion stages,
this inverter solution suffers from a low efficiency. A new modulation con-
cept, that combines the control of the two conversion stages and results in
a higher inverter efficiency, is proposed in this chapter. The performance of
the new modulation strategy is verified on a hardware demonstrator.

11
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In order to overcome the inherent limitations of two-stage inverters, a
single-stage buck-boost inverter topology, denoted as Y-inverter, is proposed
in Chapter 5. The advantages of the Y-inverter are highlighted in this chap-
ter, while appropriate modulation strategies are developed. A hardware pro-
totype is assembled and tested. The experimental results verify the supe-
rior performance of the Y-inverter, compared to a conventional two-stage
inverter solution.

In Chapter 6 innovation in the inverter stage is combined with innova-
tion in the motor side. As a result, the double-bridge voltage source inverter
(DB-VSI) technology is proposed, where two VSIs are connected to the oppo-
site sides of an open-end winding motor (no floating neutral point). This in-
verter/motor solution achieves excellent efficiency and power density, which
is validated by means of two hardware prototypes. Finally, the DB-VSI tech-
nology is applied on an IMD, (by the industry partner Celeroton AG), where
the inverter is integrated in the compressor housing of Fig. 1.8(b.ii).

Chapter 7 briefly summarizes key results and findings of this thesis. An
outlook on future research is also given.

1.5 List of Publications

Key insights presented in this thesis have already been published or will be
published in international scientific journals, conference proceedings, pre-
sented at workshops and/or have been protected by patents. The publications
developed in the course of this thesis are listed below.

Journal Papers

» M. Antivachis, F. Dietz, C. Zwyssig, D. Bortis, and J. W. Kolar, “Novel
high-speed turbo compressor with integrated inverter for fuel-cell air
supply,” Frontiers in Mechanical Engineering, 2020, early access. .

» M. Antivachis, D. Wu, and J. W. Kolar, “Analysis of double-bridge in-
verters for drive systems with open-end winding motors,” IEEE Journal
of Emerging and Selected Topics in Power Electronics, 2020, early access.
DOI: 10.1109/JESTPE.2020.3017085.

» M. Antivachis, N. Kleynhans, and J. W. Kolar, “Three-phase sinusoidal
output buck-boost GaN Y-inverter for advanced variable speed AC
drives,” IEEE Journal of Emerging and Selected Topics in Power Electron-
ics, 2020, early access. DOL: 10.1109/JESTPE.2020.3026742.
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EMI filter design for three-phase ultra-high speed motor drive GaN
inverter stage” CPSS Transactions on Power Electronics and Applications,
2020, early access. .

» M. Antivachis, J. Azurza Anderson, D. Bortis, and J. W. Kolar, “Analy-
sis of a synergetically controlled two-stage three-phase DC/AC buck-
boost converter, CPSS Transactions on Power Electronics and Appli-
cations, vol. 5, no. 1, pp. 34-53, March 2020. DOIL 10.24295/CPSST-
PEA.2020.00004.

» M. Antivachis, D. Bortis, A. Avila, and J. W. Kolar, “New optimal
common-mode modulation for three-phase inverters with DC-link ref-
erenced output filter,” CPSS Transactions on Power Electronics and Appli-
cations, vol. 2, no. 4, pp. 331-340, December 2017. DOI: 10.24295/CPSST-
PEA.2017.00030.

Conference Papers

» M. Antivachis, D. Bortis, D. Menzi, and J. W. Kolar, “Comparative eval-
uation of Y-inverter against three-phase two-stage buck-boost DC-AC
converter systems,” in Proc. of International Power Electronics Confer-
ence (IPEC-ECCE Asia), Niigata, Japan, May 2018, pp. 181-189. DOL
10.23919/IPEC.2018.8507664.

» M. Antivachis, D. Bortis, L. Schrittwieser, and J. W. Kolar, “Three-
phase buck-boost Y-inverter with wide DC input voltage range,” in
Proc. of IEEE Applied Power Electronics Conference and Exposition
(APEC), San Antonio, TX, USA, March 2018, pp. 1492-1499. DOL
10.1109/APEC.2018.8341214.

Patents

» M. Leibl, L. Schrittwieser, J. W. Kolar, D. Bortis, and M. Antivachis,
“Konverter zur Ubertragung von elektrischer Energie zwischen einem
DC und einem AC-System,” Swiss Patent Application No. CH 01159/17,
September 2017. .

> J. W. Kolar, D. Bortis, and M. Antivachis, “Verfahren zur Ansteuerung
eines mehrphasigen Wechselrichters und Verfahren zur Minimierung
des Rippelstromeffektivwertes in der Ausgangsfilterinduktivitit von
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Voltage Source Inverter - Advanced
Modulation Strategies

This chapter summarizes the key research findings also presented in:

M. Antivachis, D. Bortis, A. Avila and J. W. Kolar, “New optimal common-
mode modulation for three-phase inverters with DC-link referenced output
filter,” CPSS Transactions on Power Electronics and Applications, vol. 2, no. 4,
PP 331-340, December 2017. DOIL: 10.24295/CPSSTPEA.2017.00030.

Motivation

Voltage source inverters (VSI) followed by a full sine-wave output filter (FSF) have
found broad acceptance in high-speed motor drives. However, the special char-
acteristics of the FSF are usually not taken into consideration by the modulation
strategy of the VSI. This chapter addresses this blind spot of literature, by intro-
ducing new modulation strategies tailored to an FSF.

17


https://doi.org/10.24295/CPSSTPEA.2017.00030

Chapter 2. Voltage Source Inverter - Advanced Modulation Strategies

Executive Summary

A two-level voltage source inverter (VSI) followed by a full sine-wave output filter
(FSF) is typically used for high-speed, low-voltage drive systems. A limitation of
this inverter solution lies in the additional losses occurring within the output fil-
ter. In particular, the output filter inductors, which suffer high current ripple, are
a main driver of losses. This shortcoming can be addressed by means of an appro-
priate modulation strategy. This chapter details two new modulation strategies,
tailored to the specific characteristics of a VSI with an FSF. By utilizing the instan-
taneous CM voltage as a degree of freedom, the output inductor’s current ripple
is reduced. It is deduced that a constant (DC) CM voltage injection (DCCMM) or
a time varying (AC) CM voltage injection (ACCMM) yields the best performance,
depending on the inverter operating point. In an effort to further reduce the in-
ductor current ripple/losses, the two above modulation strategies are combined.
The resulting modulation strategy is denoted as optimal CM injection modulation
(OCMM). Finally, the proposed modulation strategies are tested on a 330 W hard-
ware prototype driving a 400 krpm motor. There, an up to 11% reduction of the
| total inverter losses is observed. |

High-speed, low-voltage drive systems spread across a wide range of ap-
plications such as turbocompressor systems, drills, medical equipment, and
air-conditioning units [16,17]. Typically, a two-level voltage source inverter
(VSI) employing pulse width modulation (PWM) drives the high-speed mo-
tor, as illustrated in Fig. 2.1. A full sine-wave output filter (FSF), that features
both differential-mode (DM) and common-mode (CM) attenuation, is placed
between the VSI and the motor in order to ensure high motor voltage quality.
An FSF offers two main advantages:

(i) Reduction of rotor losses. An FSF guarantees sinusoidal motor cur-
rents/voltages, that minimize the induced rotor losses [54]. The rotor
losses are a main concern in high-speed motors, where it is difficult to
extract heat from the rotor, due to its small surface/volume.

(ii) Suppression of du/dt. An FSF suppresses the CM du/dt generated by
wide-bandgap semiconductor devices. Thereby, the motor bearing is
protected from excess voltage/current stress [34], which would lead to
premature failure.

The selected FSF belongs to the family of DC link referenced filters [36—-38],
i.e. the capacitors C, of the filter are connected/referenced to the negative DC
rail n. The simplicity/low cost of a DC link referenced output filter, renders
it a prominent choice in low-voltage drive systems, where cost is a main

18



(Battery | VSI

Output FSF i Motor |

e

5

:?ClTaﬂE} Th2|l:} Tc?

%

R R
i ; .

Fig. 2.1: Two-level voltage source inverter (VSI) with a full sine-wave output filter
(FSF) driving a high-speed motor.

Tab. 2.1: Motor drive system specifications. The nominal operating condition is high-
lighted in bold.

Inverter input voltage
Inverter power

Inverter switching freq.
Inverter filter inductance
Inverter filter capacitance
Motor speed

Motor fundamental freq.
Motor power

Motor voltage (phase, PK)

48V

0W..330W

280 kHz

17 pH

1.4 pF

0 rpm...400krpm
0Hz...6.6kHz
0OW..300W
0V..19V
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design driver. A high switching frequency f; is typically preferred, in order
to reduce the volume of the output filter’s passive components.

The incorporation of an output filter allows for better motor voltage qual-
ity at the expense of decreased inverter performance, since the volume and
losses of the output filter are added to the inverter stage. There has been
extensive research towards modulation strategies that counterbalance the
negative impact of an output filter [55-58]. According to literature, the avail-
able degree of freedom in the modulation of a VSI is the shape of the CM
duty cycle depm () [59] which is injected to all three phases

dy(t) = My cos(wmt) + dem(t)

2

dy(t) = M cos(wmt — ?) + dCM(t)’ (2.1)
2

d.(t) = M; cos(wnt + ?) +dcem(t)

where M; is the modulation index

U,
M =+ =, (2.2)
s Ui

and Uy, is the motor phase voltage amplitude. The CM duty cycle pattern
dcm(t) impacts the performance of the inverter. In the case of a VSI fol-
lowed by a simple DM filter, for example, the injection of an approximately
triangular CM duty cycle (space vector modulation) yields the lowest filter
inductor current ripple [60]. A sinusoidal third harmonic injection results in
a similar filter inductor current ripple. In contrast, the injection of a roughly
rectangular CM duty cycle (discontinuous modulation), leads to a reduction
of the switching losses but higher inductor current ripple [61,62].

In the case of a VSI with an FSF, the formulation mechanism of the filter
inductor current ripple Air, is fundamentally different compared to a sim-
ple DM filter. In particular, CM currents flow through the FSF capacitors C,
from/towards the negative DC rail n, resulting in a high overall current ripple
across the filter inductor L,. A high current ripple Air, results in high losses
in the filter inductors. Therefore, a modulation strategy that minimizes the
inductor current ripple is needed. However, the previously described mod-
ulation strategies correspond to a simple DM filter, and thus do not yield
the desired inductor performance for the case of an FSF. Instead, the opti-
mal shape of the CM duty cycle dcpm(¢), that minimizes the current ripple of
the filter inductors, must be revisited and redefined according to the special
characteristics of the FSF at hand.
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In response to those concerns, this chapter details the degrees of freedom,
when selecting the modulation strategy of a VSI employing an FSF. In partic-
ular, two new modulation strategies that reduce the filter inductor current
ripple are proposed in Sec. 2.1:

(i) DC CM injection modulation (DCCMM). A constant (DC) CM duty
cycle deym () = —M, is injected into all three phases.

(i) AC CM injection modulation (ACCMM). A time varying (AC) CM duty
cycle with arbitrarily large amplitude dcoy (1) = —My cos(Nwpt) (N =
3, 6, 9,...) is injected into all three phases.

Subsequently in Sec 2.2, the stresses on the different inverter components
are calculated. The proposed modulation strategies are tested on a 330 W
hardware prototype driving a 400 krpm motor in Sec. 2.3. There, an up to
11% reduction of the total inverter losses is observed. Finally, a summary is
given in Sec. 2.4.

2.1  Modulation Strategies

The inverter system shown in Fig. 2.1, features a two-level voltage source in-

verter (VSI), followed by a full sine-wave output filter (FSF). Sinusoidal motor

voltages (with respect to the motor floating neutral point o) are desirable
Uao(t) = um,a(t) = Um cos(@mt)

ubo(t) = um,b(t) = Um cos(a)mt - 2?77:), (2.3)

N 2
Uco(t) = tmc(t) = Un cos(wmt + ?)

where w, = 27rf;, is the motor angular frequency. The inverter generates
the sinusoidal motor voltages by controlling the output terminal voltages
[¢a5, tbs, tes] (With respect to the DC link mid-point 6). In the case of an FSF,
the capacitors C, are connected to the negative DC rail n. Each phase-leg is
equivalent to a simple buck converter and is independent of the other two
phases. This is different from a simple DM filter, where the capacitors C, are
connected to a floating star point, resulting in a coupling among the three
phases. From now on, the analysis is focused on phase a, when possible,
while the results can be easily extended to phases b and c.
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2.1. Modulation Strategies

2.1.1  Drawbacks of Sinusoidal Modulation (SM)

According to the conventional sinusoidal modulation (SM), all duty cycles
are purely sinusoidal. In this case, the phase a duty cycle is

da(t) = My cos(wmt), (2.4)

and ranges within d,(¢) = —1...1. The inverter phase a output voltage is in
general proportional to the duty cycle d,

Ui (2.1)

Uss (1) = da (t)— Ml_ cos(wmt) +dcm(t)— (2.5)

and is simplified, in the case of SM, to
Ui
Ua5(t) = Ml? cos(wmt). (2.6)

The inductor voltage is equal to the difference between the switch-node volt-
age and the inverter output voltage

ura(t) = Uao(t) — tap(t). (2.7)

The switch-node a features a two-level PWM voltage uz5 (), which assumes
two values uz; = { ,+5 } As a result, the inductor also features a two-
level PWM voltage uLo,a(t) in the case of an FSF. The two-level PWM in-
ductor voltage induces a high-frequency current ripple across the inductor.
Note that, the inductor would feature a five-level PWM voltage in the case
of a simple DM filter, which would result in a significantly lower inductor
current ripple, compared to an FSF. The local (instantaneous) current ripple
amplitude of the inductor L, is

ity ap(6) = (1+d) (1 - ) g7 ¢8)
Accordingly, the local RMS current ripple is
. Air_ apx(t) Ui
Bitars(1) = =22 = (1+dy) (1~ do) (29)

V3 8V3Lof:

and is visualized in Fig. 2.2(a). The duty cycle d, = 0 maximizes the local
current ripple of the filter inductor
Ui Ui

AL PKmax = == AL, RMS,max = ,
max 8L0f; max SﬁLOﬁ

(2.10)
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Chapter 2. Voltage Source Inverter - Advanced Modulation Strategies

while the local current ripple retains a high values in the area closes to d, = 0.
In contrast, the current ripple is almost zero when the duty cycle d, is in the
vicinity of 1 or -1.

For SM and a low modulation index M; = 0.2, the duty cycles of all three
phases remain close to zero for the whole fundamental period Tj,, as shown
in Fig. 2.2(b). As a results, the current ripple (2.9) and hence the losses
of the filter inductors are high. The inductor current and current ripple are
visualised in Fig. 2.2(c) and (d), respectively. For low modulation indexes,
where the motor speed, voltage and power are low, high inductor current
ripple/losses occur. Then, the ratio between losses and transmitted power is
high, leading to a low part-load inverter efficiency. For a high modulation
index M; = 1, the overall current ripple reduces (cf. Fig. 2.2(c) and (d)).

In order to reduce the current ripple occurring for low modulation in-
dexes, the duty cycles should be modified. By moving the duty cycles away
from the high current ripple zone of d, = 0, it is possible to reduce the in-
ductor current ripple. This can be achieved by means of a CM duty cycle
injection, meaning that an identical signal dcy(t) (either constant or time
varying) is added to the duty cycles of all three phases (2.1). The positive
impact of a CM duty cycle injection can be also explained from a frequency
domain standpoint. In the case of SM modulation, the switch-node voltage
uz5(t) features a fundamental frequency f;, component, which is related to
the modulation index M;. Furthermore, the switch-node voltage features
switching frequency f; harmonics, which are related to the PWM modula-
tion. The switch-node voltage spectrum of a VSI employing SM is illustrated
in Fig. 2.3(a). The injection of a low-frequency CM duty cycle advanta-
geously shapes the spectral content of the switch-node voltage: Energy is
transferred from the switching frequency f; harmonics to the low-frequency
that corresponds to the injected CM pattern. By reducing the high-frequency
harmonic content of the switch-node voltage, the harmonic content of the
inductor voltage is simultaneously decreased. As a result, the current ripple
is reduced and accordingly the output filter losses are limited. Two CM duty
cycle patterns are proposed in this chapter:

(i) The constant CM injection (DCCMM) of Fig. 2.3(b.ii), where all three-
phase duty cycles are shifted downwards, deyp () = —My. As shown in
Fig. 2.3(b.i), DCCMM shifts parts of the harmonic spectrum from the
switching frequency f; to the DC frequency component f = 0.

(ii) The time varying CM injection (ACCMM) of Fig. 2.3(c.ii), where a
sinusoidal CM duty cycle dop(t) = —My cos(Nwyt) (N =3, 6, 9,...)
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2.1. Modulation Strategies

with a repetition frequency N f, and with arbitrarily large amplitude
My is added to all three-phase duty cycles. As shown in Fig. 2.3(c.i),
ACCMM shifts parts of the harmonic spectrum from the switching fre-
quency f; to the low-frequency component f = N fp,.

2.1.2 DC CM Injection Modulation (DCCMM)

The DC CM injection modulation (DCCMM) utilizes a constant CM sig-
nal dem = —M, that shifts all instantaneous sinusoidal duty cycle signals
[da, db, d.] away from the high current ripple region around d = 0, towards a
lower ripple zone close to d = —1. The phase a duty cycle is

da(t) = M cos(wnt) — My, (2.11)

while the inverter phase a output voltage (2.5) is proportional to the duty
cycle d,,

Uy (L) = Ml% cos(wnt) — Mo%. (2.12)
The DCCMM modulation strategy is visualized in Fig. 2.4(b) for a modula-
tion index of M; = 0.2. There, two different injection parameter M, values,
My = 0.4 and My = 0.8, are depicted. Furthermore, the case of My = 0 is
shown, which is equivalent to simple SM. The effect of DCCMM on the in-
ductor current and current ripple is shown in Fig. 2.4(c) and (d), respectively.
The current ripple envelope is contracting with increasing CM injection M,
thus DCCMM positively impacts the inductor performance. The parameter
value M, = 0.8 yields the lowest inductor current ripple, for the example at
hand. It is noted, that DCCMM can also use negative injection values, i.e.
M, < 0, with symmetric effects on the filter inductor current. For the con-
ventional SM (M, = 0), the current ripple reaches its maximum value at the
zero crossings of the duty cycle, which occur at the time instants ¢ = T,,/4
and t = 3T, /4. However, the time instances of the duty cycle zero crossing
are changing for DCCMM. No duty cycle zero crossing occurs for example
in 2.4(b) when M; = 0.4 or My, = 0.8. In this case, the maximum current
ripple is found at ¢ = 0.

The CM injection parameter M, represents a degree of freedom, that can
be optimized. Depending on the modulation index M;, a different range of
the injection parameter M is available. The acceptable range of the M, can
be easily derived by the constraint that all three duty cycle signals must not
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Chapter 2. Voltage Source Inverter - Advanced Modulation Strategies

exceed the carrier boundaries (i.e. -1 < d < 1). Depending on the modula-
tion depth M;, the M, injection limits are shown in Fig. 2.4(a) and are

- (1-M) <My <1-M. (2.13)

It is noted, that the feasible M, interval becomes wider for low modulation
depths M;. For the example M; = 0.2 of Fig. 2.4, the M, parameter can be
freely selected within the interval My = —0.8... + 0.8. In contrast, for M; = 1,
the M, parameter value must be kept at zero, otherwise the instantaneous
duty cycles would exceed the carrier boundaries. When M; > 1(i.e. overmod-
ulation), the DCCMM modulation is impractical, since it provokes undesired
pulse dropping which in return significantly increases the inductor current
ripple. Therefore, DCCMM is only advisable for the limited modulation index
region M; = 0...1. The DCCMM is summarized in Tab. 2.2.

2.1.3 AC CM Injection Modulation (ACCMM)

In a second step, the AC CM injection modulation (ACCMM) is investigated.
There, a time varying CM pattern dep(t) = —My cos(2zN fyt) (N = 3, 6,
9,...) is injected into the duty cycles of all three phases. This CM pattern
features a sinusoidal shape, a repetition frequency of N f;, and an amplitude
Mn. According to ACCMM, the high-frequency spectrum of the switch-node
voltage uzs is reduced, and instead more spectral content is concentrated
at the CM pattern repetition frequency N f,, as is illustrated in Fig. 2.3(c).
Hence, the high-frequency voltage across the inductor is reduced, resulting
in lower current ripple/losses.

The repetition frequency of the CM signal N f;,, is now selected. Special
attention should be paid to the reactive current flowing through the filter
capacitors C,. The total N order harmonic current Ic N, caused by the
ACCMM is

~ 3
Ie,Nn = EMNUinmCO« (2.14)

This reactive current is proportional to the amplitude My and the repetition
frequency N f;, of the CM duty cycle pattern. Especially for high-speed mo-
tor drives, where the fundamental frequency f, can be in the kHz range, the
reactive currents at the frequency N f;, become significant, hence should be
limited. Otherwise, additional conduction losses would occur, degrading the
overall system performance. In the course of this research, which focuses on
high-speed drive systems, the repetition frequency of the AC CM duty cycle
must be set to the lowest possible value of 3 f;,,. Thereby, the ACCMM reduces
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Chapter 2. Voltage Source Inverter - Advanced Modulation Strategies

to a generalized version of the third harmonic injection modulation scheme
(THM). According to the conventional THM, the amplitude of the third har-
monic Mj is typically set to 1/6 or 1/4, in order to extend the operating range
of the inverter in the overmodulation area of M; = 1...2/4/3. In contrast, for
the proposed ACCMM, the amplitude of the third harmonic M3 is considered
as a degree of freedom that can be optimized. As the conventional THM, AC-
CMM can be used in the overmodulation region M; = 1...2/ V3. As a result,
the ACCMM can be used in a wider modulation index range of M; = 0...2/ V3,
compared to the restricted operating range of M; = 0...1 of the DCCMM.

From now on, an ACCMM where the CM duty cycle pattern features a
repetition frequency of 3f;, (third harmonic) is exclusively considered. Ac-
cording to ACCMM, the phase a duty cycle is

da(t) = Mj cos(wpnt) — M; cos(3wmt), (2.15)

while the inverter phase a output voltage (2.5) is proportional to the duty
cycle d,

Ui Ui
Ua5(t) = Ml? cos(wmt) — M3? cos(3wpt). (2.16)

Therefore, in the case of ACCMM, the duty cycles and the inverter output
voltages are non-sinusoidal. However, the difference between two inverter
output voltages, which is equal to the motor line-to-line voltage, is still si-
nusoidal. In other words, it is possible to generate sinusoidal line-to-line
motor voltages, by means of non-sinusoidal inverter output voltages. The
ACCMM modulation strategy is visualized in Fig. 2.5(b), for a modulation
index of M; = 0.2. There, two different M; parameter values, M3 = 0.4 and
Ms = 0.9, are depicted. Furthermore, the case of M3 = 0 is shown, which
is equivalent to simple SM. The effect of ACCMM on the inductor current
and current ripple is shown in Fig. 2.5(c) and (d), respectively. As can be
noticed, ACCMM shapes the current ripple envelope in a way that it contin-
uously alternates between high and low current ripple. The overall inductor
current stress decreases as the M3 parameter value increases, and the param-
eter value M; = 0.9 yields the lowest inductor current ripple for the M; = 0.2
example at hand. It is noted that, ACCMM can also use negative parameter
values M3 < 0, but the effect on the current is asymmetric, i.e. a parameter
value —Mj3 results in a different current ripple stress on the filter inductor L,
compared to a parameter value +Ms.

The CM injection parameter M represents a degree of freedom, that can
be optimized. Depending on the modulation index M;, a different range of
the injection parameter M; is available. Similarly to the case of DCCMM,, the
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three duty cycles must be constrained within —1 < d < 1, in order to avoid
pulse dropping. The M; parameter limits are shown in Fig. 2.5(a) and are

- (1 - Ml) < M3 < MS,max(Ml); (2~17)

where the maximum allowed parameter value Ms max(M;) is derived by nu-
merically solving the non-linear equation

Ml COS(¢) - M3,max COS(3¢) =1

MB,max(Ml) : .1 9M3,max - M1 . (2~18)
= S1 T E—
12]\/13,max

In analogy to DCCMM, the available range of M; parameter values for AC-
CMM, is wider for low modulation depths M;. The M; parameter is increas-
ingly restricted, for higher modulation indexes M;. For the example of Fig.
2.5, where M; = 0.2, the M3 parameter can be freely selected within the in-
terval M3 = —0.8... + 0.9. For a modulation index M; = 1.0, the M5 parameter
is restricted within the interval Mz = 0... + 0.4. The ACCMM is summarized
in Tab. 2.2.

2.2 Component Stresses

A comprehensive analysis of the component stresses, depending on the em-
ployed modulation strategy, is performed in this section. A sinusoidal mo-
tor current im,(t) = I cos(wmt — ¢), lagging the motor voltage um,(t) =
Up, cos(wmt) by a phase angle ¢ is assumed [55], i.e. non-unity power factor

cos(¢) < 1.

2.2.1 DC CM Injection Modulation (DCCMM)

First, the RMS current ripple stress on the filter inductor L, is analytically
derived. The local RMS current ripple of (2.9) is integrated over the funda-
mental period Ty, in order to derive the global (total) RMS current ripple

Ui 1 /"
Al rvs = —= - / [(1+da(0))(1~ da(6))]° d6. (2.19)
8\/§L0 s V7T Jo
The resulting global RMS current ripple for DCCCM is
__ U 34 2(3Af2 2 2
AILO,RMS = 8\/§Loﬁ ng + ]\/I1 (3MO - 1) + (MO - 1) . (2.20)
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The RMS current ripple is a function of both the modulation index M; and the
CM modulation parameter My, as is illustrated in Fig. 2.6(a). The modulation
parameter M, values represents a degree of freedom: For a given modulation
index M;, the parameter M,(M;) should be selected such that the inductor
RMS current ripple of (2.20) is minimized. It is reminded that the parameter
M, is subject to the linear constraints of (2.13). By selecting

MO,Opt(Ml) =1- Ml, (2.21)

the minimum current ripple stress on the filter inductor is achieved. There-
fore, it is optimal to select the maximum possible CM offset M, in order to
minimize the current ripple of the filter inductor. The optimal selection My pt
of the CM parameter M is highlighted on Fig. 2.6(a). For the example case
of modulation index M; = 0.2 shown in Fig. 2.4, the parameter value M, is
constrained in the interval —0.8... + 0.8. From this M, interval, the parame-
ter value M, = 0.8 yields the lowest RMS current ripple and thus should be
selected. It is noted that the DCCMM is symmetric. That is, identical perfor-
mance is attained, in terms of inductor RMS current ripple (2.20), by using
a positive parameter value +M; (in the considered example M, = +0.8) or a
negative parameter value —M, (in the considered example M, = —0.8). By
selecting the CM parameter M, according to (2.21) the optimum version of
DCCMM is derived, that minimizes the inductor current ripple/losses.

Only the optimized DCCMM, highlighted in Fig. 2.4(a), is from now
on considered. The current ripple for the optimized DCCMM modulation is
compared against the conventional sinusoidal modulation (SM) in Fig. 2.7(a).
The DCCMM reduces the inductor RMS current ripple compared to SM, over
the whole modulation index M; range.

The RMS current stress on the semiconductor devices is now analytically
derived. The local (instantaneous) RMS current of the low-side and high-side
switches of phase-leg a are

iranoes(D) =y i 0, s = | T D). (222

In order to calculate the global (total) RMS current that is conducted by the
semiconductor devices, an integration of (2.22) must be performed over the
fundamental period T,

1 T
ItrRms = \/; / iTrRMs (0)2d6. (2.23)
0
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Fig. 2.6: RMS current ripple of the filter inductor L, for (a) DCCMM and (b) ACCMM
modulation strategies. The RMS current ripple is normalized with respect to the value

. \BULl 7 of (2.10). The current ripple depends on the modulation index M; and the

CM injection parameter My/Ms. The optimal value of the CM injection parameter
Mo,opt / Ms3,0pt, that minimizes the current ripple is highlighted.

The resulting semiconductor devices’ RMS currents for DCCMM are plotted
in Fig. 2.7(b) and are

I :jﬂ 1- Mo I zjﬂ /ﬂ (2.24)
Ta1,RMS \/E 2 s Taz,RMS \/E 2 . .24

The low-side switch T,, conducts a higher RMS current compared to the
high-side switch T, ;. When the modulation index A is low, and the injection
parameter values M, are larger, then the current asymmetry becomes more
pronounced. Because of the CM injection dcy = —M,, the duty cycles of
all three phases are shifted downwards, therefore the relative on-time of the
low-side switch T, , is longer than the corresponding on-time of the high-
side switch T,,. Hence, a higher RMS current stress and higher losses are
caused on the low-side switches. For the example of Fig. 2.4, where the
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current of the semiconductor devices, normalized with respect to the motor RMS cur-
rent I,/ V2.

modulation index is M; = 0.2 and the CM injection parameter is My = 0.8, the
low-side switch T, , conducts approximately three times higher RMS current
compared to the high-side switch T,,. Therefore, the current rating of the
low-side switches should be carefully selected in order to ensure that the
inverter can provide the needed motor current/torque for low modulation
indexes. As the modulation index M, increases (and the parameter M is
accordingly reduced) the current sharing among the semiconductor devices
becomes more symmetric. The component stresses caused by DCCMM are
summarized in Tab. 2.3.
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2.2.2 AC CM Injection Modulation (ACCMM)

The filter inductor L, RMS current ripple is first derived. The local RMS cur-
rent ripple is integrated over the fundamental period Ty, according to (2.19),
resulting in the global RMS current ripple

AL rms =

(2.25)

U; 3 1 1 3
) \/—Ml‘* — =M?M; + = (6M? — 4)M2 — M? + = M3 +1.
8V3Lof; V8 2 4 8

The RMS current ripple is a function of both the modulation index M; and
the CM injection parameter Ms, as is illustrated in Fig. 2.6(b). Similarly
to the DCCMM, the modulation parameter Ms; value represents a degree of
freedom: For a given modulation index M; the parameter Ms;(M;) should be
selected such that the inductor RMS current ripple of (2.25) is minimized.
It is reminded that the parameter M; is subject to the linear constraints of
(2.17). By selecting

MS,opt(Ml) = MS,max (M1)3 (2-26)

where M may (M) is given in (2.18), the minimum current ripple stress on
the filter inductor is achieved. Therefore, it is optimal to select the maximum
third harmonic amplitude in order to minimize the inductor current ripple.
The optimal selection M3 (M) of the CM parameter M; is highlighted in
Fig. 2.6(b). For the example case of modulation index M; = 0.2 shown in
Fig. 2.5, the parameter value Ms is constrained in the interval —0.8... + 0.9.
From this feasible interval, the parameter value M; = 0.9 yields the lowest
RMS current ripple and thus is selected. It is noted that the ACCMM is not
symmetric. That is, different current ripple is attained by using a positive
parameter value +M; (in the considered example M; = +0.8) or a negative
parameter value —Ms (in the considered example Mz = —0.8). By selecting
the CM parameter M3 according to (2.26) the optimum version of ACCMM
is derived, that minimizes the inductor current ripple/losses. From now on,
only the optimized ACCMM, highlighted in Fig. 2.5(a), is considered. The
current ripple for the optimized ACCMM modulation is compared against
the conventional sinusoidal modulation (SM) in Fig. 2.7(a). The ACCMM
reduces the inductor RMS current ripple compared to SM, over the whole
modulation index M; range. A key feature of the ACCMM is that it can be
used in the overmodulation region M; = 1...2/ /3, in contrast to the DCCMM.

The RMS current stress on the semiconductor devices is now analytically
derived. In order to calculate the total RMS current that is conducted by the
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semiconductor devices, an integration of the local RMS current must be per-
formed according to (2.23). The resulting RMS current stresses for ACCMM
modulation are plotted in Fig. 2.7(b) and are
In 1

ItayrMS = ITazRMS = \/—rHE@ (2.27)
In the case of ACCMM, the current is symmetrically/equally distributed
among the high-side switch T,, and the low-side switch T,,. This symmet-
ric current distribution is an advantage of ACCMM compared to DCCMM,

where the current stress on the semiconductor devices is asymmetric. The
component stresses caused by ACCMM are summarized in Tab. 2.3.

2.2.3 Remaining Component Stresses

The overall semiconductor losses are roughly unaffected from the employed
modulation strategy. Namely, the switching losses are similar for SM, DC-
CMM and ACCMM, since the same total number of switching transitions
occurs, independent of the modulation strategy. The conduction losses are
also independent of the modulation strategy and equal to
fz

P = 3?mRT,ona (2-28)
where Rty is the on-state resistance of each (unipolar) power semiconduc-
tor device. In the above conduction losses calculation the inductor current
ripple is neglected. It is noted, that the asymmetric RMS current of the semi-
conductor devices in the case of DCCMM (2.24), does not affect the total
conduction losses, which are the same as in the case of SM or ACCMM.

The input capacitor C; conducts the switched input current of the inverter
ii(t) (cf. Fig. 2.1), which in return causes losses due to the capacitor equiv-
alent series resistance (ESR). This is a main concern particularly in the case
of aluminium electrolytic capacitors, where high losses lead to high temper-
ature that could reduce the capacitor lifetime. A simple expression relating
the capacitor RMS current with the modulation index M; and the load power
factor cos(¢) is given in [63]

I
Ie;rMs = —=+[2M;
) V2

and is independent of the applied inverter modulation strategy. This ana-
lytic approximation assumes sinusoidal inverter output currents and thus

4—\/3 + cos?(¢) (? - %Ml)], (2.29)
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neglects the marginal increase of the input capacitor current stress caused
by the output current ripple (up to 8% - [63]).

In the case of ACCMM, a circulating CM current with an amplitude
o, = %M3Ui3me0 and a repetition frequency 3fy, flows through the fil-
ter capacitors C, according to (2.14). This circulating CM current forms a
return path through the input capacitor Cj, hence further increases the cur-
rent stress on the input capacitor. However, the CM circulating current ico,3
is usually very small. A small capacitance value C, is typically selected for
high-speed drives in order to minimize the reactive phase current (funda-
mental frequency) jCO,l = %MIUia)mCO < 0.3fm. This small capacitance value,
inherently also limits the circulating CM current I, 3. Therefore, the effect
of the circulating CM current Ic_ 3 can be disregarded. Accordingly, the an-
alytic expression (2.29) can be used for the input capacitor design and loss
estimation, when any of the discussed modulation schemes (SM, DCCMM or
ACCMM) is employed.

2.2.4 Optimal CM Modulation (OCMM)

The two proposed modulation strategies, DCCCM and ACCMM, are now
compared. According to Fig. 2.7(a), DCCMM achieves a lower inductor
current ripple compared to ACCMM, when the modulation index is low M; =
0...0.5. The opposite is true for high modulation indexes M; = 0.5...1, where
ACCMM yields lower current ripple. Furthermore, only ACCMM can be used
in the overmodulation region of M; = 1...2/ /3. Therefore, it is preferable to
use DCCMM for low modulation indexes M; = 0...0.5 and ACCMM for high
modulation indexes M; = 0.5...2/v/3. Both proposed modulation strategies
result in a lower overall inductor current ripple compared to the conventional
SM, as highlighted in Fig. 2.7(a).

A combination of the two proposed modulation strategies is now in-
vestigated. In this case, the injected CM duty cycle is dem(t) = —My —
M; cos(3wnt), resulting in a phase a duty cycle

d,(t) = M cos(wmt) — My — M3 cos(3wmt), (2.30)
and a phase a output voltage

U; U; U;
Uys(t) = MlEI cos(wpt) — MOE1 - M3?1 cos(3wnt). (2.31)

The results reveal that merging the two modulation strategies (i.e. simulta-
neously My # 0 and M; # 0) does not further reduce the filter inductor L,
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current ripple. Instead, for low modulation indexes M; = 0...0.5 the exclu-
sive utilization of DCCMM (i.e. My(M;) = 1 — My, M3 = 0) allows for the
lowest current ripple, while for high modulation indexes M; = 0.5...2/v/3 the
ACCMM is more effective (i.e. My = 0, M5(M;) = Msmax(M;)). The modu-
lation scheme that transitions from DCCMM (below M; = 0.5) to ACCMM
(above M; = 0.5) constitutes the optimal CM injection modulation (OCMM)
and is depicted in Fig. 2.7(a). The OCMM minimizes the inductor current
ripple/losses over the whole inverter operating range M; = 0...2/V/3.

Special attention is required for the transition from DCCMM to ACCMM.
At the transition point M; = 0.5, the parameter M, must be decreased while
the parameter Ms; must be increased. In the case of a step transition, the CM
injection parameters would have to abruptly change from [M, = 0.5, M3 = 0]
(below M; = 0.5) to [My = 0,M3 = 0.74] (above M; = 0.5). Such an
abrupt transition could cause unwanted transients in the FSF, hence should
be avoided. Instead, a smooth transition is proposed, according to which the
values of My and Mj; are gradually adjusted. The transition from DCCCM to
ACCMM occurs within a transition interval M; = 0.4...0.6, around the transi-
tion point M; = 0.5. The parameter M, is linearly decreased with respect to
M, from My = 0.6 at M; = 0.4, to My = 0 at M; = 0.6. At the same time, the
parameter M; is linearly increased from M3 = 0 at M; = 0.4, to M3 = 0.74 at
M, = 0.6. The proposed smooth transition ensures an uninterrupted inverter
operation, and that all the three-phase duty cycles remain within the carrier
limits. However, the smooth transition causes marginally higher current rip-
ple in the transition interval M; = 0.4...0.6, since the selection of M, and Ms
in this interval is suboptimal.

2.3 Experimental Validation

In order to validate the claimed performance benefits derived from the pro-
posed modulation strategies, a hardware prototype is purposely assembled.
A high-speed motor drive application, with the specifications of Tab. 2.1, is
considered. The drive system at hand, features a nominal inverter power of
P = 330 W, a motor rotational motor speed of n = 400 krpm and is visual-
ized in Fig. 2.8(a). The test setup comprises the two-level VSI of Fig. 2.8(b),
which employs the latest generation of GaN semiconductor devices and an
FSF (cf. Fig. 2.1). The inverter drives the high-speed permanent magnet
motor (PMSM) of Fig. 2.8(c). It is noted that the motor features a two-pole
slotless design. This motor design allows for high mechanical rigidity able
to withstand the mechanical forces, related to the high rotational speed. Si-
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Fig. 2.8: (a) High-speed motor drive test setup employed for the experimental ver-
ification. (b) Inverter hardware prototype and (c) high-speed motor/generator test
bench.
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Fig. 2.9: Measured motor currents under a motor speed of n = 300 krpm and a motor
power of P = 300 W. The slight imbalance of the phase currents originates from
asymmetries in the motor windings.
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Fig. 2.10: Inverter efficiency curve for sinusoidal modulation (SM).
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multaneously, this motor design inherently results in a low motor leakage
inductance [22, 64], which in return necessitates the use of an FSF between
the inverter and the motor. The motor hardware prototype is built in a back-
to-back (B2B) configuration. That is, the motor is connected through a shaft
to an identical generator (back-to-back). Subsequently, the generator is con-
nected to a three-phase diode rectifier, as is illustrated in Fig. 2.8(a). Fi-
nally, the diode rectifier is connected to an adjustable DC load. Thereby, the
torque and the speed of the motor can be adjusted independently, offering
maximum testing flexibility. A cascaded speed-torque controller in dq-axis
reference frame is implemented using a digital signal processor (DSP), in or-
der to drive the motor. A Hall sensor board, that is directly mounted on
the motor, provides the motor position angle ¢ and speed w. The conven-
tional SM is initially employed in order to commission the inverter-motor
test setup. The measured motor currents under nominal motor speed and
power are plotted in Fig. 2.9 and are sinusoidal. It is noted, that the motor
currents are slightly asymmetric, due to winding manufacturing imperfec-
tions in the stator. The measured efficiency curve of the inverter is given in
Fig. 2.10, where a nominal inverter efficiency of 97.4% is achieved.

In a next step, the two proposed modulation strategies, DCCMM and
ACCMM, are implemented. Depending on the applied modulation depth M;,
the optimal injection parameter My opc (M) (2.21) must be selected for DC-
CMM, or the parameter Ms o (M;) (2.26) must be selected for ACCMM. For
this reason, the optimal values of the CM injection parameters Mo op (M)
and Ms o, (M), are stored in a look-up table within the DSP memory and
are accessed seamlessly during system operation. Experimentally measured
waveforms of the filter inductor current, for SM, DCCMM and ACCMM, are
plotted in Fig. 2.11. There, a modulation index of M; = 0.2, a motor speed of
n = 60 krpm (i.e. fundamental frequency f;, = 1kHz) and the nominal motor
current I, = 10 A (i.e. nominal motor torque) are used. It is shown in Fig.
2.11, that both DCCMM and ACCMM reduce the overall inductor current
ripple, compared to SM. In Fig. 2.12 the RMS current ripple AL rms of the
filter inductor is experimentally measured and compared against the analyt-
ically calculated values of Tab. 2.3 and Fig. 2.7(a). An excellent matching
between the analytic calculations and the experimental measurements is ob-
served.  Finally, the inverter losses are measured in the operating range
P = 0W...330W for the different modulation strategies. The achieved loss re-
duction by employing DCCMM or ACCMM, compared to the conventional
SM, is shown in Fig. 2.13. The loss reduction, which originates from the
minimization of the inductor RMS current ripple, is especially visible for low
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Fig. 2.12: Measured inductor RMS current ripple All rms, compared against the
theoretically calculated values of Fig. 2.7(a).
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Fig. 2.13: Loss reduction achieved by the DCCMM and ACCMM modulation strate-
gies, compared to the conventional SM.

modulation indexes M;. This is expected, since for low modulation indexes,
where a wider range of CM injection parameters My or Ms is available (cf. Fig.
2.4 and Fig. 2.5, respectively), the DCCMM and ACCMM are more effective.
In the best case, a reduction of the converter losses by ~ 1W with respect to
the nominal converter losses of 9 W is achieved, i.e. 11% loss reduction.

2.4 Summary

Two-level voltage source inverters (VSIs) are typically employed in high-
speed low-voltage drive applications. A full sine-wave output filter (FSF) is
placed at the VSI AC output-side, in order to ensure high-quality motor volt-
ages (cf. Fig. 2.1). As a result of the FSF, the inverter suffers from a decrease
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in efficiency, because of the additional losses occurring within the output fil-
ter. The main driver of losses within the FSF are the inductors that conduct
a high current ripple. The inductors’ current ripple/losses can be reduced
by means of an appropriate modulation strategy. However, the unique char-
acteristics of an FSF, with respect to the inductor current ripple formation,
render conventional modulation strategies ineffective.

In order to address this problem, the degrees of freedom in the modula-
tion of a VSI, followed by an FSF, are revisited. It is deduced that the main
degree of freedom, when selecting a modulation strategy, is the injection of
a CM duty cycle pattern dcp(t) to all three phases. Two new modulation
strategies are proposed in this chapter:

(i) DC CM injection (DCCMM), where a constant (DC) CM duty cycle is
injected into all three phases.

(if) AC CM injection (ACCMM), where a time varying (AC) CM duty cycle
is injected into all three phases.

The two modulation strategies are summarized in Tab. 2.2. Subsequently,
the stresses on the inverter components are analytically derived for both
modulation strategies and summarized in Tab. 2.3. It is shown that both
DCCMM and ACCMM significantly reduce the current ripple of the filter
inductors, compared to a conventional sinusoidal modulation (SM). In par-
ticular, for low modulation indexes M; = 0...0.5 the DCCMM is more effec-
tive, while for high modulation indexes M; = 0.5...2//3 the ACCMM yields
superior performance.

Finally, the proposed modulation strategies are applied on a purposely
assembled motor drive system, which includes a n = 400 krpm motor and a
P =330 W inverter. There, it is shown that the DCCMM and ACCMM reduce
the inductor current ripple and the related losses. A loss reduction of up to
11% is measured, compared to a standard sinusoidal modulation (SM).
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Voltage Source Inverter -
Electromagnetic Compatibility

This chapter summarizes the key research findings also presented in:

M. Antivachis, P. Niklaus, D. Bortis, and J. W. Kolar, “Input / output EMI
filter design for three-phase ultra-high speed motor drive GaN inverter stage”
CPSS Transactions on Power Electronics and Applications, 2020, early access. .

Motivation

Electromagnetic compatibility is a main concern in modern motor drives. Wide-

bandgap (WBG) inverters cause high EMI emissions, that can damage the mo-

tor and disturb nearby equipment. This chapter details the necessary measures,
| needed in order to mitigate the EMI emissions of a WBG inverter.
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Executive Summary

Pairing wide-bandgap (WBG) inverters with high-speed motors results in com-
pact and efficient motor drives, but requires special attention on electromagnetic
interference (EMI) aspects. This chapter focuses on electromagnetic compatibility
(EMC) of high-speed motor drives, supplied by a DC source. In order to protect the
nearby equipment from the EMI noise of the WBG inverter, a filter that complies
with conducted EMI regulations is placed at the inverter DC input-side. However,
there is no clear mandate requiring from inverters to comply with conducted EMI
regulations at the AC output-side, where only the motor is placed. For this rea-
son, there is no full consensus whether it is necessary to use an output filter,
and if so, what type of output filter would be suitable, i.e. if a differential-mode
(DM), common-mode (CM) or both DM/CM output filter would fit best. A full
sine-wave output filter (FSF) is proposed in this chapter, that features both DM
and CM attenuation, and capacitors connected to the DC link. Besides the several
well established benefits of an FSF, such as purely sinusoidal motor currents and
the protection of the motor against high du/dt originating from the fast switching
of the semiconductor devices, an FSF at the inverter output-side, also reduces the
CM EMI emissions at the inverter input-side. Namely, since the inverter hous-
ing, the motor housing and the interconnecting shielded cable are all grounded,
CM emissions generated at the inverter output-side are directly mapped to the
inverter input-side, i.e. there is an input-to-output CM noise interrelation. An
FSF reduces the output-side CM EMI emissions and thus mitigates the input-to-
output CM noise mutual influence. Two types of full sine-wave output filters
(c-FSF and d-FSF) are comparatively evaluated, in terms of volume, losses and
EMI performance. The theoretical consideration are tested within the context of a
high-speed 280 krpm, 1 kW motor drive, with 80V DC supply. The experimental
| results validate the good performance of the proposed filter concept.
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Nomenclature

UgopM|f, — Switch-node a low-frequency DM voltage component
(fundamental motor operation)

Uso DM f; Switch-node a high-frequency DM voltage component
(output DM EMI noise source)

iy oml fon Switch-node i € {d, b, E} low-frequency CM voltage component
(third harmonic injection)

Ui emlf; Switch-node i € {d, b, E} high-frequency CM voltage component
(output CM EMI noise source)

UaoDMI f; Inverter output terminal a high-frequency DM voltage

uiocml g, Inverter output terminal i € {a, b, c} high-frequency CM voltage

1,11[,-n,1)1\/1|fS Inverter input DM EMI noise source

up’n’CM|fs Inverter input CM EMI noise source

Upn,DM |gs Inverter input terminal p, n DM EMI noise

Upn,CM |gs Inverter input terminal p, n CM EMI noise

ip Inverter DC link switched current

I Inverter input terminal p DC current

Apm|pmMr DM attenuation of the output DMF

AcMmlpme  CM attenuation of the output DMF

ApMm|c-rse DM attenuation of the output c-FSF

Acmlcrse CM attenuation of the output c-FSF

ApMm|arse DM attenuation of the output d-FSF

AcmlarsF  CM attenuation of the output d-FSF

ApMm DM attenuation of the input filter

Acm CM attenuation of the input filter

Low-voltage, high-speed drive systems, supplied by an isolated DC net-
work, spread across a wide range of commercial applications [16,17]. A
P = 1kW, n = 280krpm compressor drive application is considered in
this chapter, which is visualised in Fig. 3.1 and summarized in Tab. 3.1.
The inverter is connected to the high-speed motor through a shielded, four
conductor cable (three phases and protective earth). The isolated DC net-
work Uy, = 80V, which constitutes the primary energy source of the motor
drive, simultaneously supplies sensitive surrounding equipment, which must
be protected against EMI emissions originating from the switched inverter.
Therefore, an input filter complying with EMC regulations IEC 61800-3 [42]
is mandatory.

In contrast to the DC input filter, it is not clear whether a filter should
be placed at the inverter AC output and if so what kind of filter and how
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Tab. 3.1: Specifications of high-speed drive system. The nominal operating condition
is highlighted in bold.

Motor speed n 0rpm...280krpm
Motor voltage Un 0V..40V (phase, PK)
Motor power p 0W...1000W

Inverter output freq.  f,  0kHz...5kHz
Inverter input voltage U, 80V

Inverter power P 0W...1100W
( supply ! inverter i shielded cable i motor )
shield
. DC B o
= =]
L Il B |2 N
L._1; g /]
. g
- / Ac| 8 o L L L
'/('—'_ 'IH_l_

load grounding

Fig. 3.1: High-speed motor drive system supplied by an isolated DC source. The
motor can be either directly grounded (dashed yellow line applies) or only grounded
through the shielded cable (dashed yellow line is not present).

strong its attenuation should be. A differential-mode output filter (DMF), as
shown in Fig. 3.2(a), is necessary when a high-speed motor is employed.
High-speed motors are sensitive to poor current quality, which causes high
rotor losses [21-23]. Thus, a DMF which allows for purely sinusoidal mo-
tor currents is required. Shifting towards higher rotational motor speeds n
drastically decreases the volume of the motor and the rotating mechanical
parts. Thereby, significantly higher motor power density is achieved that
outweighs the decrease in inverter performance, due to the additional vol-
ume and losses originating from the DMF. In other words, a DMF allows to
shift/exchange volume/losses from the motor towards the inverter, resulting
in a better motor drive system performance as a whole. Furthermore, a DMF
eliminates overvoltages at the motor terminals and wave reflections prob-
lems when long interface cables connect the inverter to the motor [65-67].

However, a DMF does not address the problem of common-mode (CM)
EMI emissions. The high du/dt > 30kV/ps that wide-bandgap (WBG) de-
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vices exhibit [25-27], enables low switching losses, but simultaneously elec-
trically stresses the motor insulation and results in bearing currents [28-33].
As aresult, high CM du/dt leads to premature motor failure. In order to guar-
antee high motor reliability, the DMF must be supplemented by a CM output
filter (CMF), which mitigates high du/dt. Another advantage of a CMF is de-
scribed in literature: A CMF not only reduces the CM emissions at the AC
output-side of the inverter, but also reduces the CM emissions at the DC
input-side [68-72]. Namely, since the inverter housing, the motor housing
and the interconnecting shielded cable are all grounded, CM emissions gen-
erated at the inverter output-side are directly mapped to the inverter input-
side, i.e. there is an input-to-output CM noise interrelation. A CMF largely
prevents CM emissions towards the inverter output and hence resolves the
input-to-output CM noise interrelation problem.

For all the above reasons, a full sine-wave output filter (FSF), which
features both DM and CM attenuation is recommended for WBG inverters.
Three main categories of FSFs have been proposed in literature:

(i) DC link referenced output filter [34—40]. This is a passive output filter,
which is capacitively connected/referenced to the negative/positive
DC rails p/n. This type of output filter is analysed in detail within
this chapter. In particular, two DC link referenced output filter vari-
ants, the c-FSF of Fig. 3.4 and the d-FSF of Fig. 3.5 are comparatively
evaluated.

(if) Passive CM noise cancellation output filter [73-76]. This type of fil-
ter offers similar performance to a DC link referenced filter but with
additional complexity, hence it is not further considered in this work.

(iii) Active CM noise cancellation output filter [77,78]. This type of filter ef-
fectively reduces CM EMI emissions, by actively switching additional
semiconductor devices. Thereby, significant switching losses are gen-
erated that compromise the inverter efficiency. For this reason, this
output filter type is avoided.

First, the EMI emissions of the inverter, employing an FSF, are theoreti-
cally analysed in Sec. 3.1. Two FSF variants (c-FSF and d-FSF), are compar-
atively evaluated in terms of volume, losses and EMI performance. A com-
prehensive design algorithm for the input and output filter is given in Sec.
3.2. The experimental verification follows in Sec. 3.3, within the context of
a 1kW, 280 krpm, high-speed motor drive (cf. Tab. 3.1). The results verify
the good performance of the proposed filter concept. Finally, a summary is
given in Sec. 3.4.
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3.1 Theoretical EMI Analysis

The considered two-level voltage source inverter employs a third harmonic
injection modulation (THM) [56], in order to optimally utilize the DC link
voltage. The duty cycles controlling the three phases are
1
da(t) = M sin(wpnt) — A sin(3wnmt)
2 1
dy(t) = M sin(wpyt — ?ﬂ) ~ 5 sin(3wpt), (3.1)
2 1
de(t) = Msin(ont + =) = = sin(3ont)

where M is the modulation index

M=

— (3-2)
———, 2
% Upn V3

and oy, = 27 fy is the motor angular velocity.

In order to facilitate the EMI analysis, the inverter switch-node a b and ¢
voltages are simplified into equivalent voltage sources [59] as illustrated in
Fig. 3.3. The switch-node a voltage is analytically expressed as

Ugo () = UzoDM| £, + UaoDMI £ + Uio oMl £ + Uinoml g - (33)
3.3

Ugo,DM Uip,cMm

From now on, the analysis focuses on phase a, however can be easily ex-
tended to the remaining two phases. In particular, the voltage component
uzopMlf, of (3.3) is the fundamental frequency DM voltage, which generates
the useful fundamental motor current/torque and depends on the modulation
index

Upn .
UgopM| £, (1) = MT sin(wmt). (3-4)
The switch-node voltage component ug, oy, is the low-frequency CM volt-
age and is the by-product of the employed THM modulation strategy

Upn .
tio el (£) = == sin(Boomt). (3:5)

Finally, the upml g, and ug, ol £, are the DM and CM high-frequency switch-
node voltage components, respectively. Those voltage components are di-
rectly related to the PWM switching frequency f; and are the cause behind
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Fig. 3.3: Equivalent circuit of a two-level voltage source inverter.

EMI emissions. There is no closed form expression for the high-frequency
switch-node voltage components ux, pm| , () and u, cpl g (¢) due to the com-
plicated nature of the respective PWM waveforms. It is more convenient to
analyse these voltage components in frequency domain. An upper bound of
the high-frequency switch-node voltage components’ spectrum is

|— aoDM|f;-| (nfs) = |- io CM|ﬁ-| (nf;) = (3-6)

where n = 1,3, 5... is the harmonic order corresponding to the harmonic fre-
quency f = nf;. This spectrum is calculated by assuming a rectangular volt-
age waveform, with an amplitude Up,,/2, a 50% duty cycle and a repetition
frequency equal to the switching frequency f;. It is noted that the switch-
node CM voltage components u;, ol £, and ug, ol 7, are the same for all three
phases i € {d, b, E}.

3.1.1 Drawbacks of Differential-Mode Output Filter
(DMF)

A simple DM output filter (DMF) is illustrated in Fig. 3.2(a). There, the semi-
conductor devices, cable and motor parasitic impedances to protective earth
(PE), are represented by the capacitors ¢, ¢, and ¢y, respectively. This ca-
pacitive representation is valid for frequencies ranging up to approximately
1MHz [79]. In general, lower case notation, e.g. cs, is used for parasitic el-
ements. The semiconductor devices’ parasitic capacitance cs is low thanks

54



3.1. Theoretical EMI Analysis

to the small packaging of the employed GaN semiconductor devices. In con-
trast, the cable/motor parasitic capacitances c. + ¢y, are significantly larger
than c;, due to the large physical dimensions of the cable and the motor hous-
ing.

The DMF generates sinusoidal currents for the high-speed motor. By
employing the voltage source equivalent inverter model of Fig. 3.3, and
applying the superposition technique, the DM equivalent circuit of the DMF
is derived, in Fig. 3.2(b). The DMF behaves as a second order filter with a
DM attenuation
f;,ZDMlDMF

FomIome = f2
where f is the harmonic frequency and f;pm|pmr is the DM resonant fre-
quency

Apm|pmre(f) = , (3-7)

fs- (3.8)

oo < fion —_ <
DM|DMF = ———F——=

" i 27N LnCr

Only a small residual high-frequency DM voltage uaopml|f; appears at the

inverter output terminal a with a spectrum

Unomlf (f) = Apmlpme - Usopml f- (3.9)

However, a DMF does not address the problem of CM EMI emissions.
High-frequency CM voltage (and du/dt) is applied on the motor, which
stresses its insulation and causes bearing currents. By employing the voltage
source inverter model of Fig. 3.3, the CM equivalent circuit [69, 80] of the
DMF is derived in Fig. 3.2(c). The cable and motor parasitic capacitances can
be lumped into a single capacitance c. + ¢y, for the sake of simplicity. The
DMF does not attenuate CM voltage, i.e. it features a unity CM attenuation

Acmlpmr(f) = 1. (3-10)

Even though a second order CM filter is formed by the DMF inductors Ly, /3
and the parasitic capacitances c. + ¢, the filtering effect can be neglected,
because the cut-off frequency of this filter is in the range of several MHz, due
to the small value of the parasitic capacitances (~ 100 pF). The spectrum of
the CM voltage at the inverter output terminals is

Uiocml £ (f) = Acmlomr - Uip.omly, = Uiooul - (3-11)

Therefore, the switch-node CM voltage u;, cpm| s, (and high du/dt) is directly
applied to the cable/motor. This is a major drawback of pure DM filtering.
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Furthermore, a DMF results in high EMI emissions at the DC input-side.
High du/dt is applied on the cable/motor parasitic capacitances cy, + ¢, in-
ducing unwanted CM currents. These parasitic CM currents, form a return
path through the DC input-side, thereby causing input CM EMI emissions,
as is highlighted in Fig. 3.2(a). This interdependence between the input-
side and output-side CM EMI emissions can be quantified by considering the
CM equivalent circuit of Fig. 3.2(c). There, the equivalent input CM EMI
noise source up,cmlfs must be attenuated by the depicted two-stage input
filter, such that the input terminal p/n voltage upncmlss lies within the re-
quired EMI limits. The spectrum of the input CM EMI noise source g, cm|ss
is approximately calculated based on the CM equivalent circuit of Fig. 3.2(c)
as

Cs+Cc+Cp

[Usnomlss | (nfe) = (U cnlss |

Concmo + €5 +¢c + ey

(3.6) Cs+Cc+Cm 2Upn (312)

ConCM,0 + Cs + Cc + € NIT

The high-frequency switch-node CM voltage ug, cplss (3-6) is the origin of
CM EMI emissions. The input CM EMI emissions up’n’CM|fS are proportional
to the sum of the parasitic capacitances cs + ¢, + ¢, (semiconductor devices,
cable and motor) and inversely proportional to the input filter DC link CM
capacitance Cyncmo. Note that the cable inductance [ is neglected in this
calculation. Depending on the length of the cable and/or the motor housing
a different total parasitic capacitance c. + ¢y, is formed. Consequently, the
CM EMI noise at the input-side depends on the mechanical installation of
the motor drive at the output-side, i.e. input-to-output CM noise mutual
influence. Given the numerous applications of motor drives and the variety
of end users, the interdependency of the input-side CM emissions and the
output mechanical installation is unwanted. When only a DMF is employed,
it is difficult to predict the CM EMI emissions at the DC input-side and it is
equally challenging to design an appropriate input filter. For all the above
reasons, a pure DM output filter should be avoided.

3.1.2 Combined Full Sine-Wave Output Filter (c-FSF)

In order to resolve the deficiencies of the simple DM output filter a full sine-
wave output filter (FSF) is recommended, that features both DM and CM
attenuation. The combined full sine-wave output filter (c-FSF), visualized
in Fig. 3.4(a), is first investigated. The c-FSF employs three individual in-
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ductors and visually resembles the DMF of Fig. 3.2(a). However, in con-
trast to a DMF, the filter capacitors Cp,/2 are directly connected to the pos-
itive/negative DC rails p/7i. Thereby, CM emissions can return through the
filter capacitors to the DC link and the semiconductor devices, which created
the CM emissions in the first place. The same physical components Cy,, Ly,
are utilized simultaneously for DM and CM output filter attenuation, justify-
ing the name “combined” full sine-wave filter.

The c-FSF generates sinusoidal currents/voltages for the high-speed mo-
tor. By employing the voltage source inverter model of Fig. 3.3, the DM
equivalent circuit of the c-FSF is derived in Fig. 3.4(b). The c-FSF is equiva-
lent to a second order filter with DM attenuation

f 2DM|c-FSF
Apmlerse(f) = | 7————| (3.13)
Siomle-rse = f
where f;pm|c-rsr is the DM resonant frequency
1
S < feomle-rsF = < fs (3.14)

271VLyCy

The DM resonant frequency f;pm|c-rsr is selected such that the fundamen-
tal voltages/currents are sinusoidal and the high-frequency switch-node DM
voltage component uz, pm|y, is effectively attenuated. The resulting DM volt-
age spectrum at the output terminal a is

Unopml s, (f) = Apmle-rsr - Usopml - (3.15)

The c-FSF resolves the CM EMI emissions problem: An FSF eliminates
du/dt at the output-side, thus protects the motor bearing and windings from
excessive electrical stress. By employing the voltage source inverter model
of Fig. 3.3, the c-FSF CM equivalent circuit is derived in Fig. 3.4(c). The
CM equivalent circuit is formed by the parallel connection of all three filter
inductors Ly, /3 and capacitors 3Cy,. The c-FSF is equivalent to a second order
filter with CM attenuation

fZCM|c-FSF
Acmle-rsr(f) = zr—z ) (3.16)
fr,CMlc—FSF - f
where f;cm|c-rsr is the CM resonant frequency
fin < frewlersr = —— < f (317
.CMIc-FSF = . 3.17
m T, c oI Co s
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3.1. Theoretical EMI Analysis

Accordingly, the spectrum of the CM voltage (worst case approximation) at
the inverter output terminals is

Uiocoml g (f) = Acwmle-rsr - U oml - (3-18)

In the case of the c-FSF, the attenuation and resonant frequency of the DM
and CM equivalent circuits are by definition equal, ie. Apm|crse(f) =
Acmlerse(f) and fipmlerse = fromle-FsE-

Furthermore, an FSF achieves low CM EMI emissions at the input: The
cable parasitic capacitance c. and the motor parasitic capacitance c,, do not
conduct unwanted CM currents, which would close a loop through the DC
input-side, thereby causing CM EMI noise. The CM EMI emissions at the
input-side, can be quantified by considering the CM equivalent circuit of Fig.
3.4(c). The spectrum of the equivalent input CM EMI noise source tym cm|fs
is approximated

[Usnomlss | (nfs) = = (U cnlss |

Cpn,CM,O +Cs
59) o 2Upn (3.19)

Concmo +¢s

The CM EMI emissions at the input are proportional to the parasitic capaci-
tance cs of the semiconductor devices. The overall input CM EMI emissions,
in the case of a c-FSF, are significantly lower compared to the case of a DMF
(cf. Fig. 3.2), where the input CM EMI emissions are proportional to the
semiconductor/cable/motor parasitic capacitances cs + c. + ¢y (3.12). Thanks
to the c-FSF, the input CM emissions do nearly not depend on the mechan-
ical installation at the output side (cable, motor). For all the above reasons,
a c-FSF presents several advantages compared to a DMF counterpart, hence
should be preferred.

3.1.3 Discrete Full Sine-Wave Output Filter (d-FSF)

A second FSF variant is now investigated. This output filter is denoted as
discrete full sine-wave output filter (d-FSF) and is shown in Fig. 3.5(a). The
d-FSF employs a three-phase CM choke Ly, cym, in contrast to a c-FSF that
employs three individual inductors (cf. Fig. 3.4(a)). The leakage inductance
of the CM choke windings is used as DM inductance Ly, pyp- The d-FSF uses
“discrete” dedicated components for the DM attenuation (Ly, pm, Cmpm) and
the CM attenuation (Ly, cm, Cmcm). Thereby, the DM and CM output filter
parts are decoupled from each other and can be designed independently.
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3.1. Theoretical EMI Analysis

The d-FSF generates sinusoidal motor currents/voltages. The DM equiva-
lent circuit is shown in Fig. 3.5(b). The d-FSF is equivalent to a second order
filter with DM attenuation

f 2DMld»FSF
Aoularse(f) = | 5| (3-20)
D ld-FsE — f
where f;pm|4-rsr is the DM resonant frequency
1
Jin < fromla-psF = ———— < fs. (3.21)
274/ Lim,pMCrm,DM
The spectrum of the DM voltage at the inverter output terminal a is
UsopMl £, (f) = Apmla-rsF * Usopmlf - (3-22)

The d-FSF resolves the CM EMI emissions problem. The CM equivalent
circuit is shown in Fig. 3.5(c) and comprises a second order filter with CM
attenuation

f;’zc M | d-FSF

Acmla-rse(f) = . (3-23)

2
r’CM|d—FSF - fZ
The CM resonant frequency f;.cm|d-rsr is

1
fm < ﬁ,CM|d—FSF =< f;s (3'24)

2 \ Lo emCmem
where L;n cw is the equivalent CM inductance

4 Lm,DM Lim,cM>>LimpMm
Lyom = Lmem + =

m,CM> (3-25)

and C;n’CM is the equivalent CM capacitance

’ Cm,cm + 3CmbpM Cmpym>Cmcm

Cm,CM = CicM- (3.26)

CmceM - 3CmpMm

The spectrum of the CM voltage (worst case approximation) at the inverter
output terminals is

Uocemly, (f) = Acmla-rsr - Ui oml - (3.27)

The CM EMI emissions at the input-side, can be quantified by considering the
CM equivalent circuit of Fig. 3.5(c). The spectrum of the equivalent input
CM EMI noise source ug,cmlss is the same as in the case of a c-FSF (3.19).
This is expected, since both c-FSF and d-FSF largely attenuate CM emissions
(and du/dt) at the AC output-side.
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Chapter 3. Voltage Source Inverter - Electromagnetic Compatibility

3.1.4 Input Filter

An input filter with N = 2 stages is employed (cf. Fig. 3.2(a)) in order to
ensure that the system complies with the IEC 61800-3 conducted EMI limits
at the DC input-side [42]. The DC link comprises the DM capacitor Cpnpm,0
and the CM Yz capacitors Cpncm,o. Each of the subsequent filter stages k =
1...2, is identical and includes a second order DM filter (L,npmk> Cpnpmk) and
a second order CM filter (Lpn,cm k> Cpn,cMk)-

Considering the DM part of the input filter, the input filter attenuates
the equivalent input DM noise source uy, pm|ss, such that the input terminal
p/n DM voltage up, pmlss lies within the required EMI limits. The origin of
the DM input EMI noise uyn,pmlss is the switched DC link current iy of the
inverter, which in return generates voltage ripple across the DC link DM
capacitor Cpnpm,0. An upper bound of the input-side DM EMI noise source
upn,pM|fs Spectrum is

1 20

7 (3.28)
TZZJTfSCpn,DM’O ni

[ﬁp’n,DM |fs-| (T’lf;) =

The input DM EMI noise source us,pmlss is not affected by the output filter
type (DMF or FSF) [63]. The DM attenuation of the input filter is

4
DM
Apm(f) = . : (3.29)
v+t =312 fou
where f,pm is the DM resonant frequency of each input filter stage
1
< (3:30)

feom =
274/ Lpn pMiCpn DM,i

The spectrum of the DM EMI noise at the inverter input terminals p/n is

Upn,DM'fs (f) = ApwMm - Up’n,Dles- (3-31)

Considering now the CM part of the input filter, the input filter atten-
uates the equivalent input CM noise source up, cmlss, such that the input
terminal p/n CM voltage u,,cmlss lies within the required EMI limits. The
input CM noise source up,cmlss depends on the employed output filter type.
It is significantly higher in the case of a DMF (3.12), compared to the case of
an FSF (3.19). The CM attenuation of the input filter is

4
r,CM
4 2
Jeem ¥ =3 fem

Acm(f) = ; (3-32)
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where f;cym is the CM resonant frequency of each input filter stage
1

270~/Lpn,cm,iCpn.cMmi

The spectrum of the CM EMI noise at the inverter input terminals p/n is

from = < fs. (3-33)

Upnomly () = Acwm - Ugneml - (3-34)

3.2 Filter Design

3.2.1 Output Filter Design

The output filter should not interfere with the fundamental motor cur-
rents/voltages. Based on this objective, the c-FSF is first designed. The DM
resonant frequency fipm|c-rsp of a c-FSF (3.14) should be amply spaced be-
tween the fundamental motor frequency f;, and the switching frequency f;

fmar < fiomlerse < fi/ay, (3-35)

where af > 7 is an empirical design parameter. A low resonant frequency is
related to strong DM filter attenuation and hence good motor voltage qual-
ity. However, a very low resonant frequency frpm|c-rsr < fmar, leads to ex-
cessive output filter reactive power. On the other hand, a high DM resonant
frequency yields smaller passive component values and accordingly a more
compact output filter. A very high DM resonant frequency fipm|c-rsr > fs/ar
potentially causes an excitation of the output filter resonance and thus exces-
sively large currents. Based on the resonant frequency constraint of (3.35),
the following inequality must hold for the switching frequency

fmar < iisf - fy > a?fm. (3.36)

Thereby, a lower bound for the switching frequency f; is calculated. It is
noted that a high-speed motor drive, which features a high fundamental
frequency, e.g. fn = 5kHz, also requires a high switching frequency e.g.
fs = a? fm = 245kHz. A comprehensive design algorithm for the output fil-
ter, tailored to high-speed motor drives, is presented in Sec. 3.2.2. A more
general design algorithm, also applicable to conventional low-speed motor
drives, is described in the following.
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The c-FSF comprises three individual inductors Ly,, each corresponding
to one phase-leg. For a filter inductor L, the maximum inductor current
ripple amplitude (single-side) Al can be calculated as

Upn
AL, = —=. (3-37)
8L fs

Accordingly, in order to limit the current ripple to a maximum value Al
then the inductor L, value should be

Upn

Ly > .
" 8AL f:

(3-38)

The maximum occurring voltage ripple amplitude (single-side) AU, at the
output filter capacitor G, is

AU, =

AL, @3y U 7 [ fiomlerse |
2 m__ 7 (fowle Upn. (3.39)

8Cmfe  64f2LnCm 16\ fe

Accordingly, in order to limit the voltage ripple to a maximum value of
AUg,, <1V, which is safe for the motor operation, the capacitance Cy, values
should be

Upn

> — .
T 64f2LynAUc,,

m (3.40)

The d-FSF comprises only one three-phase choke. The CM inductance of
the choke Ly, cm is used for CM attenuation, while the leakage inductance
of the choke Ly py is used for DM attenuation [81, 82]. The d-FSF is de-
signed, similarly to the c-FSF. The same DM resonant frequency f;pm|d-rsp
constraints of (3.35) and switching frequency constraint of (3.36) apply for
the d-FSF. Furthermore, the output filter DM inductor constraint of (3.38)
and DM capacitor constraint of (3.40) are extended for the d-FSF:

U, U
— 2 Cumpm 2> +
SAILm,DMf; 64]‘; Ly AUG

m,DM

Lyupm = . (3-41)

The d-FSF should not interfere with the third harmonic CM voltage u;, el £,
(3.5) of the THM modulation strategy (3.1). Based on this objective, the CM
resonant frequency is selected to be similar to the DM resonant frequency

fromlarsr = fromla-rsr (3-35). The inductance of the CM choke Ly, oM is
typically two orders of magnitude larger than its DM leakage inductance
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Chapter 3. Voltage Source Inverter - Electromagnetic Compatibility

Ly pm [81,82]. Therefore, a small CM capacitance Cy, cpm must be selected in
order to counterbalance the high CM choke inductance value Ly, cum:

Lincm =100 - Lyypm,  Cmem = Cmpm/100. (3-42)

The above output filter design guidelines (3.38), (3.40), (3.41) and (3.42)
depend on the switching frequency f;. The switching frequency represents
a crucial design trade-off. A high switching frequency allows to reduce the
volume of the passive filter components, but at the same time increases the
semiconductor switching losses and accordingly requires a larger semicon-
ductor heatsink volume. The equation (3.36) only provides a lower bound
for the switching frequency f;, but does not explicitly define it. In order
to select an appropriate switching frequency, a multi-objective optimization
routine, with respect to inverter efficiency n and power density p, is em-
ployed [15, 83], which assesses the performance of several inverter designs.
The optimization routine includes the inductive components (inductors Ly,,
three-phase choke Ly, c\m) [81, 84, 85], the ceramic filter capacitors, the 200V
rated GaN semiconductor devices [86] and the semiconductor heatsinks [87].
Based on the optimization results, a switching frequency of f; = 350 kHz is
selected. This switching frequency is 70 times higher than the fundamental
frequency of the motor f,, = 5kHz, a fact that enables a highly dynamic
motor control. A design guideline summary for the c-FSF and d-FSF and the
selected benchmark designs are given in Tab. 3.2.

3.2.2 Output Filter Design for High-Speed Drives

The output filter passive components are subject to strict design constraints
when used in high-speed drive systems. The design constraints are derived
for the c-FSF of Fig. 3.4, but can be easily extended for the d-FSF of Fig. 3.5.
Based on (3.35), the DM resonant frequency of the c-FSF f;py should be

1
fmas < fiom = —F—= < f/ar . (3-43)
ftDMmin JftDM.max

A resonant frequency that adheres to the above constraints lies within the
design space illustrated in Fig. 3.6(a). For low switching frequencies f; <
a? fm the inequality fipMmax < frDMmin results, therefore there is no feasible
filter design. As the switching frequency increases and exceeds the value f; >
a? fm, the inequality fipmmax = fiDMmin results, hence feasible filter designs
exist. For the current analysis, an output filter with minimum volume is
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Fig. 3.6: Output filter design constraints for a¢g = 7. (a) DM resonant frequency
fipm design constraints, (b) inductor Ly and (c) capacitor Cy, design constraints.
The selected benchmark design of Tab. 3.2, which employs a switching frequency of
fs = 350 kHz, is highlighted.

desired, therefore the highest possible DM resonant frequency within the
available range (3.43) is selected, i.e. fipm = fi/ar.

The selection of the DM resonant frequency f;pm, does not explicitly de-
fine the filter inductor/capacitor values. The inductor value Ly, and the ca-
pacitor value Cy, are selected based on reactive power considerations. For a
transmitted power per phase P = Uply,/2 the reactive power consumption
of the filter inductor Ly, is

12 womL L jomLml,
op = mOmbm O _ JOwlmln (3.44)
2 P U
while the reactive power consumption of the filter capacitor Cy, is
U2 womC, jOmCinU,
0c = Im@mCm Q¢ _ JomCinlm (3.45)
2 P Iy

The reactive power consumptions Qp and Q¢ both scale linearly with the
fundamental frequency fy,. Although the output filter reactive power is neg-
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Chapter 3. Voltage Source Inverter - Electromagnetic Compatibility

ligible for a fundamental frequency of f,, = 50 Hz, it becomes significant for
high-speed drive systems with fundamental frequency up to f, = 5kHz. The
reactive power values Qr, or Q¢ should not exceed 30% of the active power P,
i.e. {ar,ac} < 0.3. This limitation of the reactive power directly provides the
maximum allowed inductance Ly, max and capacitance Cy, max Values, given in
(3-46) and (3.47), respectively. Furthermore, based on the selected DM reso-
nant frequency fipm = fi/ar the minimum allowable inductance Ly, min and
capacitance Cy min are also calculated

2
1 agomR aLR
T =—75 — S<Ln< —, (3.46)
Cm,max(*)r DM wsac Wm
> ——— S~——
Lm,min Lm,max
1 aZom ac
= <O —, (3-47)
Lynymax®ppy  @s arR Wm
’ S~—— ~—
Cm,min Cm,max

where R = Up/Iy is the equivalent load resistance per phase. The feasi-
ble Ly, and Cp, design space is illustrated in Fig. 3.6(b) and (c), respec-
tively. There, for low switching frequencies f; < ———= f;, the inequality

acay,
Limax < Lmmin holds, therefore there is no feasible inductor design. As

the switching frequency increases and exceeds the value f; > \/:TfTL fm, the
inequality Ly max = Lm min results, hence feasible inductor designs exist. Sim-
ilarly, only switching frequencies f; > \/:TfTL fm allow for a feasible capacitor
C design (cf. Fig. 3.6(c)).

In general, the resonant frequency fipm constraints require a switch-
ing frequency f; > alfyy (cf. Fig. 3.6(a)), while the inductor Ly con-
straints and/or the capacitor Cy, constraints require a switching frequency
fo > ——fi. Since both switching frequency f; inequalities must be satis-

sacag,

fied it is reasonable to simplify as

ag 1
\/ﬁfm =alfym > ac=a, = " (3-48)

The selection of the parameter a¢ is crucial. Excessively high af values could
over-constrain the filter design. Empirically, the parameter value af = 7 is
suggested.

In summary, a c-FSF is designed as follows:

(i) A switching frequency f; > af fn = \/aaTiTL fm s selected.

68



3.2. Filter Design

(ii) The maximum possible DM resonant frequency fipm = fs/ar is se-
lected, in order to achieve minimum output filter volume.

(iii) The minimum possible inductance value Ly, = Ly min Of (3.46), and the
maximum capacitance value Cy, = Cpy max 0f (3.47) are selected. These
passive component values yield the smallest output filter volume, since
inductors are typically bulkier compared to capacitors.

3.2.3 Input Filter Design

A two-stage input filter is now designed. The conducted EMI emissions are
regulated in the frequency range of 150 kHz...30 MHz. In this range, the crit-
ical frequency f. = nf;, which is related to the worst case EMI noise, is iden-
tified. The order n of the critical frequency is

. Fso kHz] (3.49)

s

For the inverter system at hand, the switching frequency is f; = 350 kHz,
which exceeds 150 kHz, hence the critical frequency is f; = f;,i.e. n = 1.

The input filter design algorithm, assumes an installed FSF (c-FSF or d-
FSF). As shown in (3.19), an FSF result in a low equivalent CM noise source
upn,cM|gs at the input. Thereafter, an FSF reduces the input CM EMI emissions
and allows for a smaller input EMI filter. In this case, the minimum required
input filter CM attenuation (dB) at the critical frequency f: is

Upn n
ACM(dB) = Ulimit -10-6-20 log —|- P ’CleS-| ( f;)
10762
U (3.50)
629 63 _ 2010g ( & pn)
10_6\/§ Cpn,CM,O +Cs nrw

where Uppie = 79dBuV is the limit mandated at f = 350 kHz by the EMI reg-
ulations. Additionally 10dBuV are subtracted in order to account for com-
ponent tolerances and further 6dBuV are subtracted in order to ensure that
both 50 Q LISN branches comply with the EMI regulations. Subsequently,
the minimum required DM filter attenuation (dB) at the critical frequency f:

69



Chapter 3. Voltage Source Inverter - Electromagnetic Compatibility

is derived

[Upnomles | (nfe)
A dB) = Ujjmit — 10 — 20 1o il e
pm (dB) = Ulimit g( 10533

. 1 2] 1
629 69 _ 2010g ( s )
1062 nm 271'](;Cpn,DM,0

(3-51)

The required minimum DM attenuation Apy is independent of the installed
output filter (DMF or FSF). Accordingly, the input filter maximum allowed
DM/CM resonant frequencies per stage are

fiom = fivApm,  from = fivAcm. (3-52)

The input filter design is summarized in Tab. 3.3.

A benchmark two-stage input filer design is selected in Tab. 3.3. The
input filter inductance (Lpnpmk» Lpn,cmk) and capacitance (Cpn,pmk> Cpn,cMk)
values of the benchmark design are selected such that the overall input fil-
ter volume is minimized [88]. A toroidal choke with two windings is used
for the realization of the CM inductor Lyncavk. The stray inductance of each
winding is used as DM inductance Ly, pmvk. The selected total input filter
CM capacitance Cpncm = Cpnemo + Cpnemi + Cpnemz = 100 nF is very large.
This large CM capacitance is only allowed in the case of motor drives sup-
plied by a DC source (cf. Fig. 3.1). There, no low-frequency ground currents
flow through the input filter CM capacitors Cyncmk. On the contrary, if
a single-phase grid would supply the motor drive, then large CM currents
would flow through the capacitors Cy,cmk, that would violate the 3.5mA
limit, mandated by [42].

3.3 Experimental Validation

In order to validate the proposed filter concepts, an inverter prototype is as-
sembled for a P = 1kW, n = 280 krpm high-speed motor drive, with the spec-
ifications of Tab. 3.1. The hardware prototype PCB assembly is presented in
Fig. 3.7(a). The experimental setup features a modular design, i.e. multiple
interchangeable boards are connected together. The input filter board and
the corresponding component values (measured) are depicted in Fig. 3.7(b).
The designed power board, employing the latest generation of 200V rated
GaN semiconductor devices, is depicted in Fig. 3.7(c). The power board also
includes the DC link, i.e. the input filter DM capacitor Cpnpm,o and the CM
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Chapter 3. Voltage Source Inverter - Electromagnetic Compatibility

metalic
housing

Fig. 3.8: Inverter hardware prototype with dimensions 99.6 mm X 80 mm X 23.7 mm.
A power density of 5.8 kW /dm?3 (95 W/in3) is achieved.

capacitors Cpn cam,o- Placing these filter capacitors close to the semiconductor
devices minimizes the parasitic inductances and therefore improves the EMI
performance. The c-FSF and d-FSF boards, as well as the component values
(measured) are illustrated in Fig. 3.7(d.i) and (d.ii), respectively. It is noted,
that the c-FSF board can be reconfigured as a simple DMF (cf. Fig. 3.2). A
control board is vertically attached to the PCB assembly and finally a custom
heatsink [89], an active thermal management system and a metallic housing
are added. The assembled hardware demonstrator is shown in Fig. 3.8. A
grounded metallic housing is mandatory for end user safety and is a common
practice in drive systems. Furthermore, the grounded housing contributes to
the parasitic capacitance formation, hence must be used for meaningful EMI
noise measurements.

The c-FSF uses three ELP inductors Ly, (cf. Fig. 3.7(d.i)), which require a
total volume of 12.7 cm3. The efficiency of the whole inverter system with an
installed c-FSF is 96.6%. In comparison, the d-FSF uses one three-phase choke
Lmcwm (cf. Fig. 3.7(d.ii)), which requires a volume of 11.1cm?, The leakage
inductance of the three-phase choke is used as the d-FSF DM inductor Ly, pm
(i.e. no dedicated DM inductors are employed) [81, 82]. The lower volume
for the d-FSF is achieved thanks to the VAC 500F nanocrystalline magnetic
material [9o], used for the toroidal core. This material features a high satu-
ration flux density of B, = 1T, which allows for a compact realization of the
three-phase choke. In contrast, the c-FSF uses ELP cores, made of N87 ferrite
material, which features a saturation flux density of only B = 350 mT. This
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Fig. 3.9: Measurement setup for a filter transfer function, featuring the Omicron Labs
Bode 100 frequency response analyser.

low saturation flux density, leads to a bulkier realization of the c-FSF. The
efficiency of the whole inverter stage with an installed d-FSF is 96.1%. The
high losses of the d-FSF (+5 W compared to c-FSF) originate from the three-
phase CM choke windings. All the three-phase winding must mechanically
fit within the inner diameter of the CM choke. Due to the limited available
space, thinner wires must be used which accordingly result in high conduc-
tion losses.

3.3.1 Filter Attenuation Measurements

The attenuation of the input/output filter boards is experimentally measured,
with a frequency response analyser, as is illustrated in Fig. 3.9. The c-FSF
board attenuation is first measured. Namely, the DM attenuation App|c-rsr
measurement (3.13) is shown in Fig. 3.10(a), while the CM attenuation
Acm|c-rsp measurement (3.16) is depicted in Fig. 3.10(b). For low frequen-
cies f both the DM attenuation App|c-rsr and the CM attenuation Acm|c-rsr
match well with the theoretical approximation. However, for high frequen-
cies f > 4 MHz the CM attenuation Acm|crsp of Fig. 3.10(b) diverges from
the theoretical approximation. In this frequency range, the CM performance
of the c-FSF is degrading due to parasitic effects, i.e. self-resonance of the
employed passive components and/or parasitic mutual coupling between the
passive components [91].

Subsequently, the d-FSF is measured. The DM attenuation Apm|q-rsr
(3-20) is illustrated in Fig. 3.11(a). The theoretical approximation matches
well the experimental measurement for low frequencies, but diverges for
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high frequencies f > 1MHz, due to parasitic effects. It is noted, that by
shorting two out of the three windings of the CM choke in the measurement
setup of Fig. 3.11(a), a leakage inductance of 1.5Ly, pym results. Therefore,
this experimental setup does not correspond to the exact DM attenuation
Apm |4-rsp, which would require a leakage inductance of exactly Ly, pp. How-
ever, the difference between the depicted DM attenuation measurement and
the real DM attenuation is only -3dB.

The CM attenuation Acm|g-rsr (3-23) is plotted in Fig. 3.11(b), The de-
picted theoretical approximation assumes a constant CM inductance Ly, cp =
600 uH and CM capacitance Cpcm = 18 nF (cf. Fig. 3.7(d.ii)), hence in the
cut-off region of the filter f > 50kHz the attenuation drops with a slope
of -40dB per frequency decade f. However, this does not agree with the
measured attenuation profile which drops with a slope close to -30dB per
frequency decade f. This difference between the slope of the theoretical ap-
proximation and the measurement is caused by the non-linear, frequency
dependent behaviour of the CM choke inductance Ly cm(f). In particu-
lar, the three-phase choke employs the nanocrystalline core material VAC
500F [90], whose imaginary magnetic permeability p”” dominates for fre-
quencies f > 20kHz [92]. As a result, the CM inductor, exhibits a highly
resistive, frequency dependent behaviour Ly, cm(f) [93]. Hence, the mea-
sured CM attenuation profile Acym|d-rsp(f) (-30dB per frequency decade) lies
in between a first order RC filter (-20dB per frequency decade) and a LC fil-
ter (-40dB per frequency decade). It is noted, that the non-linearity of the
core material is taken into account in the design process of the three-phase
choke. Thus, for the frequency f; = 350 kHz, for which the d-FSF is designed,
the measured CM attenuation Acm|q-rsp and the theoretical approximation
match well.

Finally, the input filter board attenuation is measured. In Fig. 3.12(a) the
DM attenuation Apym (3.29) is measured. The DM attenuation Apy diverges
from the theoretical approximation for frequencies f > 700 kHz, due to par-
asitic effects [91]. Furthermore, the measured DM attenuation Apy; exhibits
two pronounced resonances, a fact that is expected in a two-stage filter (3.29).
The CM attenuation Acym (3.32) is measured in Fig. 3.12(b). The depicted the-
oretical approximation assumes a constant CM inductance Ly, cmx = 73 uH
and CM capacitance Cpncpmi = 35.2nF (cf. Fig. 3.7(b)). Hence, in the cut-
off region of the two-stage filter f > 150 kHz the attenuation drops with a
slope of -80dB per frequency decade f. However, this does not agree with
the measured attenuation profile which drops with a slope close to -60dB
per frequency decade. As explained before, this difference is expected, due
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AcMle-rs(f). The measured attenuation is compared against a theoretical approx-
imation assuming constant Ly, = 5pH and Cy, = 2 pF, with respect to frequency f (cf.

Fig. 3.7(d.i)).
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Fig. 3.11: d-FSF (a) DM attenuation Apm|g.psp(f) and (b) CM attenuation
Acmld-rsp(f). The measured attenuation is compared against a theoretical approx-
imation assuming constant Lypypm = 3uH, Cypm = 2pF, Lyycm = 600 pH and
Cm,cM = 18 nF, with respect to frequency f (cf. Fig. 3.7(d.ii)).

76



3.3. Experimental Validation

—— stage 2 —— stagel _
p p
50 = mm = mm o
EJ " ‘ Lpn,]_)M,Z/2 Lpn‘DM.l/Z‘ -
oy Uy —— E— Uy
[aa]
z l Cpn.DM,Z Cpn,DM,l l
= 0 — —
2 — ]
=) thcor_otictal n n
o approximation = =
2 PE
= =
% -50F
= 350kHz
< 57.9dB
100 | \ measured/ !
104 10° 106 107
(a) Freque;ncy (Hz) N
——l_— stage 2 ——l_— stage 1
50
o
=
=0
=
o
g
= .
= _50} theoretical
5 50 approximation 350kHz
= -43.8dB
<
-100 L L L
104 100 106 107
(b) Frequency (Hz)

Fig. 3.12: Input filter (a) DM attenuation Apy(f) and (b) CM attenuation Acym (f).
The measured attenuation is compared against a theoretical approximation assuming
constant Lynpmk = 0.3uH, Conpmx = 17.6 uF, Lynemx = 73pH and Cpnemk =
35.2 nF, with respect to frequency f (cf. Fig. 3.7(b)).

77



Chapter 3. Voltage Source Inverter - Electromagnetic Compatibility

to the frequency dependent, effectively resistive nature of the material VAC
500F [90], used for the realization of the CM choke Ly, cmk. The CM induc-
tor behaves resistively for frequencies f > 20 kHz, thus the CM resonance
of the filter is highly damped and the attenuation drops with a slope close to
-60dB per frequency decade. However, a good match between the measured
and theoretical CM attenuation Acy is evident for the switching frequency
fs = 350 kHz, for which the input filter is designed.

3.3.2 Parasitic CM Impedance Measurements

The different parasitic capacitances which conduct CM EMI currents are mea-
sured with an impedance analyser. Firstly, the motor-inverter interface cable
CM parasitic capacitance c. is measured (cf. Fig. 3.1). A shielded cable, fea-
turing four 2.5 mm? conductors, is used. In particular, the three conductors
correspond to the three phases a, b and ¢ while the fourth conductor is used
exclusively for PE. In order to measure the shielded cable CM impedance,
one side of the cable is connected to the impedance analyser, which mea-
sures its impedance Z over frequency f, while the other side of the cable is
an open circuit as illustrated in Fig. 3.13(b). The impedance measurement
results for 1m and 10 m shielded cables are plotted Fig. 3.13(a). For low fre-
quencies the capacitive behaviour c. of the cable is dominant, while for high
frequencies (f > 2 MHz for the example case of the 10 m cable) the cables
behave as a transmission line (terminated with open circuit). The impedance
measurement results reveal that the total CM capacitance is proportional to
the length of the cable and hence the normalized cable CM capacitance is
¢ = 470 pF/m. In commercial motor drives, shielded cables have found wide
acceptance, while unshielded cables are typically not preferred. The reason
behind the popularity of the shielded cables is the radiated EMI noise certi-
fication [94, 95]. Namely, the shield of a shielded cable allows for a good PE
connection between the inverter and the motor and mitigates the radiated
EMI emissions.

Subsequently, the CM parasitic capacitance of the motor/compressor ¢y,
is measured and is equal to ¢, = 850 pF. The 1kW 280 krpm electric com-
pressor [52] is shown in Fig. 3.14(b), while the impedance measurement is
depicted in Fig. 3.14(a). A resistive load substitutes the electric compressor
during the EMI measurements, for practical reasons. The CM parasitic capac-
itance of the resistive load is ¢y, = 650 pF, while the impedance measurement
is illustrated in Fig. 3.14(a). The CM impedance of the resistive load is very
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Fig. 3.13: (a) CM impedance measurement results for 1m and 10 m shielded cables.
(b) Cable CM impedance measurement setup, using the Keysight 4294A impedance
analyser.
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Fig. 3.14: (a) CM impedance measurement results and (b) 280 krpm electric compres-
sor [52]. The Keysight 4294A impedance analyser is used.
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similar to the respective motor CM parasitic impedance, therefore both loads
behave similarly in terms of EMI.

It is difficult to measure the parasitic capacitance c; of the semiconductor
devices. Low-voltage GaN devices feature very compact ceramic packaging,
hence cs is very small. In this case, other factors, such as the PCB layout, the
placement of the passive components and the housing, significantly affect
the ¢, parasitic capacitance value. For this reason, a conservative estimate of
the semiconductor devices’ parasitic capacitance of ¢; = 100 pF is assumed.

3.3.3 Conducted EMI Measurements

In a first step, the motor voltage quality is assessed. To this end, the test
setup of Fig. 3.15 is employed, where the EMI emissions at the inverter
output-side are measured. There, high output emissions are related to poor
motor voltage quality. Note that, the load current flows through the three-
phase LISN, which is designed for 50 Hz operation. Therefore, a low fun-
damental frequency of f;, = 50 Hz must be used by the inverter stage, dur-
ing the EMI measurements. The output-side EMI emissions, i.e. the sum
of DM and CM emissions for phase-leg a, are shown in Fig. 3.16. No re-
sults are shown for the DMF, because the high CM EMI emissions in this
case (3.11), would saturate/damage the LISN. For both c-FSF and d-FSF, the
residual EMI emissions at the inverter output terminals a are in the range of
1V. This voltage value does not electrically stress the motor and ensures a
safe operation [71,96]. However, the c-FSF achieves lower overall EMI emis-
sions spectrum compared to the d-FSF, especially for higher frequencies. The
worse d-FSF performance is partially explained by the inferior DM attenua-
tion Apm|q-rsr of the d-FSF (cf. Fig. 3.11(a)), compared to the respective DM
attenuation App|c-psp of the c-FSF (cf. Fig. 3.10(a)).

However, the d-FSF suffers from an additional EMI performance problem,
that is not captured by the attenuation measurements of Fig. 3.11. The DM
inductance Ly, py = 3 puH is realized as the leakage inductance of the three-
phase choke. By definition the high-frequency DM current ripple that flows
through the leakage inductance, generates a DM magnetic fringing-field that
closes via a path through the air around the choke [97]. This DM magnetic
fringing field couples additional EMI noise to the surroundings of the choke,
depending on the mechanical placement of the inverter components, hence
compromises the overall performance of the d-FSF. In contrast, the c-FSF
does not suffer from this DM magnetic fringing filed problem. The ELP cores
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Fig. 3.15: Measurement setup for the EMI emissions at the inverter AC output-side.
A three-phase LISN (Rohde&Schwarz ENV432) is placed between the inverter and the
load, and an EMI test receiver (Rohde&Schwarz ESCI7) processes the LISN output a.
No filter is installed at the input of the inverter and the negative DC rail 7 is shorted
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Fig. 3.16: Conducted EMI noise measurement results at the AC output-side, corre-
sponding to the measurement setup of Fig. 3.15. The inverter transmits the full
power and uses a fundamental frequency of fi, = 50 Hz The conducted EMI noise is
measured with a IEC 61800-3 quasi-peak (QP) detector and 4 kHz step size.
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Fig. 3.17: Measurement setup for the EMI emissions at the inverter DC input-side.
A two-phase LISN (Rohde&Schwarz ENV432) is placed between the inverter and the
DC power supply, and an EMI test receiver (Rohde&Schwarz ESCI7) processes the
LISN output p. The load can be either directly grounded (dashed yellow line applies)
or only be grounded through the shielded cable (dashed yellow line not present).
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Fig. 3.18: Conducted EMI noise measurement results at the DC input-side for (a) 1m
shielded motor cable and (b) 10 m shielded motor cable. The results correspond to the
measurement setup of Fig. 3.17 and the load is grounded only through the shielded
cable. The inverter transmits the full power and uses a fundamental frequency of
fm = 50Hz. The conducted EMI noise is measured with a IEC 61800-3 quasi-peak

(QP) detector and 4 kHz step size.
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employed for the realization of the filter inductors Ly, enclose the windings
and accordingly keep all the magnetic flux inside the core material.

In a second step, the inverter EMI emissions at the DC input-side are
experimentally measured. To this end, the test setup of Fig. 3.17 is employed,
while the input-side EMI measurement results are shown in Fig. 3.18. The
results are presented for all analysed output filters (i.e. DMF, c-FSF or d-FSF),
and for different shielded cable lengths (i.e. 1m or 10 m). Furthermore, the
load is grounded only through the shielded cable, i.e. the dashed line of Fig.
3.17 can be neglected.

The simple DMF (considered for comparison purposes only) exhibits the
worst performance. In this case, the motor drive fails to comply with the EMI
regulations, due to excessive EMI noise across the whole frequency spectrum.
The reason behind the low performance of the DMF, is its lack of CM attenu-
ation (3.10). Excessive CM du/dt is applied to the shielded cable/motor, thus
high parasitic CM currents flow through the cable/motor parasitic capaci-
tances, towards PE. These parasitic currents form a return path from the DC
input-side, thereby resulting in high CM EMI emissions at the input (cf. Fig.
3.2(a)). Furthermore, the severity of the input EMI emissions depends on
the cable parasitic capacitance c. value, which is linearly dependent on the
cable length (cf. Fig. 3.13). In particular, the long 10 m cable causes 84dBuV
of conducted noise emissions, opposed to 74dBuV caused by the short 1m
cable, at 350 kHz. Furthermore, the peaks of the EMI noise at f >1MHz fre-
quency range clearly correlate with the local minima of the corresponding
cable impedances of Fig. 3.13. Besides high du/dt stress on the motor, a DMF
results in an unwanted input-to-output CM noise mutual influence. Hence,
the DMF should be avoided in WBG inverters.

The c-FSF achieves the best EMI performance and complies with EMI
regulations at the input-side, regardless of the output-side cable configura-
tion. In particular, the long 10 m cable causes a conducted noise of 54dBpuV at
350 kHz, which is close to the 50dBuV caused by the short 1 m cable. Besides
a good motor voltage quality, the input EMI measurements highlight a sec-
ond advantage of the c-FSF. The input-side EMI emissions are significantly
lower and less dependent on the cable configuration, compared to a DMF.
For this reasons, the c-FSF is an excellent choice for WBG inverters.

The d-FSF achieves an intermediate performance, i.e. worse performance
than the c-FSF, but significantly better performance than the simple DMF.
In particular, the c-FSF and d-FSF performances are similar at 350 kHz, for
both the long 10 m and the short 1m cable. However, as the frequency in-
creases (f >1MHz) the d-FSF performance is degrading, resulting in roughly
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Fig. 3.19: Conducted EMI noise measurement results at the DC input-side for a 10 m
shielded cable. The measurements of Fig. 3.18(b) are repeated, but the load is directly
grounded. The comparative increase in the EMI noise at 350 kHz is highlighted in the
figure.

10dBpV additional input EMI noise compared to the c-FSF. As a result, the d-
FSF complies with the EMI regulations only for the short 1m cable, but fails
to comply for the long 10 m cable (at f = 4 MHz). The main reason behind
the worse performance of the d-FSF at high frequencies is the DM fringing
flux of the three-phase choke. As discussed before, this DM fringing flux cou-
ples unwanted EMI noise to components in the vicinity of the choke, thereby
increasing the overall EMI emissions. Purposely placed shielding around the
choke, helps to reduce the unwanted DM fringing field but does not com-
pletely eliminate the problem. The alternative three-phase choke realisation
of [98,99], with two coaxially placed toroidal cores, can reduce the DM mag-
netic fringing field, at the expense of added complexity. In summary, the DM
fringing field is a significant drawback of the d-FSF and is especially critical
for power dense systems where the thee-phase choke must be tightly packed
in the inverter PCB assembly. For this reason, a c-FSF, which retains the DM
flux inside the employed ELP cores, is a better option.

Finally, the effect of the load grounding technique on the input-side EMI
noise profile is examined [68]. Instead of grounding the load only through
the shielded cable, an alternative option, where the load is directly grounded
(cf. Fig. 3.17 - dashed yellow line applies) is investigated. The EMI measure-
ment results corresponding to the different output filter variants are shown
in Fig. 3.19, for a 10 m cable. It is evident that directly grounding the load in-
creases the EMI emissions at 350 kHz, for all output filter options. By directly
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3.4. Summary

grounding the load, output-side parasitic CM currents can directly flow to PE
(via the PE connection and not only through parasitic capacitances), instead
of returning to the inverter DC link via the cable shield. As highlighted in
Fig. 3.20 these parasitic CM currents form a return path at the input-side
and partially flow through the LISN. As a result, additional CM EMI emis-
sions are measured at the input-side. The end user of the drive system should
be conscious that directly grounding the motor increases the EMI noise pro-
file at the input-side, especially in the case of long motor cables. Ideally,
the inverter should be integrated in the same housing as the motor [45, 47].
Thereby, the interconnecting cable is eliminated, resulting in an excellent
EMI performance for the drive system.

3.4 Summary

High-speed motors are gaining ground compared to conventional low-speed
counterparts, thanks to their low volume/weight. Simultaneously, wide-
bandgap (WBG) semiconductor devices enable efficient and compact inverter
solutions. These recent developments in motor and semiconductor technol-
ogy allow for significantly better motor drive performance, but pose electro-
magnetic interference (EMI) concerns. Electromagnetic compatibility (EMC)
in high-speed motor drives, supplied by an isolated DC source, is analysed
in this chapter (cf. Fig. 3.1). A filter that complies with conducted EMI regu-
lations is typically required at the inverter DC input-side, in order to protect
the nearby equipment from EMI noise. There is however no clear mandate re-
quiring from inverters to comply with conducted EMI regulations at the AC
output-side, where only the motor is placed. The optimal input/output filter
solutions, for a 1kW inverter prototype (cf. Fig. 3.8), driving a 280 krpm
electric compressor (cf. Fig. 3.14(b)), are explored in this chapter.

A full sine-wave output filter (FSF) is proposed, which features
differential-mode and common-mode (DM/CM) attenuation. =~ An FSF
presents three key advantages:

(i) Sinusoidal motor currents. High-speed motors are sensitive to poor
stator current quality, which induces high rotor losses. An FSF guar-
antees sinusoidal motor currents, thanks to its DM attenuation.

(if) High motor reliability. The fast switching transitions of the latest WBG
semiconductor devices generate high CM du/dt > 30kV/us, which
can damage the motor bearing/insulation. An FSF features CM atten-
uation, which mitigates high du/dt and protects the motor. The ex-
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(i)

perimental results of Fig. 3.16 verify the good motor voltage quality,
when an FSF is installed.

Low input-side CM EMI emissions. Since the inverter housing,
the motor housing and the interconnecting shielded cable are all
grounded, CM emissions generated at the inverter output-side are di-
rectly mapped to the inverter input-side (i.e. input-to-output CM noise
mutual influence). This problem is amplified in the case of WBG in-
verters, where high switching frequencies are employed. An FSF uses
capacitors which are connected to the DC link. Thereby, CM emis-
sions can return through these capacitors to the DC link and the semi-
conductor devices, which created the CM emissions in the first place.
An FSF reduces CM emissions at the inverter output, hence simultane-
ously mitigates the input-side CM emissions. The experimental results
of Fig. 3.18 reveal a significant reduction of the CM EMI emissions at
the input-side, when an FSF is installed at the output-side.

Two implementation variants of an FSF are comparatively evaluated, in
terms of volume, losses and EMI performance:

(i)

(ii)

Combined full sine-wave output filter (c-FSF) of Fig. 3.4. This filter
variant employs three individual inductors (ELP core type), each cor-
responding to a phase-leg.

Discrete full sine-wave output filter (d-FSF) of Fig. 3.5. This filter
variant utilizes a single three-phase toroidal CM choke. The stray in-
ductance of the phase windings is used as DM inductance.

For the application at hand, the d-FSF benefits from a lower volume
(11.1cm®) compared to the c-FSF (12.7 cm®) but generates 5W of additional
losses. Subsequent EMI measurements (cf. Fig. 3.16 and 3.18) reveal that
the c-FSF exhibits significantly better EMI performance compared to the d-
FSF. The main drawback of a d-FSF is the DM fringing magnetic field, which
is caused by the leakage inductance of the three-phase choke. This fringing
field results in an unwanted magnetic coupling in the vicinity of the choke,
which in return causes high overall EMI emissions. In contrast, the c-FSF
retains the magnetic flux inside the employed ELP cores, hence is a better
solution.
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Advanced Modulation Strategy

This chapter summarizes the key research findings also presented in:

M. Antivachis, J. Azurza Anderson, D. Bortis, and J. W. Kolar, “Analysis of
a synergetically controlled two-stage three-phase DC/AC buck-boost con-
verter,” CPSS Transactions on Power Electronics and Applications, vol. 5, no. 1,
PPp- 34-53, March 2020. DOI: 10.24295/CPSSTPEA.2020.00004.

Motivation |
Conventional buck-boost inverters comprise two energy conversion stages (i.e. a
DC/DC stage and a DC/AC stage) and thus suffer from low efficiency. The DC/DC
and the DC/AC stage are typically controlled independently. In this chapter, a
new modulation strategy is presented, where the control of the DC/DC stage is
synergetically combined with the control of the DC/AC stage, resulting in a higher

| inverter efficiency. |
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Chapter 4. Boost Voltage Source Inverter - Advanced Modulation Strategy

Executive Summary

Three-phase DC/AC power electronics converter systems used in battery-
powered variable-speed drive systems or employed in three-phase mains-supplied
battery charger applications usually feature two power conversion stages. In both
cases, typically a DC/DC stage is attached to a three-phase DC/AC stage in order
to enable buck-boost functionality and/or a wide input-output voltage operating
range. However, a two-stage solution leads to a high number of switched bridge-
legs and hence results in high switching losses, if the degrees of freedom available
for controlling the overall system are not utilised. If the DC/DC stage is used to
vary the DC link voltage with six times the AC-side frequency, a pulse width
modulation (PWM) of always only one phase of the three-phase DC/AC stage
is sufficient to achieve three-phase sinusoidal output currents. The clamping of
two phases (denoted as 1/3 PWM) leads to a drastic reduction of the DC/AC stage
switching losses, which is further accentuated by a DC link voltage which is lower
than for the conventional modulation schemes. This chapter details the operating
principle of a three-phase buck-boost converter system using 1/3 PWM and out-
lines an appropriate control system design. Subsequently, the switching losses
and the voltage/current stresses on the converter components are analytically de-
rived. There, a more than 66% reduction of the DC/AC stage switching losses is
calculated without any increase of the stress on the remaining converter compo-
nents. The theoretical considerations are finally verified on a hardware demonstra-
tor, where the proposed modulation strategy is experimentally compared against
several conventional modulation techniques and its clear performance advantages
| are validated. |

Three-phase DC/AC converter systems for E-mobility applications are
currently in high demand. Such three-phase converters appear either in in-
verter systems, such as variable-speed motor drives [47,48], or in three-phase
PWM rectifier systems, used for fast battery charging [7, 100]. Since both
types of power electronics systems are typically installed on a vehicle it is
required that the converters are highly efficient while maintaining a high
power density. At the same time, three-phase inverters and/or rectifiers in
E-mobility applications have to cope with a wide input-output voltage range.

In particular, a motor drive supplied by a battery must generate a control-
lable three-phase output AC voltage in an amplitude range Uy, = 0...Um,max.
Simultaneously, the input battery DC voltage varies depending on the state-
of-charge, loading and temperature between U, = Upmin...-Upmax- Accord-
ingly, the operation area of the inverter system is defined by all possible
combinations of the DC input and the AC output voltage. As the motor line-
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to-line voltage amplitude Up1p = V3Uy, can exceed the battery voltage Uy,
a boost-type DC/DC converter stage that generates an adequately high DC
link voltage upc, is typically placed in front of the buck-type three-phase
DC/AC converter stage as shown in Fig. 4.1(a).

In analogy, three-phase fast battery chargers also have to operate within
a wide voltage operating area. There, the output DC battery voltage varies
in a range U, = Upmin...Ubmax depending on the vehicle type and charging
status, while the input three-phase grid AC voltage can also fluctuate in a
range U = Um,mm...Um,maX. The level of Uy, can be lower than the input grid
line-to-line voltage amplitude Um,LL = \/§Um Therefore, a buck-type DC/DC
stage that adapts the DC link voltage upc to Uy is typically placed after the
three-phase boost-type PFC rectifier stage as is shown in Fig. 4.1(b). All in
all, both systems, i.e. the variable-speed motor drive and the battery charging
system, feature the same two-stage converter structure, just with opposite
direction of the power flow. Unfortunately, this two-stage solution suffers
from high switching losses and large heatsink volume originating from the
fact that both converter stages are typically independently modulated with a
high switching frequency. In the following, the example of a variable-speed
motor drive system shown in Fig. 4.1(a) is analysed in detail, however, the
same considerations also apply to the battery charging system of Fig. 4.1(b).

For conventional sinusoidal PWM [55] of the DC/AC stage shown in Fig,.
4-2(a.ii), purely sinusoidally varied duty cycles are employed for all phases
(i.e. no third harmonic component [60] is injected). This modulation strat-
egy results in continuous switching of all three DC/AC stage half-bridges
(in the following denoted as 3/3 PWM) and accordingly leads to high switch-
ing losses (cf. Fig. 4.2(a.i)). At the same time, 3/3 PWM requires a high
DC link voltage upc equal or larger than 2Uy, (Uy, denotes the motor phase
voltage amplitude) which is generated by the DC/DC stage, as shown in Fig.
4.2(a.iii). In order to reduce the switching losses, different clamping meth-
ods have been proposed in literature such as discontinuous PWM [56, 61],
which always operates only two out the three DC/AC half-bridges (denoted
as 2/3 PWM, cf. Fig. 4.2(b.i)) and results at least in a 33% reduction of the
DC/AC stage switching losses [62]. Typical duty cycles for 2/3 PWM are
illustrated in Fig. 4.2(b.ii). There, negative clamping is used, i.e. at any
given point in time one of the low-side switches of the DC/AC stage is per-
manently turned-on and clamps the corresponding phase to the negative DC
rail. It is noted that 2/3 PWM employs non-sinusoidal duty cycles and/or out-
put phase voltages of the DC/AC stage (measured against the negative DC
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Chapter 4. Boost Voltage Source Inverter - Advanced Modulation Strategy

rail) but still allows to generate a purely sinusoidal three-phase line-to-line
voltage system thanks to the open motor star point o (cf. Fig. 4.1(a)). Be-
sides lower switching losses, 2/3 PWM results in a lower DC link voltage
requirement for the same output voltage modulation range, compared to 3/3
PWM and accordingly leads to a lower voltage stress on the converter com-
ponents. In particular, the DC link voltage in the case of 2/3 PWM should be
equal or higher than the line-to-line motor voltage amplitude upc > \/§Um
as depicted in Fig. 4.2(b.iii).

Both, 3/3 PWM and 2/3 PWM, employ a constant DC link voltage upc and
the DC/DC stage and DC/AC stage are controlled independently. However, a
constant DC link voltage upc is actually not required. As shown in [101-105]
the modulation of the DC/DC and the DC/AC stage can be synergetically
combined which results in a significant performance improvement. If the
DC/DC stage is used to vary the DC link voltage with six times the output
frequency fn, a PWM of always only one phase of the DC/AC stage is suffi-
cient to achieve three-phase sinusoidal output currents. The clamping of two
phases (denoted as 1/3 PWM in the following) leads to a 66% reduction of the
DC/AC stage switching losses compared to 3/3 PWM [106-109] and the cor-
responding DC link voltage is lower than for the conventional modulation
schemes. The gating signals and the duty cycles for 1/3 PWM are plotted in
Fig. 4.2(c.i) and (c.ii), respectively, while the time-varying DC link voltage
is depicted in Fig. 4.2(c.iii).

In the following, the 1/3 PWM strategy is explained in more detail (Sec.
4-1) and an appropriate control structure for the overall converter system is
presented. Subsequently, the switching losses of 1/3 PWM are analytically
derived and compared against traditional PWM modulation strategies in Sec.
4.2 and 4.3. Furthermore, the voltage and/or current stresses on the different
converter components are calculated in order to allow a complete assessment
of the 1/3 PWM scheme. In Sec. 4.4, a versatile hardware demonstrator is as-
sembled and tested, employing either 1/3 PWM, 2/3 PWM or 3/3 PWM which
enables a comprehensive comparison among the different modulation strate-
gies. Accordingly, the drastic switching loss reduction achieved by means of
1/3 PWM is experimentally verified. Finally, a summary is given in Sec. 4.5.
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4.1 Modulation Strategies

4.1.1 1/3 PWM Modulation Strategy

The DC/AC stage operated with 1/3 PWM generates the three-phase sinu-
soidal motor voltages which are plotted in Fig. 4.4(c)

um,a(t) = Ugo = Up cos(wmt)

N 21
um,b(t) = uUpo = Unm cos(wmt - ?) (4.1)

N 21
um,c(t) =Ueo = Uny cos(a)mt + ?),

where wpn = 27fy is the fundamental angular velocity. 1/3 PWM features
a variable DC link voltage upc(¢) generated by the preceding DC/DC stage,
whose shape is always defined by the largest absolute motor line-to-line volt-
age Uyh, Upe OF Ugy. Therefore, the DC link voltage has a six-pulse shape that
varies between a minimum value of V3Up, cos(%) = %Um and a maximum
value of V3Uy,. The accordingly required duty cycle d of the DC/DC stage
high-side switch is shown in Fig. 4.3(b) and the gating signal is plotted
in Fig. 4.3(a). In Fig. 4.3(d) the battery current I, and the DC link cur-
rent ipc are depicted. The local average value of the DC link current ipc
also fluctuates because the DC link voltage upc is not constant. The product
p(t) = upc(t) - ipc(t) of DC link voltage and current is constant in order to
ensure a constant instantaneous power delivery p(t) to the motor.

Using the 1/3 PWM scheme, the DC/AC stage is controlled by the duty
cycles d,, dy, d. depicted in Fig. 4.4(b). For the first 60° interval of the fun-
damental period, (highlighted in grey, cf. Fig. 4.4), where the line-to-line
voltage |uc,| is the largest, the duty cycle of phase a is d, = 1 (i.e. phase a
is clamped to the positive DC link rail), the duty cycle of phase c is d. = 0
(i.e. phase c is clamped to the negative DC link rail), while only the duty
cycle of the middle phase b varies within d, = 0...1. This means that the
six-pulse shaped DC link voltage upc is directly applied between phases a
and c ie. ugz = upc and only phase b i.e. the phase with the middle volt-
age value, is actively switched with PWM. Hence, neglecting the reactive
voltages/currents of the Ly,-Cy, filter, the motor line-to-line voltage results
as Uye = Ug = upc. Therefore, during the first 60° an appropriate sinu-
soidal line-to-line voltage is applied between the motor terminals a and c,
even though in the DC/AC stage no switching action for the corresponding
phases a and c is taking place. Accordingly, only the remaining motor ter-
minal b voltage must be actively generated by the DC/AC stage by means of
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Fig. 4.3: Characteristic waveforms of the DC/DC stage, for 1/3 PWM operation of the
converter system of Fig. 4.1(a), where a low switching frequency f; is assumed for
clear visualisation. (a) Gate signal of the DC/DC stage high-side switch and (b) duty
cycle. (c) Variable DC link voltage upc featuring a six-pulse shape and (d) battery
current and (local average) DC link current.
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converter system of Fig. 4.1(a), where a low switching frequency f; is assumed for
clear visualisation. (a) Gate signals and (b) duty cycles. (c) motor terminal voltages
and (d) motor phase currents and filter inductor currents.
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switching phase b. It is noted that, the open star connection of the motor o,
Uma + Umb + Umc = 0, is a prerequisite for 1/3 PWM, since it allows to gener-
ate a three-phase voltage system by actively controlling only two voltages at
any point in time. For the considered example, only the line-to-line voltage
ugz and the phase voltage u; are actively controlled. The same principle ap-
plies for the remaining 60° intervals of the fundamental period T,,, while the
roles of phases a, b and ¢ are exchanged. The sinusoidal motor currents and
filter inductor Ly, currents are plotted in Fig. 4.4(d). As can be noticed, al-
ways only the inductor current of the middle (PWM operated) phase exhibits
a pronounced high-frequency current ripple, while the two other inductors
conduct smooth sinusoidal motor currents, which in turn also reduces the
high-frequency losses in the filter inductors. The DC/AC stage inductor cur-
rent ripple shape is unique to the full sine-wave filter (FSF) of Fig. 4.1(a).
This FSF belongs to the family of DC link referenced filters, where the fil-
ter capacitors Cy, are connected/referenced to the negative DC link rail. A
complete analysis of FSFs can be found in Chapter. 3.

In the following, the analytic calculation of fundamental quantities
and/or waveforms for 1/3 PWM is performed. In a first step, the time be-
haviour of the DC link voltage upc is formulated. To this end, the maximum
instantaneous line-to-line motor voltage is required which based on (4.1) has
a six-pulse shape and is

um,LL,max(t) = um,max(t) - um,min(t), (4~2)

where um,max(t) = max {um,a, Um,bs um,c} and um,min(t) = min {um,a, Um,b> um,c}-
The DC link voltage is subsequently derived (cf. Fig. 4.3(c)) as

upe(t) = {Ub> um,LL,max(t) <y (4.3)

Um,LL,max (t): Um,LL,max ( t) > Up.

As long as the actual maximum line-to-line motor voltage y 11 max (%) is be-
low the battery voltage Uy, the boost-type DC/DC converter cannot control
the DC link voltage to a six-pulse shape and thus clamps the DC link voltage
upc = Uy by permanently turning-on the high-side switch Tj,,. On the other
hand, as soon as the line-to-line motor voltage amplitude V3Uy, exceeds the
battery voltage U, (for higher speeds), the DC/DC stage can control the DC
link voltage to the six-pulse voltage upc = tm1Lmax(#). The duty cycle of the
high-side switch T, of the DC/DC stage is then given as (cf. Fig. 4.3(a) and

(b))

d(t) = -2

= e (4.4)
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In a second step, the duty cycles d,, d, and d. of the DC/AC stage for

1/3 PWM are calculated, which is based on the same algorithm used for 2/3
PWM [59] (cf. Fig. 4.2(b)). The duty cycle of each phase ranges within 0...1
and is split into a differential-mode (DM) and a common-mode (CM) part.
The DM part is purely sinusoidal and is calculated for phases a, b and ¢ based
on (4.1) and (4.-3) as
Um,fa,b,c} ( t)

upc(t)
The CM part or offset of the duty cycle, which is common to all three phases,
is

dia b pm(t) = (4-5)

dom(t) = —min {dypwm (1), dopm(2), depm (8 } - (4.6)
The total duty cycle is the sum of both components and lies within [0, 1]

dia b,y (t) = diap,gom (1) +dem(2). (4.7)

Based on these duty cycle calculations, when the instantaneous motor
line-to-line voltage is lower than the battery voltage um 1 max(2) < Up, the
DC/DC stage clamps the DC link voltage to the battery voltage upc = U,.
Then, the DC/AC stage operates with 2/3 PWM resulting in the waveforms
shown in Fig. 4.2(b). On the other hand, for up 11 max(t) = Up, the DC/DC
stage is activated and generates a DC link voltage upc = tm 1L max (), which
in case of Uy, > 2Up/3 shows a six-pulse shape. Then, the DC/AC stage is
operating with 1/3 PWM (cf. Fig. 4.4(b)). In other words, 1/3 PWM results
from the generalization of 2/3 PWM, since the same algorithm (cf. Fig. 4.5)
is used for the calculation of the DC/AC stage duty cycles throughout the
whole DC link operation range. Depending on the relationship between the
battery voltage U, and the motor voltage Uy, the converter can transition
continuously from 2/3 PWM to 1/3 PWM and vice-versa.

A complete control block diagram for 1/3 PWM is conceptualised in Fig.
4.5. There, a standard cascaded speed-torque (speed-current) motor con-
troller in a d-q reference frame is employed, in order to maintain the motor
speed o at the desired setpoint w*. The three-phase motor currents im a, imb.
im,c, as well as the motor rotation angle ¢ and the motor speed w are measured
and fed as input to the motor controller. The motor controller outputs the

motor terminal voltage references u, ., u* ., u., ., which the inverter must

m,a’ > “myco
generate. Based on these reference Voltagnelz’:, the DC/DC stage duty cycle d
is calculated employing (4.2)-(4.4). At the same time, the DC/AC stage duty
cycles d,, dp and d. are derived based on (4.5)-(4.7).
A transition example from 2/3 PWM to 1/3 PWM is shown in Fig. 4.6.

There, the motor voltage and current is gradually increased, as highlighted
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Fig. 4.5: Control block diagram for 1/3 PWM. The cascaded speed/torque motor con-
troller maintains the motor speed w at the desired setpoint w*. In return, the mo-
tor controller outputs the three motor terminal voltage references ul*n’{a]b]c} that the
inverter must generate. Based on these voltage references, the corresponding duty

cycles of the DC/DC stage d and DC/AC stage dy, 1, ) are derived.
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Fig. 4.6: Simulation results showing a smooth transition from 2/3 PWM to 1/3 PWM,
where the motor voltage is gradually increased. When the motor voltage is low
(U < Up/V3), 2/3PWMis employed. When the motor voltage is high (U > 20, /3),
exclusively 1/3 PWM is used. During the transition, where Uy, /V3 < Un < 2Up/3 is
valid, 2/3 PWM and 1/3 PWM are occurring alternately.
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in Fig. 4.6(c). During ¢t < T,,, the motor voltage is low, Um <Uy/ V3, there-
fore exclusively 2/3 PWM is employed. In particular, the DC/DC stage is de-
activated, which means that the battery is directly connected to the DC link
upc = Up. This operating regime is denoted as 0+2/3 PWM in Fig. 4.6, ‘0’ in-
dicating that the DC/DC stage is not switched and ‘2/3’ denoting that two out
of three DC/AC half-bridges are switched. In contrast, for t > 2T;,, the motor
voltage is high, Un > 2Uy /3, therefore exclusively 1/3 PWM is employed. In
this case, the DC/DC stage is activated and controls the DC link voltage to
Upc = UmILmax(t). This operating regime is denoted as 1+ 1/3 PWM, with
‘0’ indicating that the DC/DC stage is switched. During T,, < t < 2Ty, the
motor voltage is U,/V3 < Un < 2Up/3 and both modulation schemes are
alternatively employed, while a smooth transition between the two modula-
tion regimes is achieved without unwanted transients.

It is noted that during 1/3 PWM operation of the DC/AC stage, the motor
voltage cannot be abruptly increased. In order to increase the motor line-
to-line voltage, a higher, six-pulse shaped DC link voltage upc(t) must first
be generated by the DC/DC stage. Therefore, the maximum rate at which
the motor line-to-line voltage can be increased is defined by the dynamic
response of the DC/DC stage. Consequently, 1/3 PWM exhibits a limited
control bandwidth of the motor line-to-line voltage, depending on the value
of the DC link capacitor Cpc. A large Cpc value would slow down the dynam-
ics of the DC/DC stage and hence would impede the converter from quickly
changing the motor line-to-line voltage. For this reason, a careful selection
of the DC link capacitor Cpc is necessary, as described later in Sec. 4.2. 1/3
PWM is hence not suitable for drive systems where high dynamic response
of the motor torque/speed is required. Instead, 1/3 PWM is more suitable
for drive systems with low dynamics that are mostly operated under steady
state conditions, as compressor drives.

4.1.2 Alternative 2/3 PWM Modulation Strategy

Sec. 4.1 focuses on a negative (n) clamping 2/3 PWM algorithm (4.5)-
(4.7), which is accordingly extended for 1/3 PWM. However, an alternative
positive&negative (p&n) clamping 2/3 PWM scheme [56] could be used, i.e.
at any given point in time one of the high-side or low-side switches of the
DC/AC stage is permanently turned-on and clamps the corresponding phase
to the positive or the negative DC rail, respectively. Typical duty cycles and
gate signals for such 2/3 PWM scheme are depicted in Fig. 4.7. The p&n
clamping 2/3 PWM duty cycle calculation algorithm is similar to the respec-
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Fig. 4.7: Alternative 2/3 PWM strategy, with positive&negative (p&n) clamping, of a
three-phase two-level DC/AC inverter. (a) Gate signals and (b) non-sinusoidal duty
cycles of the DC/AC stage.

tive calculations for the negative clamping 2/3 PWM scheme. Namely, the
DC/AC stage duty cycles are split into a DM and a CM part. The DM part is
purely sinusoidal and is given by (4.5), while the CM part is

dey = 0.5+ [0.5 — max {|dapml. [dbomls [depml}] -

.8
sign [max {dapm, db,pm, depm} — Imin {da,pa, dboms depm} 1] - (@)

The main advantage of p&n clamping 2/3 PWM is that it ensures equal
current distributions between the high-side and the low-side semiconductor
devices of the DC/AC stage

I, 1
ImaikMS |2/3 PWM = Frmaz,RMS |2/3 PWM = % @ (4-9)

Thereby, the drive system can always conduct the nominal motor current am-
plitude I, without overstressing the low-side switches T, .}, and hence en-
sures nominal motor torque during motor acceleration, starting from stand-
still. In contrast, n clamping 2/3 PWM suffers from an asymmetric current
stress for low modulation indexes M, as described in Sec. 4.2.

The disadvantage of the p&n clamping 2/3 PWM is that the discontinuous
duty cycles (cf. Fig. 4.7) lead to discontinuous DC/AC stage output voltages.
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Tab. 4.1: Motor drive specifications. The worst case operating condition of the two-
stage DC/AC converter, where the highest component stresses appear, is highlighted
in bold.

Battery voltage U, 40V..60V

Inverter fundamental freq. f;, O0Hz..5kHz

Inverter power 0OW..500W

Motor speed Orpm...280krpm

m  0V...40V (phase, PK)

(SN

Motor voltage amplitude

The discontinuities of the output voltage (i.e. abrupt CM voltage steps) can
excite the FSF of Fig. 4.1(a), hence p&n clamping 2/3 PWM is not suitable
for the application at hand. In contrast, n clamping 2/3 PWM features con-
tinuous duty cycles (cf. Fig. 4.2(b.ii)), thus can be used for a DC/AC stage
with an FSF.

4.2 Component Stresses for cos(¢) =1

In this section, the switching losses and the voltage/current stresses on the
different converter components are calculated for the drive system with the
specifications of Tab. 4.1. The analysis is performed for 1/3 PWM as well as
for the conventional 2/3 PWM (negative clamping) and 3/3 PWM over the
whole operating range of the motor. For the considered application example,
the battery voltage ranges within U, = 40V...60 V, however, for the follow-
ing analysis the lowest battery voltage U, = 40V is considered, where the
highest current stress in the DC/DC stage appears. The motor voltage ranges
within Uy, = 0V...40 V (phase amplitude), while the maximum motor volt-
age Uy, = 40 V operation yields the highest component stresses. For the sake
of simplicity, a resistive load R is assumed, hence a unity power factor (PF)
cos(¢) = 1is obtained. An analysis for a non-unity power factor cos(¢) < 1
is given in Sec. 4.3 In order to further simplify the analysis, the current rip-
ple of the DC/DC stage inductor Ly, and the DC/AC stage filter inductors Ly,
is neglected, unless stated otherwise.

In a typical DC/AC two-level inverter, the modulation index is defined
as the ratio between motor phase voltage amplitude and half the DC link
voltage

0,
M = 7 L (4.10)
2UDC
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and ranges within 0...2/v/3. However, since a DC/DC stage precedes the
DC/AC stage in the case at hand, it is desirable to relate Um to the battery
supply voltage Uy, instead of upc. Therefore, the modulation index is rede-
fined as the ratio between motor voltage and half of the battery voltage

M= (4.11)

b

D=
= ‘;‘F

The modulation index M can exceed the value of 2/v/3 thanks to the DC/DC
stage that can boost the supplying battery voltage. For the system at hand
(cf. Tab. 4.1), the modulation index ranges within M = 0...2. Thereby, the
transferred power P, battery current I, and motor fundamental phase current
amplitude I, can be derived as a function of the modulation index

3U2 3U U
2" "b 29Yp 2 b

— L =M"— I, =M— .

8R b 8R> ™" (412)

P=M ,
2R

where R = 302

m,max

/2Pmax = 4.8 Q).

Semiconductor Voltage Stress

First, the voltage stress on the power semiconductor devices is analysed. The
semiconductors of the DC/DC and of the DC/AC stage are blocking and/or
switching the DC link voltage upc. A higher DC link voltage upc results in
higher switching losses and hence a higher thermal stress on the semiconduc-
tor devices. Furthermore, the maximum DC link voltage upc max With some
additional safety margin dictates the voltage rating of the employed semi-
conductor devices. The maximum DC link voltage always appears for the
maximum motor voltage (in the case at hand represented by (M = My,ax = 2),
and is

UDC,max|3/3 PWM = 2Um,rnax = MumaxUp

UDC,max|z/3 PWM = %Um,max = Muax—Up (4-13)

UDC,maX|1/3 PWM = \/gUm,max = Mmax_Ub

SN

Therefore, both 1/3 PWM and 2/3 PWM schemes lead to a 13% voltage stress
reduction compared to 3/3 PWM.
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Semiconductor Switching Losses

The reduction of the switching losses Py, of the DC/AC stage is the main
advantage of 1/3 PWM, compared to conventional 2/3 PWM. In the follow-
ing, the switching losses for 1/3 PWM are analytically derived and compared
against the conventional modulation strategies. To this end, the switching
energy dissipation Eg, for each hard switching transition is approximated as
a linear function of the commutation current I,

Egw(Isw) = ko + kil . (4'14)

Accordingly, the switching power dissipation for a switching frequency f; is

Psw(Isw) = f;Esw = f; [kO + kllsw] . (4~15)

The parameters ko and k; depend on the switched voltage Usy,. Namely the
parameter k, represents the constant part of the switching losses and is cal-
culated in literature [110] (assuming unipolar power semiconductors) as

ko(Usw) = Qoss(Usw) * Usw, (4.16)

where Qo is the electric charge stored in the non-linear output parasitic
capacitance Coss of a MOSFET of a considered bridge-leg

Usw
Qoss(Usw) = /(; Coss (u)du (4~17)

For the case at hand, the parameter k;(Usy) depends on the semiconductor
technology and the gate driver configuration [111, 112]. Since the DC link
voltage does not drastically change for the different modulation strategies
as shown in (4.13), it can be assumed for a first step worst case considera-
tion that the parameters ko and k; are the same regardless of the modulation
strategy.

The expression given in (4.15) is used for the calculation of the switching
losses of the DC/DC stage, which are the same regardless of the modulation
strategy

Py = ﬁ,b [kO + kIIb] . (4~18)

Subsequently the expression (4.15) for the switching losses is applied
to the DC/AC stage, where the commutation current varies over time in a
sinusoidal fashion. In order to account for the sinusoidal current waveform,
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Fig. 4.8: Switching losses of the DC/AC stage under maximum motor voltage, i.e.
M = 2 for the case at hand. For the calculations a unity power factor cos(¢) = 1
is assumed. Numerical values are derived for the worst case operating condition of
Tab. 4.1 and the parameters of Tab. 4.5.

an integration of (4.15) over the fundamental period T, is performed. In
the case of 3/3 PWM, the resulting sum of the switching losses for all three
bridge-legs of the DC/AC stage (for assumed unity power factor cos(¢) =1
load condition) is

Psw|3/3 PWM = 3fs,m

2~
ko + kl_Im] . (4'19)
T

The switching losses comprise two components, a constant part 3f;mko
which is independent of the converter load and a linear part 3 f;,mklj%.jm (pro-
portional to the average value of a sinusoidal current half cycle) which in-
creases linearly with the output current I, and is used to characterise the
load state. The maximum switching losses of the DC/AC stage occur for
maximum motor voltage/power i.e. M = 2 and are illustrated in Fig. 4.8.
Similarly, the switching losses of the DC/AC stage employing 2/3 PWM are
derived using (4.15)

2 V3, 2.
Pswlorzpwm = 3fsm 3 ko + (1 - T) kl;Im . (4.20)
S~—— N—
—33.3% -43.3%
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2/3 PWM yields a reduction of the constant part of the switching losses by
33.3% and of the linearly current dependent part of the switching losses by
43.3%, compared to 3/3 PWM, since each phase is switched for 27T;,/3 of the
fundamental period Tp,. Finally, the switching losses for 1/3 PWM are calcu-
lated,

1 V3\, 2.
Pswlyzpwm = 3fsm 3 ko + (1 - 7) kl;Im . (4.21)
S~—— —_——
—66.6% ~86.6%

With 1/3 PWM a drastic reduction of the switching losses is achieved, since
each phase is switched only for T,,, /3 of the fundamental period T,,,. Namely, a
66.6% reduction of the constant part and a 86.6% reduction of the linear part is
possible compared to 3/3 PWM. Furthermore, 1/3 PWM notably outperforms
2/3 PWM in terms of switching losses. The switching losses of 2/3 PWM
and 1/3 PWM for maximum motor voltage/current and M = 2 are plotted in
Fig. 4.8. It is noted, that the reduction of the switching losses achieved by
means of 1/3 PWM, simultaneously enables a lower semiconductor heatsink
volume [87].

Semiconductor Current Stress

For the calculation of the conduction losses, the current ripple of the DC/DC
stage inductor L, and the DC/AC stage filter inductor Ly, is neglected. Ac-
cordingly, the resulting total conduction losses are independent of the mod-
ulation strategy of both stages and are equal to

3.
Pcd = IsRTb,on + ElilRTm,ona (4~22)

where Rty on and Rt on are the on-state resistances of the DC/DC and DC/AC
stage (unipolar) power semiconductor devices, respectively. However, the
sharing of the conduction losses among the semiconductor devices, i.e. the
sharing of the RMS current stress between the high-side and the low-side
switches, changes depending on the modulation strategy. It is therefore im-
portant to analyse the current stress for each semiconductor device individ-
ually in order to provide a basis for the proper selection of the components
in the design process.

The RMS current stress of Ty, and Ty, of the DC/DC stage is analytically
derived for the different modulation techniques over the whole modulation
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Fig. 4.9: Semiconductor device current stress for the three modulation strategies over
the whole operating range, M = 0...2 considered in the case at hand. (a) Normalized
RMS current of DC/DC stage high- and low-side semiconductor devices, with respect
to the DC/DC stage RMS inductor current Ip, pys. (b) Normalized RMS current of
DC/AC stage high- and low-side semiconductor devices, with respect to the DC/AC
stage RMS inductor current Iy rms. Numerical values are derived for the worst case
operating condition of Tab. 4.1 and the parameters of Tab. 4.5.
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range and results as

L, M<1
Itbirms |33 PWM = 1 (4.23)
Ly[—, M>1
M
0, M<1
Itba,RMS |3/3 PWM = 1 (4.24)
Afj1—-—, M>1
M
] M < 2
b = T =
V3
ItbyrMS |2/3 PWM = . ) (4.25)
L|———, M>—
V3M V3
0 M < 2
’ V3
Ity RMs |ar3 PWM = 5 ) (4.26)
Iy, /1 -t Ms =
V3M V3
4 M < 2
b> = T =
V3
Ity rMms |y pwm = 6In(3) s (4.27)
L , M>-—
\J \/gﬂM 3
0 M < 2
’ V3
I = .28
Tb2,RMS |1/3 PWM 11 61n (3) e 4 (4.28)
b N 3

The current stresses of the semiconductor devices, normalized with respect
to the DC/DC stage inductor (L) RMS current I, rms = I, are shown in Fig.
4.9(a). It should be noted that the sum of the instantaneous currents of T,
and Ty, is equal to the Ly, inductor current

itha (1) + itno (2) = inp (2). (4-29)
However, the relationship between the RMS currents is non-linear,

2 2 _
Ity rms + Ibzrms = Tiprus- (4.30)
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When the modulation index is low and the DC/DC stage is deactivated (e.g.
1/3PWMand M < 2/ \/5) the high-side switch Tj, of the DC/DC stage is
clamped and therefore experiences the whole RMS current stress. However,
this is typically not a problem since for low modulation indexes (low DC/AC
stage output voltage and/or motor speed) the power P and thus battery cur-
rent I, is anyway low. 1/3 PWM leads to asymmetric current distribution be-
tween the high-side and the low-side switches similar to 2/3 PWM, while the
asymmetry reduces as the modulation index and/or the transferred power
increases. In summary, the asymmetric current distribution caused by 1/3
PWM for low modulation index M, does not require over-dimensioning of
the DC/DC stage semiconductor devices. The (symmetric) stresses for high
modulation indexes M are higher than the (asymmetric) stresses for low val-
ues of M, hence dominate the dimensioning of the DC/DC stage semiconduc-
tors.

Similarly, the RMS current stress of the semiconductor devices Tp,, and
T, of the DC/AC stage is analytically calculated as

Eo1
ITmiRMS|3/3 PWM = ITmz RMS |3/3 PWM = 3@ (4.31)
Iﬂ BfM’ M < i
T
Iy rus o3 pwm = \F \E (4.32)
Iy 3 M 2
vaVar e
Iﬂ — 3Z§M’ M < i
I
Irma rMs|2/3 WM = YE \E (433)
m 3 M 2
A Vs
b [3VEM 2
47’ -
Ity rus |y Pwm = \/E T V3 (4-34)
m 1 M> 4
V22 3
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I f 3V3M 2
21— \[ , M<—
Itmz RMS /3 PWM = \5 d V3 (435
I, 1 M 4
V22 3

The current stresses of the semiconductor devices, normalized with respect
to the DC/AC stage inductor (Ly,) RMS current Iy rms = I /N2, are shown
in Fig. 4.9(b). The 3/3 PWM modulation results in symmetric current shar-
ing between the high-side and low-side semiconductor devices of the DC/AC
stage (4.31). In contrast, 2/3 PWM and 1/3 PWM lead to a similar asymmet-
ric current stress on the semiconductor devices (4.32)-(4.35). In particular,
higher current stress appears on the low-side switch of the DC/AC stage Tpn,,
when the modulation index is low (e.g. M < 2/+/3 and 1/3 PWM). As the mod-
ulation index increases (e.g. M > 4/3 and 1/3 PWM) the RMS current sharing
becomes more symmetric. The asymmetric current stress for low modulation
indexes (i.e. low motor voltage Uy, and/or motor speed) is critical. Care has
to be taken with the thermal design of the low-side switches T,,,, such that
they can conduct the nominal motor current I, and hence ensure nominal
motor torque during motor acceleration, starting from standstill. It is noted
that an alternative 2/3 PWM implementation, which ensures symmetric cur-
rent distribution for the whole operating range, is analysed in Sec. 4.1.2.
However, this alternative 2/3 PWM is not applicable in case of an FSF.

Inductive Components

The inductor losses are investigated, in a first step. It is assumed that a two-
stage DC/AC converter system is designed for conventional 3/3 PWM (e.g.
features a cooling system that can withstand the high switching losses of 3/3
PWM) and that the inductive components cannot be changed. In particular,
the DC/DC stage features an inductance Ly, and the DC/AC stage employs an
inductance Ly, regardless of the modulation scheme.

In general, there is a direct relation between the inductor losses and the
RMS inductor current ripple Al rms, as a high RMS current ripple results
in a high frequency RMS flux density and hence substantial core losses [85].
In addition, high RMS current ripple causes high-frequency winding losses
due to skin and proximity effect. Therefore, the RMS inductor current ripple
AL, ryms is a reasonable performance indicator for the design of the inductive
components and is calculated in the following for the different modulation
strategies over the whole operating range.
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Fig. 4.10: Inductor RMS current ripple for different modulation strategies over the
whole operating range M = 0...2 considered in the case at hand. In (a) the normalized
RMS current ripple of the DC/DC stage inductor Ly, is depicted. In (b) the normalized
RMS current ripple of the DC/AC stage filter inductor Ly, is plotted. Numerical values
are derived for the worst case operating condition of Tab. 4.1 and the parameters of
Tab. 4.5.
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For the DC/DC stage the same inductance value L, is considered regard-
less of the modulation strategy. Subsequently, the RMS inductor current
ripple ALy rys is calculated for the considered modulation strategies based
on a numeric solver (i.e. no analytical solution). The RMS inductor current
ripple, normalized with respect to the worst case local RMS current ripple

Um,max
4V3f L, ’

is plotted in Fig. 4.10(a). When the modulation index is low and the DC/DC
stage is deactivated (e.g. 1/3 PWM for M < 2/+/3), the high-side switch T,
of the DC/DC stage is clamped, therefore no current ripple appears on the
inductor Ly. As the modulation index increases (e.g. 1/3 PWM for M > 2/+/3)
the inductor current shows a gradually increasing ripple. Due to the lower
DC link voltage for the same DC/AC stage output voltage, 1/3 PWM exhibits
significantly lower RMS inductor current ripple compared to 3/3 PWM (21%
reduction of Al rms% occurs for M = 2) but only slightly lower ripple com-
pared to 2/3 PWM.

Similarly, for the DC/AC stage the same inductance value Ly, is consid-
ered independent of the modulation strategy. The RMS inductor current rip-
ple AlLmrums is calculated for all modulation strategies over the complete op-
erating range based on a numeric solver (i.e. no analytic solution). The RMS
inductor current ripple, normalized with respect to the worst case local RMS
current ripple

Al p RMS,max = (4.36)

A

Um, max

43 fmLm
is depicted in Fig. 4.10(b). In particular for 1/3 PWM, when the modulation
index is low, M < 2/ /3, the DC link voltage is constant and equal to the
battery voltage upc = Up. As the modulation index gradually increases (i.e.
M=0-—2/ \/5) the current ripple RMS value initially increases, reaches a
local maximum value and then decreases. When the modulation index ex-
ceeds the threshold value of M = 2/ /3, the DC/DC stage is activated and
the DC link voltage increases. Accordingly, the ripple of the DC/AC filter
inductor which is proportional to the DC link voltage also increases. In gen-
eral, 1/3 PWM yields similar current ripple RMS value as 2/3 PWM but lower
current ripple compared to 3/3 PWM (40% reduction of Alm rms% occurs for
M = 2).

In a more general case, where there is not a pre-existing converter de-
signed for 3/3 PWM, different inductance values can be advantageously se-
lected for the different modulation strategies. Besides a smaller heatsink

AILm,RMS,maX = (4- 37)
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volume for the DC/AC stage (thanks to the low switching losses), 1/3 PWM
allows for smaller inductance values, which translates into further volume
reduction. Accordingly, the minimum required inductance value Ly of the
DC/DC stage and the inductance Ly, of the DC/AC stage are analytically cal-
culated.

In order to calculate the required inductance L, a worst case current rip-
ple amplitude Al pk (single side peak value) is assumed. The same current
ripple limit applies regardless of the modulation strategy and the required
inductance is given by

Lb > dmin(1 - dmin)UDC,max ’ dmin — Ub
2Ly px fsb
where f;1, is the switching frequency of the DC/DC stage. Applying (4.38)
to 3/3 PWM, where Upc max = ZUm,max (4-13), the required inductance is

, (4-38)
UDC,max

Um,max

4AIppk fib

Subsequently, (4.38) is applied to 1/3 PWM and 2/3 PWM. The 1/3 PWM and
2/3 PWM schemes require the same inductance value because both modu-
lation schemes feature the same maximum instantaneous DC link voltage
UpCmax = Vgljm,max (4.13). The inductance is calculated as

Ly lg3pwm 2 (4.39)

(1 - \l@ ) ﬁm,max
2ALibpx fob

Consequently, 2/3 PWM and 1/3 PWM require 15% lower inductance com-
pared to 3/3 PWM for the DC/DC stage, resulting in an accordingly higher
power density.

For the calculation of the DC/AC stage filter inductance Ly,, a worst case
current ripple amplitude AL, pk (single side peak value) is considered. The
same limit applies for all possible modulation strategies and the required
inductance is given by

Lb|1/3 PWM = Lb|2/3 PWM = (4.40)

U
Lm > DC,max ’
8AILmpK fo,m

where f;p, is the switching frequency of the DC/AC stage. Applying (4.41)
to 3/3 PWM, the required inductance is

(4.41)

Ummax
Linlsspwm = ————. (4.42)
e 4AILm PK fom
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The 2/3 PWM and 1/3 PWM schemes require the same DC/AC stage induc-
tance Ly,, which based on (4.41) is

%Um,max
8AILmpK fom

Accordingly, 2/3 PWM and 1/3 PWM are reducing the DC/AC stage filter
inductance requirement by 13% and hence yield a smaller inductor volume
compared to 3/3 PWM.

LinlyzpwM = Loz pwm 2 (4.43)

DC Link Capacitor

The DC link capacitor Cpc must be carefully selected. On the one hand, the
capacitance value should be small in order to allow the DC/DC stage to accu-
rately control the DC link voltage to a six-pulse shape during 1/3 PWM oper-
ation (cf. Fig. 4.3(c)). In particular, the resonant frequency of the L, — Cpc
filter f;pc, must be af ~ 10 times higher compared to the repetition frequency
6 f of the six-pulse shaped DC link voltage, under 1/3 PWM operation

1

27T\/LbCDc.

Solving the inequality for Cpc provides an upper bound for the DC link ca-
pacitance

fibc = ag - 6fm, where  fipc = (4.44)

1

Cpc £ ——.
14472 Lyal f3

(4-45)

On the other hand, the capacitance value should be large enough in order
to limit the DC link voltage ripple amplitude AUpc to a sufficiently low value.
In particular, the capacitor Cpc conducts the switched output current of the
DC/DC stage as well as the switched input current of the DC/AC stage, both
contributing to the DC link voltage ripple Aupc(t). Therefore, the DC link
capacitance value must be

Ib,max Im,max

> ,
8fsbAUpc  8fsmAUpc

Cpc (4.46)
independent of the modulation strategy, in order to ensure a DC link voltage
ripple amplitude less or equal to AUpc. The design constraints of (4.45) and
(4-46) define a design space within which the capacitance Cpc must be se-
lected. The resulting DC link capacitance value is typically small since there
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is no need for energy storage in a three-phase system (in contrast to a single-
phase system). An approximate upper bound for the DC link capacitor RMS

current stress is

2 I

b,max m,max
+ —

4 4

ICDC,RMS,max = (4‘47)

A detailed analysis of the DC link capacitor current stress can be found
in [63]. In summary, the DC link capacitor must conduct a high-frequency
switched current with high peak values, while a low capacitance value is typ-
ically required. For this reason, ceramic or film capacitors are suggested for
the DC link implementation.

Motor Common-Mode Voltage

The motor common-mode (CM) voltage resulting from the different modula-
tion strategies is now analysed. A motor CM voltage with high du/dt would
results in parasitic CM currents which would partly flow through the mo-
tor bearing and could result in bearing damage [33]. For this reason, a full
sine-wave output filter (FSF) L;,, — Cy, is employed (cf. Fig. 4.1(a)) which
protects the motor against CM (and differential-mode) voltages with high
du/dt [34-38]. In particular, the FSF directly attenuates the switching fre-
quency CM voltage generated by the DC/AC stage and hence only a small
residual high-frequency (HF) motor CM voltage with an amplitude

U | _ 1 UDC,max
CMIHF — S5 7 ~ o
i 32 LinCin fim

(4.48)
remains at the motor terminals, where Upc max is given by (4.13). When an
FSF is employed, Um,CM|HF is noncritical concerning bearing currents and is
marginally higher for 3/3 PWM as opposed to 2/3 PWM and 1/3 PWM because
of the marginally higher DC link voltage Upc max of the former.

Furthermore, the motor CM voltage can feature a low-frequency (LF)
component

(4-49)

@+@+@_1
3 2/’

umcm|e(t) = upc(t) - (

depending on the employed modulation scheme, as depicted in Fig. 4.11.
In particular, 3/3 PWM features zero LF motor CM voltage up, cm|Le(t) = 0,
because the sum of the three-phase DC/AC stage duty cycles is constant over
time (cf. Fig. 4.2(a.ii)). In contrast, 2/3 PWM and 1/3 PWM feature a time
varying LF motor CM voltage [62] with a repetition frequency equal to 3 f,
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Fig. 4.11: Low-frequency component of the motor CM voltage up cm|Lr(2), for the
three examined modulation strategies of Fig. 4.2. Waveforms shown for maximum
motor voltage, i.e. M = 2 for the case at hand.

since the sum of the three-phase DC/AC stage duty cycles is different from
zero (cf. Fig. 4.2(b.ii) and (c.ii), respectively). The LF motor CM voltage is
also noncritical concerning motor bearing currents.

4.3 Component Stresses for cos(¢) <1

The impact of a low load power factor (PF) on the overall design of the two-
stage converter system is discussed. A converter system that can operate
under any load voltage-current phase shift ¢ is desirable in this case study.
Therefore, the stresses on the different system components are now analysed
for a PF cos(¢) < 1. In particular, the load current is assumed to either lead
or lag the load voltage by a phase shift angle ¢ = —90°...90° (i.e. capacitive
or inductive load behaviour). Accordingly, the transferred apparent power
S = 0VA...500 VA, active power P, battery current [, and load fundamental
phase current amplitude I, can be derived as a function of the modulation
index M and PF cos(¢) as

3U2 3U2
S = M28_1§’ P= MZS—; cos(¢@),
3, U, (4.50)
I = Mzg cos(p), In= Mﬁ’
where R = 3Ur%1,max/25max =48Q.
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4.3. Component Stresses for cos(¢) < 1

The switching losses of the DC/DC stage can directly be derived by sub-
stituting I, from (4.50) in (4.18). Since the battery current I, decreases as the
PF reduces, the DC/DC stage switching losses also decrease. The switching
losses of the DC/AC stage for 3/3 PWM are independent of the PF and are
therefore given by using (4.19). On the other hand, the switching losses of
the DC/AC stage for 2/3 PWM and 1/3 PWM depend on the PF, hence the
phase shift ¢ has to be considered in the derivation of the local switching
losses (4.15) of the DC/AC stage as

psw(g) = ﬁ,m [kO + klfmlcos(l9 - ¢)|] . (4.51)
By averaging psw(J) over a 27 wide fundamental period the global average
switching losses can be derived. For 2/3 PWM, the switching losses are cal-
culated as

Psw|2/3 PWM = (4-52)

3 %’r 27
3 / Do (8)d0 + / Po(8)d8)
27 | Jo ix

which for a voltage-current phase shift of |¢#| < 30° results in

gko + (1 - M) 13} Ef l (4.53)
T

Psw|2/3 PWM = 3ﬁ,m

and for |@| > 30° gives

sin
Psw|2/3PWM = 3fs,m [ kO (2 |¢| ) kl_ ] (4.54)

The same procedure can be applied to calculate the DC/AC stage switching
losses for 1/3 PWM where

27 S
3 5 5
Pakisrwn = o | [ po@d9+ [ pu@a9]. as)
3 5
which for a voltage-current phase shift of |¢| < 30° results in
1 V3 cos 2 4
Py lispwm = 3fsm [gko + (1 - TW) k=1 l (4.56)
T
while for |¢| > 30° gives
sin
PswlyspwM = 3fsm [gko 91 k1— ] (4.57)
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Fig. 4.12: Switching losses of the DC/AC stage as a function of the voltage-current
phase shift ¢ of the load and the modulation scheme. (a) 3/3 PWM, (b) 2/3 PWM and
(c) /3 PWM. There, the worst case operating point with the maximum motor voltage
(M = 2 for the case at hand) is considered, while numerical values are derived for the
worst case operating condition of Tab. 4.1 and the parameters of Tab. 4.5.

In Fig. 4.12, the switching losses for all modulation schemes depending on
the phase shift ¢ of the load are plotted. Compared to the load independent
losses obtained with 3/3 PWM, the losses for 2/3 PWM and 1/3 PWM slightly
increase with increasing phase shift, since in the middle phase a higher cur-
rent has to be switched than with cos(¢) = 1. It is noted, that the switching
losses are symmetric with respect to ¢, i.e. the losses for a voltage-current
phase shift +¢ are equal to the respective losses for —¢. It can be deduced
from Fig. 4.12, that although the switching losses for 2/3 PWM and 1/3 PWM
increase as the PF reduces, both still generate by far lower overall switching
losses compared to 3/3 PWM.

For a complete converter system design, the stresses on the remaining
components must be considered. The total conduction losses of the con-
verter system can still be calculated from (4.22) over the whole PF range,
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where the battery current I is substituted from (4.50). Similarly, the math-
ematical formulas which describe the current stresses on the semiconduc-
tor devices of the DC/DC stage (4.23)-(4.28) and DC/AC stage (4.31)-(4-35)
are still valid. The DC/DC stage semiconductor devices must hence be de-
signed for the worst case operating condition with the maximum load volt-
age/power (M = 2) and unity PF (¢ = 0°), independent of the modulation
strategy. For this operating condition, the maximum switching losses and
conduction losses appear simultaneously on the DC/DC stage semiconduc-
tors, since I, is maximum (4.50). The same worst case operating condition
applies for the DC/AC stage semiconductor devices, if they are designed for
3/3 PWM operation. However, if the DC/AC stage semiconductor devices
are designed for 2/3 PWM or 1/3 PWM the worst case operating condition
appears for the maximum load apparent power S but zero PF (|¢p| = 90°).
For this operating condition, the maximum switching losses (cf. Fig. 4.12)
and conduction losses (maximum load current I,) appear simultaneously on
the DC/AC stage semiconductors. Finally, the proposed inductor values Lj,
for the DC/DC stage and Ly, for the DC/AC stage (4.39)-(4.40) and (4.42)-
(4.43), respectively), as well as the recommended DC link capacitor value
Cpc (4-45)-(4.46), are applicable for cos(¢) < 1.

4.4 Experimental Validation

In order to verify the performance potential of the 1/3 PWM modulation, a
hardware demonstrator is designed and built according to the specifications
of Tab. 4.1.

4.4.1 Design Procedure

A two-stage converter system, shown in Fig. 4.1(a), is designed for conven-
tional 3/3 PWM. Later, 1/3 PWM is retrofitted to the system by means of a
firmware update. In this case, the drive system features a cooling system
that can withstand the high DC/AC stage switching losses of 3/3 PWM. In
addition, the DC/DC stage inductor L}, and the DC/AC stage inductors Ly,
are designed for 3/3 PWM. The worst case operating condition that yields
the highest component stresses is first identified, in order to design the con-
verter. The worst case operating condition appears for maximum motor volt-
age/power and unity power factor, as highlighted in Tab. 4.1. The converter
employs 200V rated EPC 2034 semiconductor devices and a switching fre-
quency of f; = 300kHz for both the DC/DC stage as well as the DC/AC
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4.4. Experimental Validation

stage. Each half-bridge of the DC/AC stage features two semiconductor de-
vices (i.e. single device per switch) while the DC/DC stage half-bridge em-
ploys four EPC 2034 semiconductor devices (i.e. two devices in parallel per
switch). In Tab. 4.2 the semiconductor voltage/current stresses and the con-
duction/switching losses are calculated for both the DC/DC stage and the
DC/AC stage. The inductor performance is summarized in Tab. 4.3. Finally,
the DC link capacitor value is selected considering a maximum allowed DC
link voltage ripple amplitude of AUpc = 0.8V (~ 1% of the DC link volt-
age). Based on (4.45) and (4.46), the DC link capacitor value is constrained
in the interval 11 pF < Cpc < 29 uF, from which the value of Cpc = 25 yF is
selected.

According to Tab. 4.2 and Fig. 4.8, the use of the 1/3 PWM scheme
leads to a significant reduction of the DC/AC stage switching losses (3.3 W)
compared to 3/3 PWM (13.9 W). As a result, a substantial overall efficiency 5
increase is achieved by means of 1/3 PWM. The inductor losses also decrease,
since 1/3 PWM results in an RMS current ripple reduction of the DC/DC stage
inductor L, and DC/AC stage inductor Ly, (cf. Tab. 4.3).

In a more general case, where there is not a pre-existing drive system
designed for 3/3 PWM, different inductance values can be selected for the
different modulation strategies. Besides a smaller semiconductor heatsink
volume of the DC/AC stage, thanks to the low switching losses, 1/3 PWM
allows for smaller inductance values. The inductor values and the resulting
inductor RMS current ripple are summarized in Tab. 4.4. There, 1/3 PWM not
only employs a smaller DC/DC stage inductance L, and DC/AC inductance
Ly, but also features lower RMS current ripples. Therefore, the inductors L,
and Ly, can be realised in a more compact way, which translates into a lower
overall volume for 1/3 PWM compared to 3/3 PWM.

It is noted that the equations summarized in Tab. 4.2 - 4.4 serve as a
general design guideline and can be extended for motor drive systems with
different specifications. After the designer selects an appropriate switching
frequency f;, based on the available semiconductor technology, Tab. 4.2 -
4.4 can be easily used in order to design the two-stage converter.

4.4.2 Experimental Results

The demonstrator system of Fig. 4.13 with the parameter values of Tab.
4.5 is assembled. The hardware prototype comprises a power and a control
board. The power board includes the DC/AC stage and the DC/DC stage
half-bridges, the respective gate drivers, a custom aluminium heatsink and
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the four inductors. Four 25mm fans are used for forced air cooling. The
custom control board, which is placed on top of the power board, is used for
the generation of the gating signals and the current/voltage measurement.

The 1/3 PWM modulation strategy is implemented in software and tested
according to the control diagram of Fig. 4.5. The experimentally mea-
sured waveforms are shown in Fig. 4.14 for maximum transferred power
P = 500 W and maximum motor phase voltage amplitude Un = 40V, ie.
modulation index M = 2. There, the six-pulse shape of the DC link voltage
upc is clearly visible. Furthermore, the three motor line-to-line voltages are
depicted. The DC link voltage is equal to the highest instantaneous motor
line-to-line voltage. In addition, the gate signal of phase a of the DC/AC
stage is shown, which reveals that the corresponding half-bridge is switched
only for 1/3 of the fundamental period Tp,,. Subsequently, a transition from
2/3 PWM to 1/3 PWM is shown in Fig. 4.15. There, the output motor line-
to-line voltages are gradually increased and a seamless transition (without
unwanted transients) from 2/3 PWM to 1/3 PWM is achieved. The experi-
mental measurements are verifying the theoretical consideration of Sec. 4.1.
It should be pointed out that 1/3 PWM can be applied on existing converter
systems as a firmware update. That is, no hardware modifications are needed
in order to accommodate the 1/3 PWM scheme.

The converter efficiency characteristic is now measured over the whole
output power range, P = 0 W...500 W, in order compare 1/3 PWM against the
conventional modulation strategies 2/3 PWM and 3/3 PWM. The results are
illustrated in Fig. 4.16. 3/3 PWM exhibits the worst performance of =~ 96%
nominal efficiency due to the continuous switching of all three DC/AC stage
half-bridges. Furthermore, when the modulation index exceeds M > 1, the
DC/DC stage is activated, resulting in additional losses due to the DC/DC
stage semiconductor devices and inductor. Therefore, a sharp decrease in
efficiency appears for M > 1. 2/3 PWM outperforms 3/3 PWM with a nominal
efficiency of § ~ 97.2%. When the modulation index exceeds M > 2/v/3, the
DC/DC stage is activated causing a steep drop in efficiency. 1/3 PWM features
the highest nominal efficiency, =~ 98%, thanks to the drastic reduction of
the DC/AC stage switching losses. Note that 1/3 PWM does not suffer from
an efficiency reduction for M > 2/ V3 when the DC/DC stage is activated.
This is attributed to the continuous transition between the 0 + 2/3 and the
1+1/3 modulation regimes of Fig. 4.6. Namely, for 0+2/3 modulation regime
the DC/DC stage is not switching, while two phases of the DC/AC stage are
switching. For 1 + 1/3 modulation regime the DC/DC stage half-bridge is
switching, while only one phase of the DC/AC stage is switching. Therefore,
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Fig. 4.13: Three-phase converter hardware prototype (cf. Fig. 4.1(a)) employed
for experimentally verifying the main characteristics of 1/3 PWM. Dimensions
35mm X 50 mm X 106 mm (11.32 in3). Besides 1/3 PWM, the hardware prototype sup-
ports 2/3 and 3/3 PWM, thus allows for a direct comparison among the three modu-
lation strategies.

Tab. 4.5: Parameter values of the hardware prototype shown in Fig. 4.13 correspond-
ing to the schematic diagram notation of Fig. 4.1(a).

DC/DC stage

Switching frequency f;p 300 kHz

Switches (2 devices parallel) 200V EPC 2034

Inductance Ly, 1.5uH

Capacitance G, 10 uF

Capacitance Cpc 25 uF, (AUpc = 0.8V, as = 10)
DC/AC stage

Switching frequency f;m 300 kHz

Switches (1 device) 200V EPC 2034

Inductance Ly, 4.7uH

Capacitance Cpy 2 uF
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Fig. 4.16: Efficiency of the hardware prototype employing the 1/3 PWM modulation
strategy in the whole operating power range P = 0 W...500 W. The efficiency mea-
surement is also performed for the conventional 2/3 PWM and 3/3 PWM, and a clear
comparative advantage in favour of 1/3 PWM is deduced.

in any case in total two half-bridges (including the DC/DC and the DC/AC
stage) are switching, resulting in a smooth efficiency curve.

Overall, a 10 W (50%) reduction of the overall converter losses is experi-
mentally achieved with 1/3 PWM compared to 3/3 PWM. It can be assumed
that this 10 W losses reduction originates mainly from the reduction of the
DC/AC stage switching losses under 1/3 PWM, while the rest of the loss con-
tributions either remain the same (e.g. DC/DC stage semiconductor switch-
ing/conduction losses and DC/AC stage semiconductor conduction losses),
or slightly decrease (e.g. DC/DC stage and DC/AC stage inductor losses),
compared to 3/3 PWM. Therefore, the experimentally measured 10 W reduc-
tion of the DC/AC stage switching looses with 1/3 PWM, matches well with
the respective theoretically calculated value of 10.7 W from Fig. 4.8.

Experimentally measured waveforms of the DC/DC stage inductor (L)
current are shown in Fig. 4.17(i), while the DC/AC stage inductor (Ly,) cur-
rent and current ripple are depicted in Fig. 4.17(ii) and (iii), respectively.
The results are plotted for the three considered modulation strategies and
for a modulation index of M = 1.75. It should be noted that the DC/AC stage
inductor current ripple shape is unique to the FSF of Fig. 4.1(a), i.e. for fil-
ter capacitors Cy, connected to the negative DC link rail. 3/3 PWM induces
the highest current ripple for both the DC/DC stage inductor Ly, and for the
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4.4. Experimental Validation
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Fig. 4.18: Theoretically calculated inductor RMS current ripple (continuous lines)
compared against experimental measurements (x marks). (a) Corresponds to the
DC/DC stage while (b) refers to the DC/AC stage.

DC/AC stage inductors Ly,. On the contrary, 1/3 PWM generates the lowest
overall current ripple and hence the lowest inductor losses. The 2/3 PWM
current ripple performance lies in between the values achieved for 1/3 PWM
and 3/3 PWM.

Finally, the experimentally measured RMS inductor current ripple is com-
pared against the theoretically calculated values of Fig. 4.10. The results are
shown in Fig. 4.18(a) and (b) for the DC/DC and DC/AC stage, respectively.
An excellent matching between the theoretical analysis and the experimental
measurements is verified.
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4.5 Summary

As shown in this chapter, 1/3 PWM can be applied to three-phase DC/AC
converter systems which feature a separate DC/DC and DC/AC stage and
are designed to cope with a wide input-output voltage variation (cf. Fig.
4.1). 1/3 PWM utilizes a variable DC link voltage instead of a constant DC
link voltage used in conventional PWM modulation schemes (cf. Fig. 4.3).
Thereby, it is possible to generate three-phase sinusoidal line-to-line output
voltages by switching always only one out of the three DC/AC stage half-
bridges (cf. Fig. 4.4). A main advantage of the 1/3 PWM modulation is that it
can be easily retrofitted to existing three-phase converter systems by means
of a firmware update. In order to quantify the performance advantage of 1/3
PWM, the semiconductor switching losses are analytically calculated and the
remaining converter component stresses are comprehensively analysed (cf.
Tab. 4.2-4.4). Itis deduced that 1/3 PWM reduces the switching losses of the
DC/AC stage by more than 66% compared to the conventional 3/3 PWM mod-
ulation strategy. 1/3 PWM also outperforms the more advanced 2/3 PWM by
reducing the switching losses of the latter by at least a factor of two (cf. Fig.
4.8). Besides the lower switching losses, 1/3 PWM exhibits similar if not
slightly lower current and/or voltage stresses on the remaining converter
components compared to the 2/3 PWM modulation strategy. Therefore, 1/3
PWM is a promising modulation technique with substantial advantages over
state-of-the-art approaches. Finally, a hardware demonstrator is assembled
and tested (cf. Fig. 4.13). There, the uncomplicated operation of 1/3 PWM
is experimentally validated (cf. Fig. 4.14-4.15). Furthermore, 3/3 PWM, 2/3
PWM and 1/3 PWM are applied to the same hardware demonstrator and the
corresponding losses are measured over a wide power range. A 2% increase
of efficiency, i.e. a loss reduction of 50% is measured for 1/3 PWM compared
to 3/3 PWM for the considered application (cf. Fig. 4.16).
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This chapter summarizes the key research findings also presented in:

» M. Antivachis, N. Kleynhans, and J. W. Kolar, “Three-phase sinusoidal
output buck-boost GaN Y-inverter for advanced variable speed AC
drives,” IEEE Journal of Emerging and Selected Topics in Power Electron-
ics, 2020, early access. DOI: 10.1109/JESTPE.2020.3026742.

» M. Antivachis, D. Bortis, D. Menzi, and J. W. Kolar, “Comparative eval-
uation of Y-inverter against three-phase two-stage buck-boost DC-AC
converter systems,” in Proc. of International Power Electronics Confer-
ence (IPEC-ECCE Asia), Niigata, Japan, May 2018, pp. 181-189. DOL
10.23919/IPEC.2018.8507664.

» M. Antivachis, D. Bortis, L. Schrittwieser, and J. W. Kolar, “Three-
phase buck-boost Y-inverter with wide DC input voltage range,” in
Proc. of IEEE Applied Power Electronics Conference and Exposition
(APEC), San Antonio, TX, USA, March 2018, pp. 1492-1499. DOL
10.1109/APEC.2018.8341214.

Motivation

Conventional buck-boost inverters comprise two energy conversion stages, thus

suffer from high losses and require a relatively large volume. In order to overcome

the performance barriers of state-of-the-art solutions, a new, single-stage buck-
| boost inverter topology is proposed in this chapter.
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Chapter 5. Y-Inverter

Executive Summary

Motor drive systems supplied by a fuel-cell/battery are especially demanding
when it comes to the design of the inverter. Besides a high performance (high
efficiency 1 and power density p), the inverter has to cope with the wide DC
voltage variation of the fuel-cell/battery that supplies the motor drive. A promis-
ing three-phase inverter topology, denoted as Y-VSI, is presented in this chapter.
The Y-VSI is a modular three-phase inverter, and comprises three identical phase-
modules connected to a common star “Y” point. Each phase-module is equivalent
to a buck-boost DC/DC converter, which allows the AC output voltages to be
higher or lower than the DC input voltage. Thereby, the Y-VSI effectively copes
with the wide variation of the fuel-cell/battery voltage. Each phase-module can
be operated in a similar fashion to a conventional DC/DC converter, independent
of the remaining two phases. Accordingly, a straightforward and simple opera-
tion/control of the Y-VSI is possible. In addition, the Y-VSI features an integrated
output filter. This allows for continuous/sinusoidal motor voltage waveforms,
eliminating the need of an additional filter between the inverter and the motor.
This chapter details the operating principle of the Y-VSI, and comparatively eval-
uates two modulation strategies. In order to validate the proposed concepts, a
Y-VSI hardware prototype is assembled within the context of a high-speed motor
drive. In the investigated drive system, a fuel-cell supplies the Y-VSI, which in re-
turn controls a 28okrpm 1kW electric compressor. The Y-VSI hardware prototype
is compared against a state-of-the-art hardware prototype, which features two en-
ergy conversion stages. It is shown that the Y-VSI is Ap = +2.3% more efficient
and at the same time Ap = +10% more power dense compared to the conventional
| inverter solution. |

The electrification of vehicles has created new application opportunities
for the power electronics industry [47,113,114]. One such application exam-
ple is shown in Fig. 5.1(a). There, a 10kW fuel-cell is depicted, which is
part of a fuel-cell vehicle powertrain. An auxiliary drive system controls a
high-speed 1kW electric compressor, which in return provides the required
oxygen for the fuel-cell unit operation [2]. This compressor drive system is
directly supplied by the fuel-cell DC voltage U; = 60V...120 V and uses 10%
of the fuel-cell power. The employed high-speed 280 krpm electric compres-
sor [53] has a nominal phase voltage amplitude of U, = 40V. The system
specifications are summarized in Tab. 5.1.

In general, motor drives placed on board of vehicles, demand efficient in-
verter systems in a small form factor. Besides the high performance, the new
generation of inverter systems is expected to offer additional functionalities:
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Fig. 5.1: Considered motor drive application. (a) An electric compressor provides
oxygen to the fuel-cell, while a motor drive, directly supplied by the same fuel-cell,
controls the electric compressor. (b) Fuel-cell voltage-current characteristic.

Tab. 5.1: Specifications of Fig. 5.1 motor drive. The nominal operating condition is
highlighted in bold.

Fuel-cell voltage 60V...120V
Fuel-cell power 0W...10kW
Inverter output freq. 0Hz...5kHz
Inverter power 0W...1100W

Motor speed
Motor voltage
Motor power

Orpm...280krpm
0V...40V (phase, PK)
0W...1000W

A=
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(i) Buck-boost operation. The inverter system must cope with the wide
voltage variation of a fuel-cell. The fuel-cell voltage is highly depen-
dent on the operating point, as depicted in Fig. 5.1(b). The fuel-cell
voltage is high when no current is drawn, while the fuel-cell voltage is
decreasing as the drawn current increases [43]. The inverter has to al-
ways guarantee the full speed range of the motor. That is, the inverter
must be able to generate the nominal motor voltage, which is propor-
tional to the motor speed, independent of the input voltage fluctuation.
It is noted, that similar considerations apply for inverters supplied by
a battery. In this case, the DC input voltage can significantly fluctuate,
depending on the charging status and the operating temperature of the
battery.

(if) High quality motor voltage. High-speed motors are an essential
component of power dense motor drives, thanks to their small vol-
ume/weight. However, such motors are sensitive to poor current qual-
ity, which induces high rotor losses [23, 64]. Therefore, the inverter
must guarantee high quality, sinusoidal motor voltages/currents. In
addition, the fast switching speeds of the latest generation of wide-
bandgap (WBG) semiconductor devices cause high du/dt > 30kV/ps
[26,27], which poses a great concern for the motor reliability. The most
common problem is premature bearing failure due to high common-
mode (CM) du/dt [33,95,115]. For the above reasons, a DM/CM sine-
wave output filter must be placed between the inverter and the motor.

There has been extensive research in literature, towards inverter topolo-
gies with a wide input-to-output voltage ratio. A conventional voltage source
inverter (VSI), only features buck-type functionality, hence cannot be di-
rectly used in the examined application. However, by exchanging the DC
link capacitor of a VSI, with an LC DC link impedance network, then the
Z-source inverter (ZSI) is derived [116,117]. The ZSI utilizes shoot-through
zero states [118,119], and its unique DC link impedance network, in order to
achieve buck-boost capability, i.e. generates AC output voltages which are
higher or lower than the input voltage. However, the ZSI suffers from in-
creased voltage/current stress under boost operation, a fact that effectively
limits its usability [120—-122].

Buck-boost inverters with two energy conversion stages, as shown in Fig.
5.2, have found broad acceptance. In order to enable boost functionality, a
boost-type DC/DC converter is placed before a VSI. The dedicated boost-type
DC/DC converter (DC/DC stage) adapts the fluctuating input voltage U; to a
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Chapter 5. Y-Inverter

higher DC link voltage Upc, when necessary. The DC link voltage supplies
the VSIL, which generates the AC motor voltages (DC/AC stage). A DM/CM
filter is placed after the VSI in order to ensure high quality voltage for the
motor. This popular inverter solution is denoted as boost-VSI (B-VSI). This
two-stage inverter [106,108,109] processes the transmitted power twice, first
in the DC/DC stage and then in the DC/AC stage, thus the overall perfor-
mance is compromised. The increased number of inductive components and
semiconductor losses originating from the DC/DC stage result in a low effi-
ciency and a relatively large volume.

A current source inverter (CSI) based solution can be used instead of
the B-VSI [123,124]. The CSI is inherently a boost-type inverter [125-127],
i.e. it generates AC output voltages which are strictly greater than the input
voltage. In order to enable buck functionality, in addition to the inherent
boost functionality of the CSI, a buck-type DC/DC converter must precede
the CSI. Therefore, a two-stage inverter topology results, denoted as buck-
CSI (B-CSI) [128,129]. The switches of the CSI have to be realized with two
anti-series connected devices (two anti-series MOSFETs or a MOSFET anti-
series connected with a diode) [130], a fact that potentially leads to higher
complexity, reliability concerns and higher conduction losses. This is a draw-
back of the B-CSI which limits its practical use.

In response to the shortcomings of the state-of-the-art inverter solutions,
the Y-VSI inverter topology of Fig. 5.3, is proposed in this chapter. The Y-VSI
is based on the well established idea of modular three-phase inverters [131-
137], where three identical DC/DC converters are connected to a common
star “Y” point. In the case of the Y-VSI, each phase-module is equivalent to
a non-isolated buck-boost DC/DC converter, while the three phase-modules
are connected to the negative DC rail n (star point). The modular concept
employed by the Y-VSI is highlighted in Fig. 5.4. The Y-VSI benefits from
four key features:

(i) Buck-boost capability. Thanks to the inherent buck-boost characteris-
tic of each phase-module, the AC output voltage can be higher or lower
than the DC input voltage.

(if) High efficiency. The Y-VSI processes the transmitted power P in a
unique way. In the typical case, only three out of the six half-bridges
are switched, at any given point in time. As a result, low switching
losses are generated and a high inverter efficiency is achieved.

(iii) High quality motor voltage. The Y-VSI features an integrated L, —
C, output filter, hence generates continuous/sinusoidal motor voltages.
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Fig. 5.4: Modular three-phase inverter concept. Three identical buck-boost DC/DC
converters are referenced to a common star “Y” point (negative DC rail n) in order to
assemble a modular three-phase inverter system.

Therefore, no additional filter is required, between the inverter and the
motor.

(iv) Simple control strategy. Each phase-module can be controlled inde-
pendent of the remaining two phases and employs a simple control
configuration, similar to conventional DC/DC converters.

In a first step, the operating principle of the Y-VSl is explained in Sec. 5.1.
In particular, two modulation strategies are proposed, while the uncompli-
cated control of the Y-VSI is highlighted. In Sec. 5.2 and Sec. 5.3, the volt-
age/current stresses on the different inverter components are analytically
derived, and a comprehensive design guideline is presented. The proposed
concept is experimentally validated in Sec. 5.4. A Y-VSI hardware prototype
and a conventional B-VSI hardware prototype are purposely assembled and
compared for the specifications of Tab. 5.1. The experimental results vali-
date the performance benefits derived from the Y-VSI technology. Finally, a
summary is given in Sec. 5.5.

5.1 Modulation Strategies

A three-phase inverter system can be constructed in a modular way [132-137]
as is visualised in Fig. 5.4. Three identical phase-modules, each comprising
a non-isolated DC/DC converter, are connected to a common star “Y” point.
Following this modular inverter concept, the Y-VSI of Fig. 5.3 consists of
three buck-boost DC/DC converters [138] connected to the negative DC rail
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Fig. 5.5: (a) Buck regime of the Y-VSI, where the output voltage is lower than the
input voltage uan(t) < Uj and (b) boost regime, where the output voltage is greater
than the input voltage uan (¢) > Uj.

n (star point). The phase a module comprises two half-bridges, the buck half-
bridge a; and the boost half-bridge a,, connected to the opposite terminals
of an inductor L,. When the inverter output voltage is lower than the input
voltage u,n < Ui, the Y-VSI operates in buck regime of Fig. 5.5(a), where
only the buck half-bridge g, is switched. Contrary, when the inverter out-
put voltage is higher than the input voltage u,, > Uj, the Y-VSI operates in
boost regime of Fig. 5.5(b), where only the boost half-bridge a, is switched.
Furthermore, phase a includes an output capacitor C,, placed between the
output terminal a and the negative DC rail n. The Y-VSI generates three
sinusoidal motor phase voltages

Uma(t) = Uao = Upn cos(wmt)
~ 2
Ump(t) = tbo = Unm cos(wmt — ?), (5.1)

A 2r
Umc(t) = Ueo = Un cos(wmt + ?)
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where wy, = 27 fy, is the motor fundamental angular velocity. The resulting
sinusoidal motor currents are

im,a(t) = fm cos(wmt — ¢)
im,b(t) = fm cos(wmt — 2?7[ - ¢) (5,2)
Ime(t) = Iy cos(wpt + 2?” - )

For the sake of simplicity, the motor voltage is considered to be in phase
with the motor current (unity power factor cos(¢) = 1 & ¢ = 0). The
modulation index that relates the motor phase voltage amplitude Uy, to the
fuel-cell voltage U is defined as

E‘C:)

M= (5-3)

[
=

The modulation index M can exceed the value of 2//3, which is the limit
of a conventional VSI, thanks to the inherent buck-boost capability of the
Y-VSI. Each phase-module is independent of the remaining two phases, thus
the analysis is from now on focused on phase a, when possible.

5.1.1 Sinusoidal Modulation (SPWM)

The sinusoidal motor voltage u,, cannot be directly generated by phase-
module a. The motor phase voltage u,, assumes negative values, during the
negative half-cycle (/2 < ¢ < 37/2), while the output voltage of the phase
a module (DC/DC converter) must be strictly positive u,, > 0. Instead of
sinusoidal voltages, the phase-modules [a, b, c] generate sinusoidal voltages
with an offset uyg

Uan (1) = U, cos(wmt) + Uof

N 21
upn (t) = Up, cos(wpt — ?) + Uoff, (5.4)

. 21
Uen (t) = Up cos(wpmt + ?) + Uoft

such that the output voltages remains always positive e.g. uy(f) = 0. Ina
first step, a constant offset voltage is selected

Uoff = Un. (5:5)
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Fig. 5.6: Sinusoidal modulation strategy (SPWM) characteristic waveforms. (a) In-
verter output voltages (offseted sinusoidal shape). (b) Phase a duty cycles followed
by (c) gate signals. (d) Phase a filter inductor current and motor current, (e) filter
inductor current ripple and (f) motor voltages.
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Therefore, three sinusoidal voltages with the same constant offset voltage are
generated with respect to the Y-VSI star point n. The phase a output voltage
is

tan (@) = Um(cos(p) +1). (5:6)

The Y-VSI output voltages in this case are visualized in Fig. 5.6(a). Even
though the inverter output voltages are offseted sinusoids, the line-to-line
voltages u,p, upe and uc, are sinusoidal. Accordingly, sinusoidal motor phase
voltages/currents appear. Since the inverter output voltages have an offseted
sinusoidal shape, the current modulation strategy is denoted as sinusoidal
pulse width modulation (SPWM). It is noted that, the offset voltage u.g = Um
is common to all three phases, hence constitutes by definition a common-
mode (CM) voltage component. A CM voltage component cannot drive any
current in a three-phase motor with a floating neutral point o.

The characteristic waveforms of a Y-VSI employing SPWM are analysed
in the following. Depending on the instantaneous motor voltage u,, (¢) value,
the output inverter voltage u,, () can be higher or lower than the input volt-
age U;. Accordingly, phase-module a operates in buck or boost regime as
highlighted in Fig. 5.6(a)

buck regime my(¢) <1, +¢@o < @ <271 — @ 57)
) 57

boost regime m,(¢) > 1, —¢o <@ <+,
where m, is the modulation factor, showing the instantaneous ratio between
the inverter output voltage and the input voltage

M (@) = tan (@) /U;. (5.8)

The transition angle from boost to buck regime is

Ui=Un) 3 (2
@0 = cos! (0—) 53) cos™? (M - 1) . (5.9)

During buck regime in Fig. 5.6(c), the half-bridge a; (devices T,; — T,) is
operated with the switching frequency f;, while the high-side switch T3 of
the half-bridge a, is continuously turned-on (clamped). In this case, phase-
module a reduces to a simple buck converter as highlighted in Fig. 5.5(a).
During boost regime in Fig. 5.6(c), the half-bridge a, (devices T,3 — To4) is
operated with the switching frequency f;, while the high-side switch T,; of
the half-bridge a; is continuously turned-on (clamped). In this case, phase-
module a reduces to a simple boost converter as highlighted in Fig. 5.5(b).
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Chapter 5. Y-Inverter

Depending on the instantaneous output voltage reference u,y (t), the inverter
transitions seamlessly between buck and boost regime.

The two half-bridges a; and a, are operated in a mutually exclusive fash-
ion. That is, only one half-bridge is in switching operation, while the high-
side switch of the other half-bridge is continuously turned on. In total, only
three half-bridges are switched, at any given point in time. As a result, low
switching losses are generated and high inverter efficiency is achieved. Note
that a simple VSI employing SPWM results in continuous switching of three
half-bridges, which is the same as for the Y-VSI. A VSI is a single-stage in-
verter from a power conversion perspective. Accordingly, a Y-VSI can also
be considered as a single-stage inverter topology, based on the number of
switched half-bridges.

The characteristic waveforms of phase a, which are illustrated in Fig. 5.6,
are half-period symmetric. Therefore, the analytic expressions of those wave-
forms are calculated for only half of the fundamental period, i.e. in the inter-
val 0 < ¢ = wmt < 7. The duty cycles d,, and d,, which control the high-side
switches of the half-bridges a; and a,, respectively, are now calculated. Each
point in time ¢ of the offseted sinusoidal output voltage u,, (t), can be consid-
ered as a quasi-static operating point of the DC/DC converter phase-module.
This is true because the switching frequency is much higher compared to the
motor fundamental frequency f; > f,,. Thereby, the duty cycles d,, and d,,
can be derived

. 1, 0<¢ <o
da, () = min [1,m,(¢)] “\m @), po<p<r’ (5.10)
1 — 0<o<
da, (¢) = min [1, —] = { ma(p) b= . (5.11)
ma () L a<p S

The resulting duty cycles for the SPWM modulation are visualized in Fig,.
5.6(b) and are calculated based on (5.6) as

1, 0<¢ <
day (@) =y M(1+ cos(¢)) ) (5.12)
— 5 msesT
2 0<gp<
i (p) = { MTrcos(p)) ~ =72 (513)
1, Qo <@ =T
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Tab. 5.2: Y-VSI characteristic waveforms, for sinusoidal modulation (SPWM) and
discontinuous modulation (DPWM).

i, a(@)

I cos(p) 4 (cos(p) — cos(p +

Z)), 0<¢ <o

SPWM (M > 1)
ot () l:]m
Uan (¢) Um(cos(¢) +1)
Po cos™! % -1
1, 0<¢ <o
da, () {
a; M(1+c205(<p)), Po<@<m
2
da, (@) { M(ttcos(9))’ 0<¢ <o
> Qo< Q=T
iL () Inm cos((p)%(cos(tp) +1), 0<¢ <o
Loal? In cos(¢), Po<@p=T
DPWM (M > 4/3)
ot () —min{uao (¢), tpo (@), tco (9)]
(0) Ur(cos(¢) — cos(¢ + Z?’r)), 0<¢<2m/3
Uanl® 0, wj3<g<n
-1(_2_ T
o (hg) 1
1, 0<¢=<go
da, (¢) M(cos(¢) ;:os(<p+ ) 0o <0 <213
0, 2r/3<p<m
2 <
da, (9) { M(cos(p)—cos(p+2£))’ 0<¢=<¢o
1, Qo< Q=T

Iy cos(¢),

Qo<@=rm
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Each phase-module features an integrated output filter (L, — C,) which
allows for the continuous output voltages of Fig. 5.6(a). The filter inductor
characteristics are now analysed. The inductor current comprises a funda-
mental current component it (¢) and a current ripple Ai, (¢) which is the
result of the PWM operation. The low-frequency inductor current compo-
nent is .

' ima Incos(p)—, 0<¢ <o
iL,a(p) = == = day : (514)
® Iy cos(), Po < Q<

In the case of SPWM, the inductor current is depicted in Fig. 5.6(d) and is
calculated based on (5.2) and (5.13) as

N M
fncos(p) S (cos(@) +1,  0<p < g,

iLa(p) = (5.15)

I cos(g), Po <@ <

The inductor current waveform is non-sinusoidal. The maximum inductor
current occurs during boost regime for ¢ = 0 and is

I, = InM, (5.16)

which is greater than the motor current amplitude I,. The inductor current
of (5.15) can be approximated by a simpler waveform

M-1
cos(p) + ik (5.17)

~ [M+1
iLya(@) = I

which allows to calculate the RMS current of the filter inductor

I, V3M2 —2M +3

I = — 18
Lo, RMS N 5 (5.18)

The current ripple of the inductor Air is isolated in Fig. 5.6(e). The maxi-
mum occurring current ripple value (single-side amplitude) is

M_l]‘ U (5.19)

AL, = max |1, 47— .
Lo = max M | 3Lof;

Finally, the output capacitor C, is analysed. The voltage u,, across the
capacitor is continuous, thus the Y-VSI provides a high quality voltage for
the motor and no additional filtering is required at the AC output side. A
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5.1. Modulation Strategies

voltage ripple Auc, is superimposed to the filter capacitor C, voltage due
to the PWM operation of the Y-VSI. The maximum occurring voltage ripple
value (single-side amplitude) is

(5.20)

U  Miy
AUc, = AUyp = max .

64L,Co 2 8Cofs

A voltage ripple of AU, < 2V should be achieved, in order to avoid parasitic
bearing currents [71,96].

The characteristic waveforms, corresponding to SPWM modulation strat-
egy, are summarized in Tab. 5.2. The derived formulas are valid for a mod-
ulation index M > 1. For this modulation index range, the Y-VSI transitions
between buck and boost regime (cf. Fig. 5.5 and 5.6). For a lower modu-
lation index M = 0...1 the Y-VSI operates exclusively in buck regime, over
the whole fundamental period, hence is equivalent to a simple VSI. The prop-
erties of the Y-VSI in the modulation range M = 0...1 are discussed in Sec.
5.3.

5.1.2 Discontinuous Modulation (DPWM)

The offset voltage u.g of (5.4), was selected to be constant for the sinusoidal
modulation (SPWM), in (5.5). However, this is not necessary: The offset
voltage uof is a degree of freedom that can be utilized in order to further
improve the inverter performance. By selecting a time-varying offset voltage
Ui (t) significant performance advantages can be achieved.

In the case of a two-level VSI, this degree of freedom has been extensively
detailed in literature. By employing a time-varying offset voltage and/or
common-mode voltage injection [59], different modulation strategies are de-
rived: For example, in the case of third harmonic injection [55], a sinusoidal
offset voltage (third harmonic) is injected, while in the case of triangular
voltage insertion [60], a triangular offset voltage is used. These modulation
strategies allow for an optimal utilization of the VSI DC link voltage. In the
case of discontinuous modulation (DPWM) [61], it is possible to generate a
three-phase voltage system for the motor by switching only two out of the
three phases of the VSI. Accordingly, the switching losses of the VSI are sig-
nificantly reduced. There are many variants of DPWM [62], but in all cases
a discontinuous offset voltage is injected.

The DPWM modulation concept is now extended for the Y-VSI. In partic-
ular, the time-varying offset voltage is

uoff(t) = _min[uao(t)a ubo(t)’ uco(t)]~ (5.21)
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Fig. 5.7: Discontinuous modulation strategy (DPWM) characteristic waveforms. (a)

Inverter output voltages (non-sinusoidal shape).

(b) Phase a duty cycles followed

by (c) gate signals. (d) Phase a filter inductor current and motor current, (e) filter

inductor current ripple and (f) motor voltages.
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5.1. Modulation Strategies

The Y-VSI output voltages are equal to the sum of the respective motor volt-
ages and the offset voltage, according to (5.4). The three-phase output volt-
ages are illustrated in Fig. 5.7(a), while the output voltage of phase a in
particular is

Ugo —Upboy, —— <@ <0
2r
uan((p) = | Uao — Uco> 0<op< ? (5~22)
2 << 4
Uao — Uaos — -
3 ¢ 3
A 2 2
Un [cos(«)) ~ cos(p - §>] : —?” <9 <0
_ )~ 21 2
Uan (@) = { Upn [cos(q)) —cos(p + ?)] , 0<¢p< 5 (5.23)
0 27 << 4
’ 3 ~9° 73

According to DPWM, the phase with the most negative motor voltage is
clamped to the negative DC rail n, for one third of the fundamental period
Tm/3. Phase a in particular is clamped for the interval %” <g@< 4?” in Fig.
5.7(c). The output voltages of Fig. 5.7(a) have a non-sinusoidal shape, how-
ever the line-to-line motor voltages are sinusoidal. Therefore, it is possible
by means of DPWM to generate a sinusoidal three-phase motor voltage sys-
tem with non-sinusoidal inverter output voltages. The DPWM modulation

benefits from two key advantages compared to SPWM:

(i) Reduction of the total number of Y-VSI switching transitions by 33%.
During one third of the fundamental motor period T;, /3 (i.e. the inter-
val 2?” <@ < %”), the phase-module a is clamped, thus no switching
losses are generated from this phase-module.

(ii) Reduction of the voltage stress on the boost half-bridges [dy, by, ¢5] by
13%. The phase a boost half-bridge a; processes/switches the output
voltage u,,. The DPWM can generate the same motor phase voltage
amplitude Uy, as SPWM, but with the non-sinusoidal output voltages
of Fig. 5.7(a). The maximum value of the output voltage is Uy, px =
V3Un which is 13% lower compared to the respective value for SPWM
Uan,PK = 2Up,.

The characteristic waveforms of a Y-VSI employing DPWM are analysed
in the following. Depending on the instantaneous motor voltage u,, (¢) value,
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Chapter 5. Y-Inverter

the output inverter voltage u,, () can be higher or lower than the input volt-
age U;. Accordingly, the phase-module a operates in boost regime (cf. Fig.
5.5(b)) or buck regime (cf. Fig. 5.5(a)). The two operation regimes are high-
lighted in Fig. 5.7(a) and are analytically expressed in (5.7). The angle ¢,,
where the transition from boost to buck regime occurs, is

U . _ 2
= )+%(5=3)cos 1( )+% (5.24)

-1
¢o = COS ( =
V30, V3M

The duty cycles d,, and d,,, that control the half-bridges g; and a;, are
illustrated in Fig. 5.7(b) and are calculated based on (5.10) and (5.11) as

1’ 0 < (lo S qoo
M(cos(p) — cos(p + 27”)) 2
da, () = 2 o Po<@s—, (525
0 2m <@ <
) — <
3 <¢
2
27\’ 0< ¢ < Po
da, (9) = { M(cos(p) — cos(¢ + 5F)) . (5.26)
1, Qo <@

The integrated output filter is finally analysed, starting from the filter
inductor L,. In the case of DPWM, the inductor current is depicted in Fig.
5.7(d) and is calculated based on (5.2), (5.14) and (5.26) as

iLo,a((P) =
. M 2
I cos () —(cos(g) — cos(p + ?)), 0<¢<g (5.27)
I cos(g), Go <@ =<1

The inductor current waveform is non-sinusoidal, and is approximated by a
simpler waveform

(5.28)

MV3 +2
— cos(¢)

. R MV3 -2
i, (@) = In +T .

The maximum inductor current is greater than the motor current amplitude
I, and occurs during boost regime

L, =

. V3
Im7M, (5.29)
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while the RMS current of the filter inductor is

. T VOM2 — 44/3M +12 (5:30)
= — . .30
Lo, RMS \/5 4 53

A current ripple is superimposed to the inductor current due to the PWM
operation of the Y-VSI (cf. Fig. 5.7(d)). The current ripple of the inductor
Air, is isolated in Fig. 5.6(e), while the maximum occurring current ripple
value (single-side amplitude) is

V3
Bpm-1| u
AL, = Lat— | —/—. :
Lo maX[ \/;M SIS, (5-31)

Finally, the output capacitor C, is analysed. A voltage ripple is superimposed
to the continuous output voltages of Fig. 5.7(a), due to the PWM operation
of the Y-VSI. The maximum occurring voltage ripple value across the filter
capacitor C, (single-side amplitude) is

U PMin
64L,Co 2" 8Cofs

AUc, = AUyp = max . (5.32)

A voltage ripple of AU, < 2V should be achieved, in order to avoid parasitic
bearing currents.

The characteristic waveforms, corresponding to DPWM modulation
strategy, are summarized in Tab. 5.2 and are valid for a modulation index
M > 4/3. For this modulation index range, the Y-VSI alternates between
buck and boost regime (cf. Fig. 5.5 and 5.7). For a low modulation index
M = 0...2/+/3 the Y-VSI operates exclusively in buck regime, over the whole
fundamental period, hence is equivalent to a simple VSI. The properties of
the Y-VSI in the modulation range M = 0...2/V3 are discussed in Sec. 5.3.
Finally, for a modulation index M = 2/ V3.4 /3, the Y-VSI alternates sev-
eral times between buck and boost regime during the fundamental period.
The analytic formulas of Tab. 5.2 can be used as an approximation in the
modulation range M = 2/v/3...4/3.

5.1.3 Control System

A complete control system is now conceptualized for the Y-VSI and is illus-
trated in Fig. 5.8. The goal of the control system is to maintain the desired
motor speed set-point w = w*. To this end, a standard cascaded speed-torque
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Fig. 5.8: Y-VSI control block diagram. A standard cascaded speed-torque controller
is used, in order to maintain the desired motor speed set-point w = @*. The motor
controller outputs the three motor voltage references, e.g. uy, ,, that the Y-VSI must
generate. Each phase-module of the Y-VSI is operated independently, hence only
phase a is depicted. The modulator translates the inverter output voltage reference
uy, into appropriate duty cycles da; and da,.
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5.2. Component Stresses for a High Modulation Index

controller, referenced to the dq-axis frame, is used for the motor. The mo-
tor controller receives the speed w, the position angle ¢, and the terminal
currents [ima, imb» imc] as input. In return, the motor controller outputs the
motor terminal voltage references [uy, o, uy . um |-

The Y-VSI ensures that the motor voltages [tma, Umb, Um,c] follow the re-
spective sinusoidal references [uy, ,, Up up,.]. Each phase-module of the
Y-VSI is operated independently, hence the control block diagram is visu-
alized for only phase a in Fig. 5.8. An offset voltage u’ is added to the
motor terminal voltage reference uy, ,, in order to form the strictly positive
phase-module output voltage reference u,. The added offset depends on the
employed modulation strategy In the case of SPWM, the offset is constant
and is given by (5.5), while in the case of DPWM the offset is time-varying
and is given by (5.21). Finally, the modulator translates the voltage reference
uy, directly into the duty cycles d,, and d,,. The depicted block diagram of
the modulator in Fig. 5.8 is based on the formulas (5.10) and (5.11). The
modulator follows a “democratic” strategy, in the sense that both the buck
half-bridge a; and boost half-bridge a, are switched (but not simultaneously)
in order to generate the reference voltage uj,.

The control system presented in Fig. 5.8 is suitable for motor drive ap-
plications with slow dynamic response, such as compressor drives (cf. Fig.
5.1). In the case of servo drives, which require fast dynamic response, the
inductor L, current must be directly controlled.

5.2 Component Stresses for a High Modulation
Index

In this section, the stresses on the different inverter components are an-
alytically derived. The presented results are general and can be used for
drive systems (or grid connected inverters) with any specifications. The an-
alytic expressions are applied to a drive system of Fig. 5.1 and Tab. 5.1.
For the considered drive application example, the nominal fuel-cell volt-
age is U; = 60V, while the motor voltage ranges within Uy, = 0V..40V
(phase voltage amplitude). The nominal motor voltage/power operation
(Um =40V, P = 1kW), that corresponds to a modulation index of M = 4/3,
yields the highest component stresses. For the sake of simplicity, a resistive
load R = 301%1,max /2Pmax = 2.4Q is assumed, which corresponds to a unity

power factor, cos(@) = 1. Thereby, the transferred power P, fuel-cell current
I; and motor fundamental phase current amplitude I, can be derived as a
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function of the modulation index

3U2 3U; . U
8};,11= Qs_Rl’ m=M—. (5.33)

P =M? i
2R

In order to further simplify the analysis, the current ripple of the filter in-
ductor L, is neglected, unless stated otherwise. Furthermore, the two half-
bridges comprising each phase-module (e.g. half-bridges a; and a;, for phase-
module a) are assumed to be identical.

5.2.1 Sinusoidal Modulation (SPWM)

The component stresses are analytically derived for a modulation index range
M = 1..2. For this modulation range the Y-VSI generates motor voltage
amplitudes Uy, greater than the input voltage U; (buck and boost regime). For
a low modulation index M = 0...1, the Y-VSI is equivalent to a simple two-
level VSI (buck regime) as shown in Fig. 5.5(a). The component stresses for
a low modulation index case are derived in Sec. 5.3.1.

Semiconductor Voltage Stress

The semiconductors of the buck half-bridges [dj, by, ¢ ] are blocking/switching
the DC input voltage U; independent of the employed modulation strategy,

Ur, = Ur, = U (5-34)

In contrast, the boost half-bridges [y, bs, ¢,] are blocking the time-varying
inverter output voltages (e.g. voltage u,,(¢) for half-bridge a,), which de-
pend on the employed modulation strategy. Therefore, the maximum in-
verter output voltage value from Fig. 5.6(a) defines the voltage stress on
the boost half-bridge semiconductor devices,

UT3 = UT4 = 2LA]mo (5~35)

Semiconductor Current Stress

The RMS current stress of the semiconductor devices is plotted in Fig. 5.9
and is analytically approximated by

\/§)M +1-— i, (5.36)

V3
I =] -
T1LRMS LO,RMS\/ = ( 2 N
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Ity rus = ILO,RMS\/"‘_\/?MZ -(1- —\/2§)M = , (5.37)
T T \3
Itsrms = IL RMS\/+_1 M? - EM + E (5-38)
’ © 272 15 2
Frynus = o RMS\/——I M+ Sp- (5:39)
’ © 272 15 2

where the RMS current of the inductor I rus is given by (5.18). As shown
in Fig. 5.9, the current stress on the semiconductor devices is asymmetric
and depends on the modulation index M. In the most extreme case example,
for the modulation index range M = 0...1, the high-side switch T,; conducts
the total motor current, while the low-side switch T,4 conducts no current.
Therefore, the current rating of the semiconductor devices must be carefully
selected in order to account for this asymmetric current stress.

Semiconductor Conduction Losses

The conduction losses of the Y-VSI semiconductor devices are

Py = 6IEO’RMSRT,on (5.40)

where Rty is the on-state resistance of each (unipolar) power semiconductor
device and I, rms is the RMS current of the filter inductor L. It is reminded
that, the current ripple is neglected, for the inductor RMS current calculation.
Therefore, the conduction losses are calculated for SPWM based on (5.18) and
(5-40) R

I2 3M% — 2M +3

Pag = 622 " Rron. (5.47

Semiconductor Switching Losses

In a half-bridge, the switching energy dissipation Egy,, associated with a hard
switching transition, is approximated as a linear function of the commutation
current I, as

ESW(ISW) = ko + kilsw- (5-42)
Accordingly, the switching power dissipation for a switching frequency f; is
PSW(ISW) = fsEsw = fs (kO + kllsw) . (5-43)

The parameters ko and k; depend on the commutation (switched) voltage
Usw. Namely, the parameter k, represents the constant part of the switching
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Fig. 5.9: (a) Buck half-bridge high-side T; and low-side T switch RMS current stress,
normalized with respect to the RMS inductor current I, ryms. (b) Boost half-bridge
high-side T3 and low-side Tj switch RMS current stress, also normalized with respect
to I, RMS-

losses and is calculated in literature [110] (assuming unipolar power semicon-
ductors) as

kO(Usw) = Qoss(Usw) * Usw (5-44)

where Qs is the electric charge stored in the non-linear output parasitic
capacitance Coss of the MOSFET

Usw
Qoss(Usw) = ‘/0' Coss(u)du. (5~45)

Besides the commutation voltage Uy, the parameter k; depends on the semi-
conductor technology and the gate driver configuration [111,112].

The switching losses of the Y-VSI are now derived, staring from the buck
half-bridges. The buck half-bridge g, is switched only during the buck regime
of Fig. 5.6, i.e. when u,,(¢) < U;. The commutation voltage of the buck
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half-bridge a; is constant and equal to the input voltage Usy; = Uj. The
commutation current is equal to the inductor current and hence varies over
time isw1(¢) = ir,a(@). Anintegration of the local (instantaneous) switching
losses of (5.43) must be performed over the fundamental period T, in order
to derive the total switching losses caused by the buck half-bridges

36 7 .
Pa =2 [ ko v ki ()] do. (5.46)

The switching parameters ko and k; are calculated for the constant commu-
tation voltage of Usy1 = Uj. The resulting sum of switching losses for the
three buck half-bridges, when SPWM modulation is used, is

- @0
T

T 24 1
Poy1 =3f; (ko + kl;Im(l ~3 sin(¢o)) |, (5-47)

where the sinus of the transition angle ¢, is
9) 2
sin(¢o) 62 M-t (5-48)

Furthermore, the switching parameters kq and k; of (5.47) are calculated for
the constant commutation voltage of the buck half-bridges Usy,1 = Ui.

The boost half-bridge a, is switched only during the boost regime of Fig.
5.6, i.e. when u,,(¢) > U;. The commutation voltage of the boost half-
bridge a, is equal to the inverter output voltage and hence varies over time
Usw2(9) = tan(@). The commutation current is equal to the inductor cur-
rent isy2(¢) = i, a(¢) and is also time-varying. An integration of the local
switching losses of (5.43) must be performed over the fundamental period T,
in order to derive the total switching losses caused by the boost half-bridges

o
Pos = % /0 [ko(9) + ki (0)it, ()] don (5.49)

where the switching parameters k(@) and k;(¢) are varying over time and
depend on the instantaneous commutation voltage usw 2(¢). The resulting
sum of switching losses for the three boost half-bridges, when SPWM mod-
ulation is used, is approximated by

Pas = 3 (ko + kyMiy) S2P0), (5.50)
JT

where sin(¢,) is given in (5.48). The switching parameters k and k; of (5.50)
are calculated for the highest commutation voltage of the boost half-bridges
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Usw,2 = Uan(0) = 2U,,. The total switching losses of the Y-VSI are the sum of
the perspective buck half-bridges’ and boost half-bridges’ switching losses

Py = sw,1 T Psw,2~ (5~51)

Passive Components Selection

The integrated output filter (L, — C,) of the Y-VSI is now analysed in detail,
starting from the filter inductors L,. The current of the filter inductor is non-
sinusoidal, as is described by (5.15) and shown in Fig. 5.6(d). The maximum
current stress on the inductor depends on the modulation index M, is given
in (5.16) and is plotted in Fig. 5.10(a). The peak current ripple of the filter
inductor is given by (5.19). Accordingly, in order to limit this current ripple
to a maximum value of Al , the inductance value must be selected as

M- 1] Y (5.52)

L, > max [1,47 . SAILofs’
where M = M.y is the highest possible modulation index within the inverter
operating range. In general, there is a direct relation between the inductor
losses and the RMS inductor current ripple AL, rms, as a high RMS current
ripple results in a high frequency RMS flux density and hence substantial core
losses [85]. In addition, a high RMS current ripple causes high-frequency
winding losses due to skin and proximity effect. Therefore, the RMS inductor
current ripple Al rums is a reasonable performance indicator for the design
of the inductive components and is calculated in the following. The local
(instantaneous) RMS current ripple of the filter inductor is

4m,(1 ) Ui 0<gp<
my(1—m , <
. ‘ * 8L, fe 0=
Air, arms (@) = m-1 U , (5:53)
a 1
R Qo <@ <1
Ma  8V3L.f;

where m,(¢) is the modulation factor and is given in (5.8). The relation be-
tween the local RMS current ripple of the inductor Aiy, , rms and the modula-
tion factor m, is visualized in Fig. 5.11. In order to calculate the global (total)
RMS current ripple, an integration of the local RMS current ripple (5.53) over
the fundamental period T, is performed. The global RMS current ripple is
calculated numerically and is plotted in Fig. 5.10(b). Finally, the filter ca-
pacitors C, are selected. The peak voltage ripple across the filter capacitor
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Fig. 5.10: Filter inductor L, current stress, calculated for SPWM and DPWM modula-
tion strategies. (a) Maximum inductor current, normalized with respect to the motor
current amplitude I, and (b) inductor RMS current ripple, normalized with respect
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Fig. 5.11: Local (instantaneous) RMS current of the filter inductor Lo, normalized

with respect to 5 \/ng . The local RMS current ripple depends on the modulation
ofs

factor my (@) = uan(¢)/U; of (5.8).

159



Chapter 5. Y-Inverter

is given in (5.20). Accordingly, in order to limit this voltage ripple (single-
side amplitude) to a maximum value of AUc,, the capacitance value must be
selected as .
Ui My,
C, > max R . .
° 64L, AU, f2’ 8AUG, fi G54)

A voltage ripple of AUc, = AU,y < 2V should be selected, for a safe motor
operation. Finally, an RC damping circuit is placed in parallel to the filter
capacitor C,, in order to avoid unwanted resonances of the output filter [134].

5.2.2 Discontinuous Modulation (DPWM)

The component stresses are analytically derived for a modulation index range
M = 4/3...2. For this modulation range the Y-VSI generates motor voltage
amplitudes Uy, greater than the input voltage U; (buck and boost regime).
For a low modulation index M = 0...2/v/3, the Y-VSI is equivalent to a simple
two-level VSI (buck regime) as shown in Fig. 5.5(a). The component stresses
for a low modulation index case are derived in Sec. 5.3.2.

Semiconductor Voltage Stress

The semiconductors of the buck half-bridges [a;, by, ¢1] are blocking/switching
the DC input voltage U; independent of the employed modulation strategy

Ur, = Ur, = U, (5.55)

In contrast, the boost half-bridges [a, b, Cz] are blocking the time-varying
inverter output voltages (e.g. uan(¢) for half-bridge a,), which depend on
the employed modulation strategy. Therefore, the maximum inverter output
voltage value from Fig. 5.7(a) defines the voltage stress on the boost half-
bridge semiconductor devices

Ur, = Uz, = V3Un. (5:56)

Semiconductor Current Stress

The RMS current stress on the semiconductor devices is plotted in Fig. 5.9
and is analytically approximated by

1

Itirms = I, RMS\/——M2 -M - ’ (5-57)
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V3 5 7
Irorms = I rus\[+—M?% — -M + —, (5.58)

Y4 7 6

1 V3 2
I =1 +—M2 - —M+1+ —, .
T3.RMS LO,RMS\/ pp Vi o (5-59)

1 3 2

I =1 —— M2+ —M-——, .60
T4,RMS LO,RMS\/ in \/§ o (5.60)

where the RMS current of the inductor I, rus is given by (5.30). As shown in
Fig. 5.9, the current stress on the semiconductor devices is asymmetric and
depends on the modulation index M. In the most extreme case example, for
the modulation index range M = 0...2/ V3, the high-side switch T,3 conducts
the total motor current, while the low-side switch T,4 conducts no current.
Therefore, the current rating of the semiconductor devices must be carefully
selected in order to account for this asymmetric current stress.

Semiconductor Conduction Losses

The conduction losses of the Y-VSI semiconductor devices are described by
(5.40) and are proportional to the square of the inductor RMS current I, gps.
By using the expression (5.30) for the RMS inductor current, the conduction
losses are calculated for DPWM

12 9M? — 44/3M + 12
P = 6?m 16 Rron. (5.61)

Semiconductor Switching Losses

First, the switching losses of the buck half-bridges are calculated. The buck
half-bridge a; is switched during the buck regime of Fig. 5.7, i.e. when
uan(@) < U;. Thanks to DPWM, the switching transition of the buck half-
bridge a; during the buck regime are reduced compared to SPWM. More
precisely, no switching transitions occur during the denoted clamping region
of Fig. 5.7. The commutation voltage of the buck half-bridge a; is constant
and equal to the input voltage Usy1 = U;. The commutation current is equal
to the inductor current and hence varies over time isy1(¢) = i, a(¢). An
integration of the local switching losses according to (5.46) is performed in
order to derive the total switching losses caused by the buck half-bridges.
The resulting sum of switching losses for the three buck half-bridges, when
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DPWM modulation is used, is

2 _

2
Pows = 3f; [ ko 2——
T

- 2sin@)]. 66

where the sinus of the transition angle ¢, is

5.24) 3V3M?2 — 4 + 2\/§

i (5.63)

sin(¢,) ¢
The switching parameters ko and k; of (5.62) are calculated for the constant
commutation voltage of the buck half-bridges Usyw 1 = U;.

Subsequently, the switching losses of the boost half-bridges are calcu-
lated. The boost half-bridge a, is switched only during the boost regime of
Fig. 5.7, i.e. when u,,(¢) > U;. The commutation voltage of the boost
half-bridge a, is equal to the inverter output voltage and hence varies over
time gy 2(@) = Uan(¢). The commutation current is equal to the inductor
current igy2(¢) = ir a(¢) and is also time-varying. An integration of the
local switching losses according to (5.49) is performed in order to derive the
total switching losses caused by the boost half-bridges. The resulting sum of
switching losses for the three boost half-bridges, when DPWM modulation
is used, is approximated by

MV3. ) sin(¢o) (5.64)

PSW,Z = 3f; (ko + kl 5 Im

T

where sin(¢,) is given in (5.63). The switching parameters k¢ and k; of (5.64)
are calculated for the highest commutation voltage of the boost half-bridges
Uswz = Uan(%) = V3U,,. The total switching losses of the Y-VSI are the sum
of the respective buck half-bridges’ and boost half-bridges’ switching losses
(5.51). According to DPWM, the phase with the most negative motor voltage
is clamped to the negative DC rail n, for one third of the fundamental period
Tm/3 (cf. Fig. 5.7). Thereby, it is possible to reduce the total number of
switching transitions of the Y-VSI by 33% compared to SPWM. Accordingly,
a significant reduction of the switching losses is achieved thanks to DPWM.

Passive Component Selection

The integrated output filter (L, — C,) of the Y-VSI is now analysed. It is
assumed that a Y-VSI inverter, designed for SPWM modulation, pre-exists.
In this case, the filter inductors L, and the filter capacitors C, are selected
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based on (5.52) and (5.54), respectively. The current of the filter inductor is
non-sinusoidal, as described by (5.27) and shown in Fig. 5.7(d). The maxi-
mum current of the inductor depends on the modulation index M, is given
in (5.29) and is plotted in Fig. 5.10(a). The DPWM results in a lower maxi-
mum current and hence a lower stress on the inductor, compared to SPWM.
Subsequently, the RMS current ripple of the inductor AL rms, which is di-
rectly related to the inductor losses, is calculated. In order to calculate the
global (total) RMS current ripple, an integration of the local RMS current
ripple (5.53) over the fundamental period T,, is performed. The global RMS
current ripple is calculated numerically and is plotted in Fig. 5.10(b). It is
deduced that DPWM causes less current ripple stress on the filter inductor
compared to SPWM.

5.2.3 Remaining Component Stresses

The capacitor C; conducts the switched input current i;(¢) of the Y-VSL The
worst case current, flowing through the input capacitor over a switching pe-
riod Tj is §i(t) = %forec(ZH fst). The input capacitor current is in this case
rectangular, with 50% duty cycle and has an amplitude of Io/2. Accordingly,
a high (local) RMS current stress on the input capacitor I, rms = I,/2 re-
sults. Based on the rectangular current waveform i;(¢) = %forec(Zﬂ fst), the
worst case voltage ripple (single-side amplitude) across the input capacitor
C; and/or the fuel-cell is

A

I

AU; = .
8£.Ci

(5.65)

Therefore, in order to limit the input voltage ripple to a sufficiently low value
AU; the input capacitance must be
In

G > . .66
ST, (5.66)

The resulting input capacitance value C; is inversely proportional to the
switching frequency f; and is typically small. It is noted here, that there
is no need for low-frequency energy storage in the input capacitor G, for a
balanced three-phase system. In summary, the input capacitor must conduct
a high-frequency switched current with a high RMS value I, rps, While a low
capacitance C; is typically required. Therefore, ceramic or film capacitors are
suggested for the C; realization.
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5.3 Component Stresses for a Low Modulation
Index

5.3.1 Sinusoidal Modulation (SPWM)

For the sake of completeness, the component stresses of the Y-VSI are derived
for a low modulation index M = 0...1. For SPWM within this modulation
index range, the Y-VSI continuously operates in buck regime, according to
Fig. 5.5(a). There, the boost half-bridges (e.g. a;) are clamped, while only the
buck half-bridges (e.g. a;) are switched. In this case, the Y-VSIis equivalent to
a simple two-level VSI. The RMS current stress on the semiconductor devices

1S
o M L [ M
T1,RMS = \/E 2’ T2,RMS = \/E 2
I

ItsrRMs = —, Ity rms = 0,
- ﬁ -

(5.67)

and is plotted in Fig. 5.9.

The conduction losses of the Y-VSI semiconductor devices are described
by (5.40) and are proportional to the square of the inductor RMS current
I rms. For the examined modulation range M = 0...1, the filter inductor
current is equal to the motor current, hence

I rvs = 7“% (5.68)
The resulting conduction losses are
I2
Pea = 6?mRT,on~ (5.69)

The switching losses are subsequently analysed. The boost half-bridges are
clamped, hence exhibit no switching losses, i.e. Pgy, = 0. Therefore, only
the buck half-bridges contribute to the switching losses. The equation (5.46)
is used in order to derive the total switching losses caused by the buck half-

bridges

Py = sw,1 = 3f;(k0 + kl im); (5-70)

SHES

where the switching parameters ko and k; are calculated for the constant
commutation voltage of Usy1 = Ui.
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5.3.2 Discontinuous Modulation (DPWM)

The component stresses of the Y-VSI are derived for DPWM and a low mod-
ulation index M = 0...2/ /3. For DPWM within this modulation index range,
the Y-VSI continuously operates in buck regime, according to Fig. 5.5(a).
The RMS current stress on the semiconductor devices is

; _ Iﬂ 3v3M ; _ Iﬂ . 3V3M
T1,RMS \/5 4 T2,RMS \/E 4 (
I

Itarms = — It rms =0
3- ﬁ -

5.71)

The conduction losses of DPWM are the same as in the case of SPWM
(5.69). The switching losses are subsequently analysed. Similarly to SPWM,
the boost half-bridges are clamped, therefore exhibit no switching losses, i.e.
Psw., = 0. Only the buck half-bridges contribute to the switching losses. The
equation (5.46) is used in order to derive the total switching losses caused
by the buck half-bridges

\/_

2 3 2 4
Psw = Fsw,1 = 3fs(_k0 + (1 - )kl_Im)a (572)
3 4 T

where the switching parameters kq and k; are calculated for the constant
commutation voltage of Ugy 1 = Ui.

5.4 Experimental Validation

The proposed Y-VSI inverter concept is tested within the fuel-cell application
of Fig. 5.1 and Tab. 5.1. A 10 kW fuel-cell unit requires a continuous supply
of oxygen, which is provided by a 280 krpm high-speed electric compressor
[53]. A motor drive system, directly supplied by the fuel-cell controls the
electric compressor. The compressor drive system uses 10% of the fuel-cell
power, i.e. 1kW.

5.4.1 Design Procedure

The previously derived component stresses in Sec. 5.2 depend on the switch-
ing frequency f;, however the switching frequency is till now not explicitly
defined. The switching frequency f; represents a crucial design trade-off. A
high switching frequency allows to reduce the volume of the passive filter
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components, but at the same time increases the semiconductor switching
losses and accordingly requires a larger semiconductor heatsink volume. In
order to select an appropriate switching frequency, a multi-objective opti-
mization routine, with respect to inverter efficiency n and power density p,
is employed [15,83,139], which assesses the performance of several Y-VSI in-
verter designs. The optimization routine includes the 200 V rated GaN semi-
conductor devices (EPC 2034 MOSFETs [112]), the semiconductor heatsinks
[87], the inductive components L, [84, 85] and the ceramic capacitors C,, C;.

Based on the optimization results, a switching frequency of f; = 300 kHz
is selected for the Y-VSI. The boxed volume of the integrated AC filter (L, and
C,) is 36.4 cm®. Subsequently, the number of parallel semiconductor devices
per switch (T, — T, of Fig. 5.3) is selected. A low number of parallel devices
yields low (capacitive) switching losses, but high conduction losses. On the
contrary, a high number of parallel devices results in high switching losses
but low conduction losses. The number of parallel devices is determined by
the minimum of the overall semiconductor losses (i.e. sum of conduction
and switching losses). In the case at hand, two parallel devices per switch
are optimal. A breakdown of the semiconductor losses into conduction and
switching losses is depicted in Fig. 5.12. As expected, DPWM modulation
yields lower semiconductor losses (-33.2%) compared to SPMW modulation,
mainly thanks to the reduced number of switching transitions. The Y-VSI
component parameters are given in Tab. 5.4.

Using the analytic formulas derived in Sec. 5.2, the inverter component
stresses are calculated and summarized in Tab. 5.3. There, the SPWM and
DPWM modulation strategies are compared. The Tab. 5.3 serves as a general
design guideline and can be extended for motor drive systems with different
specifications. After the designer selects an appropriate switching frequency
fs, based on the available semiconductor technology, Tab. 5.3 can be easily
used in order to design a Y-VSI inverter.

For the sake of completeness, a conventional B-VSI (cf. Fig. 5.2) is de-
signed for the specifications of Tab. 5.1. The detailed design process of a
B-VSI can be found in Chapter 4. The selected B-VSI benchmark design,
features the same switching frequency of f; = 300 kHz, for both the DC/DC
stage as well as the DC/AC stage. The boxed volume of the DC/DC stage
filter (L;, C; and Cpc) is 10.7 cm?3, while the boxed volume of the DC/AC stage
filter (L, and C,) is 32 cm>. Therefore, the total filter volume of the B-VSI is
42.7cm3. Note that the filter volume of the B-VSI (42.7 cm®) is higher than
the respective volume for the Y-VSI (36.4 cm?), due to the higher number of
four inductors. In addition, the same 200 V rated GaN devices are used, as in
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Chapter 5. Y-Inverter

the case of the Y-VSI. In particular, two parallel devices per switch are used
for the DC/DC stage and one device per switch is used in the DC/AC stage.
The semiconductor losses of the conventional B-VSI (cf. Chapter 4), are
depicted in Fig. 5.12. The selected number of parallel devices yields the low-
est overall semiconductor losses. Note in Fig. 5.12(a) that the DC/AC stage
switching losses (15.5 W) are higher than the DC/AC stage conduction losses
(8.3 W). Therefore, using two instead of one parallel device per switch for
the DC/AC stage would further increase the switching losses. The increase
in the switching losses would outweigh the decrease in the conduction losses,
thereby resulting in higher overall semiconductor losses. Thus, one device
per switch is optimal. The B-VSI component parameters are summarized in
Tab. 5.5.

Fig. 5.12(a) reveals that the Y-VSI employing SPWM generates 20.1%
less semiconductor losses, compared to the B-VSI employing SPWM, for the
same switching frequency of f; = 300 kHz. The superior performance of the
Y-VSI can be explained as follows. The B-VSI features two energy conversion
stages. In the case of SPWM, one half-bridge is switched at the DC/DC stage
and three half-bridges are switched at the DC/AC stage. Therefore, in total
four half-bridges are switched. In addition, all the half-bridges switch the
high DC link voltage Upc = 80 V. The Y-VSI processes the transmitted power
P = 1kW in a completely different way. When SPWM is employed, only one
half-bridge per phase-module is switched, at any given point in time (cf. Fig.
5.6). Therefore, a Y-VSI requires the switching of only three half-bridges in
total, at any given point in time. Furthermore, the buck half-bridge g of the
Y-VSI switches the low input voltage U; = 60 V, while the boost half-bridge a;
switches the time-varying output voltage u,, (#) < 80V (5.6). Note that both
these voltages are lower than the high DC link voltage Upc = 80 V of a B-VSIL.
For the above reasons the Y-VSI benefits from low semiconductor losses. It
is noted, that the semiconductor losses reduction achieved by means of the
Y-VSI, simultaneously enables a low semiconductor heatsink volume [87].

A similar analysis is performed for DPWM modulation in Fig. 5.12(b).
There, the Y-VSI generates 35.3% less semiconductor losses than the B-VSI,
which can be explained as follows. According to DPWM, only two half-
bridges of the Y-VSI are switched at any given point in time (cf. Fig. 5.7).
Contrary, three half-bridges in total (one half-bridge of the DC/DC stage
and two half-bridges of the DC/AC stage) are switched, in the case of the
B-VSI. Therefore, the B-VSI generates considerably higher semiconductor
losses than the Y-VSI.
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Fig. 5.12: Breakdown of the semiconductor losses of the Y-VSI and the B-VSI (cf.
Chapter 4) into conduction and switching losses, for (a) SPWM and (b) DPWM. The
numeric values are calculated for the nominal specifications of Tab. 5.1, i.e. modula-
tion index M = 4/3.

5.4.2 Experimental Results
Two inverter hardware prototypes are purposely assembled:

(i) Y-VSI of Fig. 5.3. The hardware prototype is shown in Fig. 5.13 and
the respective component parameters are given in Tab. 5.4. Experi-
mentally measured waveforms for SPWM are shown in Fig. 5.14(a),
where the three output voltages of the inverter are offseted sinusoids.
Experimentally measured waveforms for DPWM are shown in Fig,.
5.14(b). There, the three output voltages of the inverter are non-
sinusoidal, however, the load line-to-line voltages are sinusoidal.

(if) B-VSI of Fig. 5.2. The hardware prototype is depicted in Fig. 5.15,
while the component parameters are summarized in Tab. 5.5. Ex-
perimentally measured waveforms are shown in Fig. 5.16 for SPWM
modulation. This hardware prototype serves as the state-of-the-art so-
lution against which the Y-VSI hardware prototype is compared to.

In order to enable a meaningful comparison, both the above hardware demon-
strators feature the same switching frequency of f; = 300kHz. It is noted,
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Control
Board ™
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N \ Housin

Inductor
Heatsink
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Fig. 5.13: Y-VSI hardware prototype (113 mm X 49 mm X 30 mm) achieving a power
density of 6.6 kW/dm> (108 W/in®).

Tab. 5.4: Parameter values of the Y-VSI hardware prototype, corresponding to the
schematic diagram notation of Fig. 5.3.

Y-VSI

Switching frequency f; 300 kHz
Switches (2 devices parallel) 200V EPC 2034
Inductance L, 5uH
Capacitance C, 2uF
Capacitance C; 10 uF
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that during the experimental measurements the compressor is replaced by
an equivalent resistive load R = 2 Q. The resistive load significantly simpli-
fies the test setup, but does not affect the operation or the performance of
the inverter prototypes.

First, the performance of the two hardware prototypes is experimen-
tally compared. The conventional B-VSI hardware prototype achieves a
power density of p = 6kW/dm® (including case, cooling system and con-
trol electronics). The Y-VSI hardware prototype achieves a power density of
p = 6.6 kW/dm?, which is Ap = +10% higher compared to the B-VSI. The Y-
VSI benefits from a lower number of inductive components (three) compared
to the B-VSI (four). This is the main reason behind the higher Y-VSI power
density.

At P = 1kW nominal operation, the B-VSI achieves a low efficiency of
n = 96% (i.e. 40 W of losses), for sinusoidal modulation strategy (SPWM). The
majority of the losses originate from the semiconductor devices (i.e. 35.4 W
calculated in Fig. 5.12(a)). As discussed in Sec. 5.4.1, there are two main rea-
sons behind the B-VSI low efficiency. The B-VSI is a two-stage converter, as
aresult four half-bridges are switched at any given point in time (for SPWM).
Furthermore, all the semiconductor devices process/switch the high DC link
voltage Upc = 80 V.

By employing the SPWM of Fig. 5.6, the Y-VSI achieves a nominal effi-
ciency of n = 97.2% (i.e. 28 W of losses), which is Ap = +1.2% more efficient
compared to the B-VSI (also employing SPWM). The Y-VSI delivers power to
the motor more efficiently than the B-VSI, as discussed in Sec. 5.4.1. That
is, at any moment in time, only three out of the six half-bridges of the Y-
VSI are operated with the switching frequency f;, while the remaining three
half-bridges are clamped. By employing the discontinuous modulation strat-
egy (DPWM) of Fig. 5.7, the Y-VSI achieves an even higher efficiency of
n = 98.3% (i.e. 17W of losses). The Y-VSI is in this case Ap = +2.3% more
efficient than the B-VSI, employing SPWM. The DPWM further reduces the
number of switching transitions, thus adds to the previously described advan-
tages of the Y-VSI. At each point in time, only two out of the six half-bridges
are operated with the switching frequency f;, while the remaining four half-
bridges are clamped. The efficiency curves of the two inverter prototypes
are plotted in Fig. 5.17.

Finally, the motor voltage quality is assessed. The voltage ripple Au,, at
the load terminal a is measured in Fig. 5.16, for the case of the B-VSI em-
ploying SPWM. The voltage ripple Au,y, is the result of the PWM operation
of the half-bridge a. In particular, the switch-node a two-level PWM voltage
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0.00V offset 0.00V offset 0.00V offset -2.00 offset

Fig. 5.14: Experimentally measured waveforms for the Y-VSI inverter employing (a)
SPWM and (b) DPWM modulation, at nominal operating condition P = 1kW. Phase
a (yellow), phase b (red) and phase c (blue) output voltages. Phase a output voltage
ripple (green).
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Fig. 5.15: B-VSI hardware prototype (106 mm X 50 mm X 35 mm) achieving a power
density of 6 kW /dm3 (98 W/in3).

Tab. 5.5: Parameter values of the B-VSI hardware prototype, corresponding to the
schematic diagram notation of Fig. 5.2.

B-VSI - DC/DC stage

Switching frequency f;; 300 kHz
Switches (2 devices parallel) 200V EPC 2034
Inductance L; 1.5pH
Capacitance C; 10 uF
Capacitance Cpc 25pF

B-VSI - DC/AC stage

Switching frequency f; o 300 kHz
Switches (1 device) 200V EPC 2034
Inductance L, 5uH
Capacitance C, 2uF
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28 50ms/d|v
500kS 10MS/s

20.0V/div 20.0V/div 20.0V/div 2.00V/div
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Fig. 5.16: Experimentally measured waveforms for the B-VSI inverter at nominal
operating condition P = 1kW. Phase a (yellow), phase b (red) and phase ¢ (blue)
output voltages. Phase a output voltage ripple (green).
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Fig. 5.17: Efficiency profile of conventional B-VSI (blue), Y-VSI employing SPWM
(orange) and Y-VSI employing DPWM (yellow).
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acquires two voltage values uzy, = {0V, 80V}, and is processed by the full
sine-wave output filter (L, = 5 pH, C, = 2 pF). Thanks to the DM/CM attenu-
ation of the output filter (-31dB at the frequency f; = 300 kHz), a worst case
voltage ripple value of only AU,, = 1.4V appears at the load terminal a. This
voltage ripple value is low, hence ensures a safe motor operation.

The voltage ripple Au,, of the load terminal a is also measured for the
Y-VSIin Fig. 5.14. The voltage ripple Au,y, is caused by the PWM operation
of the half-bridges a; and a,. Thanks to the integrated AC filter of the Y-VSI,
the voltage ripple is AU,y < 1V (for either SPWM or DPWM). The Y-VSI
benefits from a slightly better motor voltage quality than the B-VSI, for the
system specifications at hand (i.e. modulation index M = 4/3). It is reminded
that the B-VSI and Y-VSI employ the same AC filter component values, i.e.
L, = 5uH, C, = 2 pF. By comparing the voltage ripple generated by SPWM
and DPWM modulation (cf. Fig. 5.14), it is evident that the latter DPWM
results in an overall lower voltage ripple Au,y. This is expected, since DPWM
reduces the total number of switching transitions, which cause the voltage
ripple in the first place.

5.5 Summary

Motor drive systems supplied by a fuel-cell/battery are especially demanding
when it comes to the design of the inverter. Besides a high performance (high
efficiency n and power density p), the inverter has to cope with the wide
DC voltage variation of the fuel-cell/battery. Therefore, buck-boost inverter
topologies are required, which can guarantee the nominal speed/voltage
range of the motor independent of the DC input voltage fluctuation.

A promising buck-boost inverter topology, denoted as Y-VSI, is presented
in this chapter (cf. Fig. 5.3). The Y-VSI is based on a three-phase modular
concept, where three identical phase-modules are connected to a common
star “Y” point (cf. Fig. 5.4). The Y-VSI benefits from four key advantages:

(i) Buck-boost capability. Each phase-module comprises a buck-boost
DC/DC converter, hence the Y-VSI can generate output AC voltages
that are higher or lower than the input DC voltage.

(ii) High efficiency. The Y-VSI processes the transmitted power P in a
unique way. In the typical case, only three out of the six half-bridges
are switched, at any given point in time. As a result, low switching
losses are generated, hence high inverter efficiency is achieved. Based
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on the low number of switched half-bridges, the Y-VSI can be consid-
ered as a single-stage inverter.

(iii) Integrated AC output filter. The Y-VSI comprises an integrated out-
put filter, hence generates sinusoidal motor voltages/currents. Further-
more, the Y-VSI protects the motor from high du/dt, thus the long-term
reliability of the motor is guaranteed. As a result, no additional filter
is required between the inverter and the motor.

(iv) Straightforward control. Each phase-module is equivalent to a DC/DC
converter, hence can be controlled independently, based on well estab-
lished control concepts. As a result, the Y-VSI benefits from a simple
and uncomplicated control system (cf. Fig. 5.8).

Two modulation strategies are comparatively evaluated for the Y-VSI:

(i) Sinusoidal modulation (SPWM) of Fig. 5.6, which features offseted
sinusoidal output voltages.

(if) Discontinuous modulation (DPWM) of Fig. 5.7. There, each output
voltages is non-sinusoidal, however the difference between two output
voltages, which is equal to the motor line-to-line voltage, is sinusoidal.
By means of DPWM, it is possible to reduce the number of switch-
ing transitions of the Y-VSI by 33%, and hence significantly reduce the
overall switching losses.

The stresses on the inverter components are analytically derived for both
modulation strategies, and a summary is given in Tab. 5.3. A comparison
of the two modulation strategies reveals that the latter DPWM yields higher
efficiency than the former SPWM.

The Y-VSI performance is validated within the context of the application
of Fig. 5.1 and Tab. 5.1. In the application at hand, a motor drive system
is supplied by a fuel-cell and controls a high-speed 280 krpm 1kW electric
compressor. The Y-VSI hardware prototype of Fig. 5.13, which achieves a
power density of p = 6.6kW/dm® and an efficiency of n = 98.3%, is pur-
posely assembled. The hardware prototype employs the latest generation
of GaN power semiconductor devices and features a switching frequency of
fs = 300 kHz. Finally, the Y-VSI is compared to the state-of-the-art inverter
topology of Fig. 5.2, which features two energy conversion stages. The Y-
VSI outperforms the state-of-the-art hardware prototype of Fig. 5.15, by
An = +2.3% in terms of efficiency and by Ap = +10% in terms of power
density.
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5.5. Summary

In summary, the Y-VSI is a promising technology for modern variable
speed motor drives. The integrated output filter of the Y-VSI allows for the
safe use of WBG semiconductor devices. The high du/dt of WBG devices is
effectively suppressed by the integrated filter, hence the motor reliability is
ensured. Therefore, the Y-VSI fits well with applications, where high perfor-
mance, sinusoidal motor voltages/currents and wide voltage operating range
are of high importance.
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This chapter summarizes the key research findings also presented in:

» M. Antivachis, F. Dietz, C. Zwyssig, D. Bortis, and J. W. Kolar, “Novel
high-speed turbo compressor with integrated inverter for fuel-cell air
supply,” Frontiers in Mechanical Engineering, 2020, early access. .

» M. Antivachis, D. Wu, and J. W. Kolar, “Analysis of double-bridge in-
verters for drive systems with open-end winding motors,” IEEE Journal
of Emerging and Selected Topics in Power Electronics, 2020, early access.
DOI: 10.1109/JESTPE.2020.3017085.

Motivation |
In order to improve the performance of variable speed drive systems, innovation
only in the inverter stage is not enough. Simultaneous design innovation on the
inverter and on the motor side is necessary. Following this premise, in this chap-
ter a double-bridge voltage source inverter (DB-VSI), is paired with an open-end
winding motor (no floating neutral point). This inverter/motor solution offers a
wide input-output voltage transfer ratio and results in excellent motor drive per-

| formance. |
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Executive Summary

The double-bridge voltage source inverter (DB-VSI) is a promising inverter topol-
ogy for high performance motor drives. A DB-VSI comprises two VSIs, connected
to the opposite sides of an open-end winding motor (no floating neutral point).
Thanks to its inherent properties, a DB-VSI requires only half the DC supply
voltage, compared to a simple VSI, in order to generate the same motor volt-
age. Accordingly, by processing/switching only half of the DC supply voltage,
the DB-VSI benefits from significantly lower semiconductor devices’ switching
losses. The DB-VSI technology is the main focus of this chapter. Namely, two dif-
ferent DB-VSI variants and/or modulation strategies are comparatively evaluated.
After detailing the operating principle of each modulation strategy, the stresses
on the inverter components are analytically derived. It is shown that the selec-
tion of the DB-VSI modulation strategy impacts the efficiency/power density of
the inverter and the voltage quality of the motor. The theoretical considerations
are subsequently verified within the context of a high-speed motor drive. In the
investigated drive system, a fuel-cell supplies the inverter, which in return con-
trols a 280 krpm 1kW electric compressor. Two DB-VSI hardware prototypes are
purposely assembled and compared against a third state-of-the-art hardware pro-
totype of the same specifications. It is shown that, thanks to the DB-VSI technol-
ogy it is possible to reduce simultaneously the volume and the losses by up to 50%
compared to the state-of-the-art solution. The low DB-VSI volume enables a seam-
less integration of the inverter into the motor housing. Accordingly, the open-end
winding motor is directly attached to the inverter, eliminating the need for cum-
bersome and costly interconnecting cables. A final, integrated (inverter/motor)
hardware prototype is presented, that further highlights the advantages of the
| DB-VSI technology.

Motor drives, supplied by a fuel-cell (or a battery) must cope with a wide
input voltage range [16,17]. The supply voltage U; can significantly fluctu-
ate, depending on the power loading of the employed fuel-cell (or depending
on the charging status/temperature of the employed battery). In this chap-
ter, the fuel-cell application depicted in Fig. 6.1, with the specifications of
Tab. 6.1, is examined. A 10 kW fuel-cell unit requires a continuous supply of
oxygen, which is provided by the high-speed electric compressor. A motor
drive system, directly supplied by the fuel-cell controls the electric compres-
sor [2]. The employed high-speed 280 krpm compressor/motor is shown in
Fig. 6.2. The compressor uses 10% of the fuel-cell power, i.e. 1kW, and has
a nominal phase voltage amplitude of Uy=40 V [53]. The fuel-cell features a
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Tab. 6.1: Variable-speed motor drive specifications. The nominal operating condition,
where the highest component stresses appear, is highlighted in bold.

Fuel-cell voltage Uy 40V..120V
Inverter fundamental freq. f, O0Hz...5kHz
Inverter power P O0W..1100W
Motor speed n  Orpm..280krpm
Motor voltage amplitude U, 0V..40V (phase, PK)
Motor power P O0W..1000W
( Fuel-Cell Inverter i Motor | Compressor |
I p
‘ +
1B
|

K

Fig. 6.1: Motor drive application for fuel-cells. An electric compressor provides oxy-
gen to the fuel-cell, while a motor drive, directly supplied by the same fuel-cell, con-
trols the electric compressor.

Q 90mm == ™

Fig. 6.2: High-speed 280 krpm electric compressor designed by Celeroton AG. [53].
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nominal voltage of U; = 40V at full-load condition and a maximum voltage
of U; = 120V at no-load condition.

Typically in such drive applications, a single-bridge voltage source in-
verter (SB-VSI) drives a motor with a floating neutral point, as depicted in
Fig. 6.3(a.i). A dedicated boost-type DC/DC stage must precede the inverter
DC/AC stage in order to adapt the insufficient fuel-cell voltage U; to a higher
DC link voltage Upc. The DC/DC stage guarantees that the nominal motor
voltage can be generated, even if the input voltage U is inadequate. Thereby,
the two-stage inverter solution of Fig. 6.4 results. The SB-VSI solution ex-
hibits low efficiency/power density due the two-stage energy conversion and
the additional losses/volume originating from the DC/DC stage. In order to
generate the nominal motor voltage amplitude of U, = Uy may, @ high DC link
voltage of Upc = 2U, = 80V is required in the case of sinusoidal pulse width
modulation (or a DC link voltage of Upc = V3U, = 69.3V in the case of third
harmonic injection modulation) [56] as is illustrated in Fig. 6.3(a.ii). This
high DC link voltage, is possessed/switched by all the semiconductor devices
(DC/DC stage and DC/AC stage) resulting in high switching losses.

In order to address the shortcomings of the SB-VSI the promising double-
bridge voltage source inverter (DB-VSI) technology [140-143] is investigated
in this chapter. The DB-VSI features two VSIs which are connected to the
opposite sides of an open-end winding motor as is visualised in Fig. 6.3(b.1).
An open-end winding motor allows access to both terminals of each phase
winding (i.e. terminals a; and a; for the phase a), in contrast to a conven-
tional motor with a floating neutral point which provides access to only one
terminal per phase (cf. Fig. 6.3(a.i)). Historically, DB-VSI inverter technol-
ogy originates from high voltage/power motor drives [144-148] and has been
proposed as an alternative to multi-level inverters [149]. A DB-VSI controls
the voltage on both sides of the open-end motor winding (in contrast to SB-
VSI). Accordingly, the nominal motor phase voltage amplitude of U, = Uo,max
can be generated by means of a DC supply voltage of only U; = U,. The
advantageous features of a DB-VSI are utilized in the investigated fuel-cell
application [150]. Thanks to the excellent utilization of the DC supply volt-
age, it is possible to directly connect the DB-VSI inverter to the fuel-cell,
without using a dedicated boost-type DC/DC stage. Opposite to the SB-VSI,
the DB-VSI is a single-stage converter, thus the power P is processed only
once and is delivered more efficiently to the motor. Furthermore, the semi-
conductor devices of the DB-VSI, process/switch the low fuel-cell nominal
voltage of U; = 40V. In contrast, the semiconductor devices of the SB-VSI
must switch the high DC link voltage Upc = 2U, = 80V, in order to generate
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the same motor phase voltage amplitude U,. Since the switching losses (ca-
pacitive) of a unipolar semiconductor device scale with the square U2, of the
commutation voltage Usy, the DB-VSI can achieve lower overall switching
losses than a SB-VSI. By utilizing the superior performance of the DB-VSI
solution, this chapter aims for an integration of the inverter in the motor
housing [45, 47, 48]. Accordingly, the open-end winding motor is directly
attached to the inverter, eliminating the need for cumbersome and costly
interconnecting cables.

The exact shape of the motor terminal voltages u,,, and u,,, depends
on the employed DB-VSI modulation strategy, however the resulting motor
phase voltage a2, = Ua,0 — Ua,o must be sinusoidal. Two DB-VSI modulation
strategies are comparatively evaluated in this chapter. First the symmetric
modulation [151-153] is investigated, where both motor terminal voltages u,,,
and u,,, (of phase a) are actively controlled and have a complementary sinu-
soidal shape ranging within —Ui/2... + U;/2, as illustrated in Fig. 6.3(b.ii).
The symmetric modulation requires continuous operation of both VSIs with
a high switching frequency f;. In order to generate continuous/sinusoidal
voltages for the motor, two output filters (L, — C,) are employed and placed
between the two switched VSIs and the motor. As a result, the DB-VSI in-
verter variant of Fig. 6.5 is derived, where the subscript “II” denotes that
both VSIs are switched. Sinusoidal motor voltages are necessary in the case
of high-speed motors, in order to limit the generated rotor losses [21,46,64].
The thermal management of the rotor is a main concern in high-speed mo-
tors, since the high rotational speed and the small rotor volume impede the
rotor cooling. As a further advantage, the output filters mitigate the high
du/dt > 30kV/us, caused by the latest generation of GaN semiconductor
devices [26, 27]. If not mitigated, high common-mode (CM) du/dt would
lead to premature bearing failure due to parasitic CM currents [33, 154, 155],
while differential-mode (DM) du/dt would stress the insulation of the motor
windings [32].

In an effort to extract more performance from a DB-VSI, the unfolder
modulation [37,156] is investigated. There, only one out of the two VSIs is
continuously operated with the switching frequency f;, while the second VSI
is operated with the fundamental motor frequency f. It is thereby possible
to generate a three-phase voltage system for the motor, with the discontinu-
ous, non-sinusoidal terminal voltages u,,, and u,,, of Fig. 6.3(b.iii). Thanks
to the unfolder modulation, the switching losses are cut in half compared
to the respective losses of the symmetric modulation, since the VSI which
is operated with the low fundamental motor frequency f, exhibits negligi-
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ble switching losses. Furthermore, the VSI operated with the fundamental
frequency f, can be directly connected to the respective motor terminals. It
is hence possible to omit half the filter passive components of the DBy-VSI
inverter (symmetric modulation). As a result, the simplified and more com-
pact DB;-VSI inverter variant of Fig. 6.8 is derived, where the subscript “T”
denotes that only one VSI is switched.

In Sec. 6.1, the operating principle of the symmetric modulation and the
unfolder modulation is explained. Subsequently, the stresses on the differ-
ent inverter components are analytically derived in Sec. 6.2. Three hardware
prototypes are purposely designed and assembled in Sec. 6.3, corresponding
to the DBy-VSI (symmetric modulation), the DB;-VSI (unfolder modulation)
and the conventional SB-VSI. An experimental comparison of the efficiency
n and power density p of the three hardware prototypes validates the supe-
rior performance of the DB-VSI inverter technology compared to a conven-
tional SB-VSI and highlights the trade-offs between the two DB-VSI modu-
lation strategies. The experimental verification is completed by integrating
a DB-VSI inverter and a high-speed compressor into the same housing. The
conclusions are drawn in Sec. 6.4.

6.1 Modulation Strategies

A DB-VSI inverter comprises two VSIs connected to the opposite sides of an
open-end winding motor. Each VSI controls the voltage on one side of the
open-end winding motor e.g. voltages u,,, and u,,, for phase a, and thus a
three-phase motor voltage system is indirectly generated. The exact wave-
forms of the motor terminal voltage u,,, and u,,, depend on the employed
modulation strategy. However, the motor phase voltages, which are equal to
the differences of the motor terminal voltages, e.g. #aa, = Uajo — Uayo, MUSt
be sinusoidal regardless of the employed modulation strategy
Ua,a, (1) = U sin(wot),
N 2

Un,b, (t) = U, sin(wot — ?), (6.1)
A 2
Ueye, (1) = Uy sin(wot + ?)

where w, = 27xf, is the fundamental motor angular frequency. The modu-
lation index M is defined as the ratio of the motor voltage amplitude with
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6.1. Modulation Strategies

respect to the half of the fuel-cell voltage

=0..2. (6.2)

Each phase-leg is operated independent of the other two phases. Therefore,
the analysis of the DB-VSI focuses only on phase-leg a, when possible. The
derived results can be easily extended to the other two phases b and c.

6.1.1 DBy -VSI Inverter - Symmetric Modulation

The DBy-VSI of Fig. 6.5 employs a symmetric modulation: Two complemen-
tary sinusoidally shaped duty cycles d,, and d,,, ranging within 0...1, control
the two half-bridges of phase a as shown in Fig. 6.6. Subsequently, the duty
cycles d,, and d,, are compared to the respective carriers, in order to derive
the gating signals of the semiconductor devices. In the case of symmetric
modulation, the same carrier is used for the two half-bridges a; and a; of
phase a [151]. Furthermore, an identical carrier is also used for phases b and
c. The duty cycles d,, and d,, are derived as

_1+d, 1-d,

da 5 da' = s 6.
i E T (6-3)
where d, is a helping variable
U, 2 M
du(t) = ”T = 57 sin(oo) 2 = sin(oot). (6.4)

The terminal motor voltages u,,, and u,,,, which are proportional to the con-
trol duty cycles d,, and d,,, have a complementary sinusoidal shape as shown
in Fig. 6.3(b.ii) and are equal to

1 U,
Uao = [dal(t) - E] U; = +? sin(wyt)
R (6.5)
1 Us .
Uayo = [daz(t) - E] Ui = Y sin(wot).

The motor phase voltage is also sinusoidal a5, = a0 — Uayo = U, sin(wyt).
As a result of the symmetric modulation, both VSIs are continuously
operated over time with the switching frequency f; as is illustrated in Fig.
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6.1. Modulation Strategies

6.6. Accordingly, both switch-node voltages uz, and us,, feature a two-
level PWM voltage profile, as shown in Fig. 6.7(b.i). In order to protect
the motor from the switch-node PWM voltages (du/dt), two DM/CM output
filters (L, — C,) are used (one for each VSI), as visualized in Fig. 6.5. Those
DM/CM output filters are based on passive components and belong to the
family of DC link referenced filters [34, 35], i.e. the filter capacitors C, are
connected/referenced to the negative DC rail n. This feedback connection of
the capacitors C, to the DC link allows to suppress both the DM and the CM
du/dt of the semiconductor devices, resulting in a continuous/smooth motor
phase voltage.

The motor voltage quality, is now analysed in detail. To this end, each
three-phase switch-node voltage system, e.g. [dy, by, ¢1], is substituted by a
voltage equivalent circuit [59, 155]. Accordingly, the DBy-VSI of Fig. 6.5
can be represented by the equivalent circuit of Fig. 6.7(a). For example, the
two-level PWM voltage of the switch-node ay, illustrated in Fig. 6.7(b.i), is
broken down into

Uz o = Us,,CM + Uz, DM- (6.6)

The quantity us, cm is the switch-node CM voltage. As shown in Fig.
6.7(b.ii), us, cm is a four-level PWM voltage and can be further broken down
into

Us,.cM = Us,.eMl g, + Us,.eml g (6.7)

where us, oM, is the low-frequency (LF) CM voltage component and us, cm| f;
is the high-frequency (HF) CM voltage component. The quantity uz pm of
(6.6) is the DM switch-node voltage. As depicted in Fig. 6.7(b.iii), us, pym is
a five-level PWM voltage and can be further broken down into

Uz, DM = Uz, DM f, + Uz, DMI ;s (6.8)

where uz, pmly, is the LF DM voltage component and uz, pm|y, is the HF DM
voltage component. The LF voltage terms ug, cmlf, and ug pmly, are directly
related to the employed modulation strategy and the corresponding duty cy-
cles d,, and d,,. The HF terms uzpwm|f, and uscmly, are related to the PWM
switching frequency f;. The different switch-node voltage components of
(6.7)-(6.8) are illustrated in Fig. 6.7(b). Note that, the breakdown of a switch-
node voltage into HF/LF and DM/CM voltage components (6.6)-(6.8) can be
extended to the second VSI switch-node voltage system [ag, by, &,].

The two-level PWM switch-node voltages uz,, and us,, of phase a are
processed by the two DM/CM filters. As a result, the motor terminal voltages
Ua,o and u,,, are smooth and continuous. The DM/CM output filters allow
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6.1. Modulation Strategies

the LF switch-node voltage components to pass through intact, resulting in
the motor terminal voltages of (6.5). In contrast, the DM/CM output filters
attenuate the HF switch-node voltage components resulting into a voltage
ripple Au,, and Au,, at the motor terminals, as is derived in the following. For
a filter inductor L, The maximum inductor current ripple amplitude (single-
side) Al can be calculated as

° 8Lofs
Accordingly, the maximum occurring voltage ripple amplitude (single-side)
AUg, at the output filter capacitor C, is
_ AL, 69 U
° 8Cofs  64f2L,Co
The voltage ripple Auc, (with a repetition frequency equal to the switching
frequency f;) appears across the capacitors of the two used output filters,
since both VSIs are continuously operated with the switching frequency f;.
In other words, a voltage ripple appears on either side of the open-end wind-
ing motor i.e. at the motor terminals [ay, by, ¢1] and [az, bz, c2] when symmet-
ric modulation is employed with a maximum value of
_ Ui
° " 64f2L,Co
After quantifying the voltage of the open-end winding motor terminals

individually, the motor CM voltage is now analysed. The CM voltage at each
side of the open-end winding motor is

AlL,

(6.9)

AUc (6.10)

AUy o = AUqyo = AUc (6.11)

Ua,0 T Upo + Ucjo

Uo,cm(t) = 3
6.
Uayo + Up,o + Ucyo ( 12)
uoz,CM(t) = f

The motor CM voltage is defined at the middle of the motor winding as

Uo,,cM T Uo,,CM
5 .

Accordingly, a zero CM voltage is calculated in the case of symmetric modu-
lation, based on (6.5),(6.12) and (6.13)

uocm(t) = (6.13)

Uo, CM = Uo,,cM = UocM = 0, (6.14)

which guarantees low electric stress on the motor. The symmetric modula-
tion is summarized in Tab. 6.2.
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Tab. 6.2: Symmetric modulation (DB-VSI) and unfolder modulation (DB;-VSI) sum-

mary.
DBy;-VSI DB;-VSI
d., d, >0
d Lla+d
o 2(1+da) {1+da, d, <0
1 0, da=0
e 2(1-da) L da<0
3 a
Uajo +%UO sin(wyt) UO sin(w,t) — %Uirec(wot)
Uayo —%UO sin(w,t) —%Uirec(wot)
U; Ui
AUao 64f2L,Co 64f2L,Co
AUsyo 64fSZIi,OC0 0
Uo,CM —LUrec(3wot)

A sinusoidal motor voltage u,a, = U, sin(wet) and the
variable d, = %M sin(wot) are assumed.

6.1.2 DB;-VSI Inverter - Unfolder Modulation

The DB;-VSI of Fig. 6.8 employs an unfolder modulation. That is, only one
out of the two VSIs is continuously operated with the switching frequency
fs, while the second VSI is operated with the fundamental motor frequency
fo. The resulting discontinuous duty cycles d,, and d,, for phase a are shown
in Fig. 6.9 and are calculated as

dyy dy >0 0,
dal = > daz =
1+d,, dy <0 1,

where d, is given in (6.4). The motor terminal motor voltages u,,, and u,,,
are proportional to the control duty cycles d,, and d,,, respectively and are

da >0

s 6.
d, <0 (6.15)

1 - Ui
Uao = [dal(t) - E] Ui = U, sin(wot) — Erec(wot)
6.16
) U, (6.16)
Uayo = daz(t) - 5 U= _?rec(wot)>
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where rec(x) is a rectangular function

() 1, 0<x<nm ©
rec(x) = . 1
-1, m<x<2rm 7)

The two motor terminal voltages are non-sinusoidal and discontinuous as
shown in Fig. 6.3(b.iii), but result in a sinusoidal motor phase winding volt-
age Uga, = Uajo — Uayo = U, sin(wot). Only the VSI [dy, by, ] which is op-
erated with the switching frequency f; requires a dedicated output filter. In
contrast, the VSI [ay, by, ;] which is operated with the fundamental motor
frequency f, does not require a dedicated output filter, hence can be directly
connected to the respective motor terminals [ag, by, ¢z]. Therefore, the sim-
plified filter configuration of the DB;-VSI shown in Fig. 6.8 is derived.

The motor voltage quality is now analysed in detail. To this end, the DB;-
VSI of Fig. 6.8 can be represented by the equivalent circuit of Fig. 6.10(a).
Similar to the DBy-VSI analysis, each switch-node voltage is broken down
into HF/LF and DM/CM voltage components as described by (6.6)-(6.8). In
particular, the switch-node voltage us,, of the half-bridge g;, which is op-
erated with the switching frequency f;, features a two-level PWM voltage
profile as illustrated in Fig. 6.10(b.i). Accordingly, this switch-node voltage
can be broken down into a four-level PWM CM voltage component us cm
of Fig. 6.10(b.ii) and a five-level PWM DM voltage component uz py of
Fig. 6.10(b.iii). In contrast, the switch-node voltage u;,, of the half-bridge
az, which is operated with the motor fundamental frequency f;, features a
two-level rectangular (not PWM) voltage profile with a repetition frequency
equal to the fundamental frequency f;, (cf. Fig. 6.10(b.i)). This switch-node
voltage can be broken down according to (6.6) into a two-level rectangular
CM voltage component us, cm With repetition frequency equal to three times
the fundamental frequency 3f; (cf. Fig. 6.10(b.ii)) and a five-level rectangu-
lar DM voltage component uz, pm with a repetition frequency equal to the
fundamental frequency f; (cf. Fig. 6.10(b.iii)).

The switch-node [y, by, ¢;] voltages of the switching frequency operated
VSI are processed by the output filter: The output filter allows the LF switch-
node voltage components to pass through intact, resulting in the LF motor
terminal voltage u,, of (6.16). In contrast, the output filter attenuates the
HF switch-node d; voltage components, resulting in a small motor terminal
voltage ripple Au,,,. The voltage ripple Au,,, at the motor terminal g, is equal
to the voltage ripple AUc, across the output filter capacitor C, which is given
in (6.10). The switch-node [dy, by, ¢;] voltages of the fundamental frequency
operated VSl are directly applied to the respective motor terminals [as, bs, c2].
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Chapter 6. Double-Bridge Voltage Source Inverter

Therefore, the motor terminal voltage u,,, of (6.16) results, while no voltage
ripple appears at the motor terminals [ay, by, c3]. Accordingly, the worst case

voltage ripple amplitude (single-side) at the motor terminals a; and a; is
AU, Gi AUy, =0 (6.18)

= — = 0. .1
Y 64f2L,C,o 0

The overall motor CM voltage is now analysed. The CM voltage at each
side of the open-end winding motor is calculated based on (6.12) and (6.16)

Ui
Uoy.cM(t) = to, om(t) = —z‘reC(3wot)- (6.19)

In the case of unfolder modulation, a residual LF CM voltage appears at the
motor terminals which is highlighted in red in Fig. 6.10(b.ii). This CM volt-
age has a rectangular shape, a repetition frequency equal to three times the
fundamental motor frequency 3/, and an amplitude of %. The CM voltages
on the two sides of the open-end winding motor are equal. If the CM volt-
ages U, cm and u,, cm would not be equal, then substantial circulating CM
currents would appear in the DB;-VSI inverter. The CM motor voltage, cal-
culated on the middle of the motor windings based on (6.13) is

U;
U cm(t) = —erec(?»a)ot). (6.20)

The CM motor voltage features also a rectangular shape. At the edges of the
rectangular motor CM voltage, du/dt appears on the motor bearing. Then,
CM current can flow through the motor bearing, which is represented by
the parasitic capacitor Cy, in Fig. 6.10(a). It is sown in [29], that the ex-
pected lifetime of the motor bearing decreases as higher CM RMS current
flows through the bearing. For the case of the DBy-VSI, du/dt appears only
six times during a fundamental period T, (cf. Fig. 6.10(b.ii)). Therefore, the
bearing CM RMS current is low and hence non-critical for the motor reliabil-
ity. The unfolder modulation is summarized in Tab. 6.2.

6.1.3 DBy-VSI Inverter - Alternative Modulation Strate-
gies

Two alternative modulation strategies that improve the efficiency of the DBy;-

VSI (cf. Fig. 6.5) are now detailed. First, the hybrid modulation is analysed.

This modulation strategy resembles the unfolder modulation of Fig. 6.9, but
instead of an abrupt change of the duty cycles d,, and d,, at t = T,/2, a
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Fig. 6.11: (a) Hybrid modulation: Only half-bridge a; is continuously operated with
the switching frequency f;, while the second half-bridge @, of phase a is operated for
a small fraction of the fundamental period with the switching frequency f;. (b) CM

voltage at the middle of the motor windings.

soft (gradual) transition takes place. The respective duty cycles of the hybrid
modulation are illustrated in Fig. 6.11(a) and are analytically derived as

b 4z
2
1 d d* d’
2 gt TSk
d*
1+d,, da<—?
d*
0, daZ?
1 d, d* d*
R - < —,
2 dv 2 < da < 2
1, da<—d—
2

(6.21)

(6.22)

where d, is given in (6.4) and d* is a design parameter that defines the slope
of the soft transition at t = T,/2. According to the hybrid modulation, the
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Fig. 6.12: (a) Alternative unfolder modulation: Both half-bridge a; and ay of phase
a are partially operated, for half of the fundamental period T, with the switching
frequency f;. (b) CM voltage at the middle of the motor windings.

VSI [ay, by, €] is continuously operated with the switching frequency f;. The
second VSI [dy, by, ¢;] is partially operated with the switching frequency f;,
for only a fraction of the fundamental period T, (around the zero crossing of
the motor phase voltage). By reducing the switching transitions of the VSI
[as, bo, C2], the hybrid modulation is able to achieve lower switching losses
compared to the symmetric modulation. As a result of the hybrid modula-
tion, a CM voltage appears on the motor windings which is visualized in Fig.
6.11(b). The motor CM voltage is calculated based on the equivalent circuit
of Fig. 6.7, has a trapezoidal shape and a repetition frequency equal to three
times the fundamental frequency 3f;. In summary, the hybrid modulation
allows to reduce the switching losses of the symmetric modulation at the
expense of a higher CM voltage stress on the motor. It is finally noted, that
for a design parameter d* = 2 the hybrid modulation is equivalent to the
symmetric modulation of (6.3), while for d* = 0 the hybrid modulation is
equivalent to the unfolder modulation of (6.15).

Subsequently, the alternative unfolder modulation is described, which is
suitable for the DBy-VSI of Fig. 6.5. The sinusoidally shaped duty cycles d,,
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and d,, of Fig. 6.12(a) control the two VSIs and are equal to

d,, dya>0 0, d,>0
dal = s daz = > (623)
0, d, <0 - <

where d, is given in (6.4). Both half-bridge a; and a, of phase a are partially
operated with the switching frequency f;, for half of the fundamental period
T,. The alternative unfolder moudulation resembles the unfolder modulation
of Fig. 6.9, in that only three out of the six in total half-bridges are operated
with the switching frequency f; at any given point in time. However, in con-
trast to the unfolder modulation, where only half-bridges belonging to the
VSI [ay, by, €] are continuously operated with the switching frequency f;, in
the case of alternative unfolder modulation both VSIs share an equal amount
of switching transitions over the fundamental period T,. The alternative
unfolder modulation reduces the overall switching transitions by half, com-
pared to symmetric modulation, hence achieves lower switching losses for
the DBy;-VSI. The main disadvantage of the alternative unfolder modulation
strategy is the asymmetric RMS current stress which it causes on the semi-
conductor devices. As a result of the alternative unfolder modulation a CM
voltage appears on the motor windings which is visualized in Fig. 6.12(b).
The motor CM voltage is calculated based on the equivalent circuit of Fig.
6.7, has an approximately sinusoidal shape and a repetition frequency equal
to six times the fundamental frequency 6f;.

6.2 Component Stresses

In this section, the voltage/current stresses on the different DB-VSI compo-
nents and the switching/conductions losses are analytically derived. The re-
sults are calculated for a drive system with the specifications of Tab. 6.1,
however, the presented concepts are general and can be accordingly applied
to drive systems with different specifications. For the considered applica-
tion example, the nominal fuel-cell voltage is U; = 40 V, while motor voltage
ranges within U, = 0V...40 V (phase amplitude). An inverter system that can
operate under any load power factor (PF) cos(¢$) < 1is desirable in this case
study. Hence, the output voltage-current phase shift is ¢ = —90°...90° (i.e.
capacitive or inductive load behaviour). Accordingly, the transferred appar-
ent power S = 0 W...1000 W, active power P, fuel-cell current ; and motor
fundamental motor current amplitude I, can be expressed as a function of
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the modulation index M (6.2) and the PF cos(¢) as

32 307
S=M P = M*—— cos(¢),
8R 8R
U (6.24)
I = M2 Io=M—,
2R

where R = 3U%,../2Pmax = 2.4Q. The highest component stresses and
semiconductor losses appear at nominal power P = 1000 W, nominal mo-
tor voltage U, = 40 V and unity power factor cos(¢) = 1. In order to simplify
the analysis, the current ripple of the filter inductors L, is neglected, unless
stated otherwise.

First, the component stresses which are independent of the employed
modulation strategy (symmetric or unfolder modulation) are derived. The
voltage stress on the power semiconductor devices is analysed. All the semi-
conductor devices of a DB-VSI are blocking and/or switching the fuel-cell
voltage U;. Hence, the maximum fuel-cell voltage Ui max = 120V (at no load
operating condition), with some additional safety margin dictates the voltage
rating of the employed power semiconductor devices. For this reason, 200 V
rated GaN semiconductor devices are selected.

In a second step, the RMS current stress on the semiconductor devices is
calculated

I, 1
Ita, RMS = ITay RMS = TT

(6.25)
I 1
Ita; RMS = ITag RMS = \/_ \/_

The above current stress expressions neither depend on the modulation strat-
egy, nor on the power factor cos(¢). The current stresses are symmetric,
i.e. the high-side and the low-side semiconductor devices of each of the
employed half-bridges conduct the same RMS current. Hence, the DB-VSI
inverter can conduct the nominal motor current I, and torque under any op-
erating condition of the motor, e.g. during motor acceleration, starting from
standstill. Assuming that the two VSIs of the DB-VSI are identical and based
on the RMS current stresses of (6.25), the resulting total semiconductor de-
vices’ conduction losses are

IZ
Py = 6?0RT,0113 (6.26)
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where Rty is the on-state resistance of each (unipolar) power semiconductor
device. It is reminded, that for the above calculation of the conduction losses,
the current ripple of the filter inductors L, is neglected.

The input capacitance value C; is now selected. The capacitor Cj con-
ducts the switched input current i;(¢) of the DB-VSL The worst case cur-
rent, flowing through the input capacitor over a switching period T; is
ii(t) = %forec(Zn fst). The input capacitor current is in this case rectangu-
lar, with 50% duty cycle and has an amplitude of I,/2. Accordingly, a high
(local) RMS current stress on the input capacitor Ic, rms = fo /2 results. Based
on the rectangular current waveform i;(t) = %forec(2n fst), the worst case
voltage ripple across the input capacitor C; and/or the fuel-cell is

A

Lo

AU; = .
R ye

(6.27)

Therefore, in order to limit the input voltage ripple to a sufficiently low value
AU; the input capacitance must be

A

I
G = .
8f:AU;

(6.28)

The resulting input capacitance value C; is inversely proportional to the
switching frequency f; and is typically small. It is noted here, that there is
no need for low-frequency energy storage in a balanced three-phase system.
In summary, the input capacitor must conduct a high-frequency switched
current with a high RMS value I¢, rps, while a low capacitance C; is typi-
cally required. Ceramic and film capacitors feature a low series resistance,
thus can conduct the high RMS current I, rms Without generating excessive
losses. Therefore, ceramic or film capacitors are suggested for the C; realiza-
tion. Ceramic capacitors are in general more compact but more expensive
than film capacitors. Therefore, the choice between the two capacitor types
depends on the design priority, i.e. low volume or low cost.

6.2.1 DBy-VSI Inverter - Symmetric Modulation

The switching losses for the symmetric modulation (DBy-VSI) are now an-
alytically calculated. To this end, the switching energy dissipation Eg,, for
each hard switching transition of a half-bridge is approximated as a linear
function of the commutation current I, as

ESW(ISW) = ko + kilsw . (629)
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Accordingly, the switching power dissipation for a switching frequency f; is

Psw(ISW) = f;ESW = f;(ko + kllsw)- (6-30)

The parameters ko and k; depend on the switched voltage Usy,. Namely the
parameter k, represents the constant part of the switching losses and is cal-
culated in literature [110] (assuming unipolar power semiconductors) as

kO(Usw) = Qoss(Usw) * Usws (6~31)

where Qg is the electric charge stored in the non-linear output parasitic
capacitance Coss of a MOSFET

Usw
QOSS(USW) = ‘/0‘ Coss (u)du (6-32)

The parameter k;(Usy) represents the linear, current dependent part of the
switching losses, and is specific to the semiconductor technology and the
gate driver circuit [86, 111].

Subsequently, the expression (6.30) for the switching losses is applied
to the two switched VSIs of the DBy-VSI inverter, where the commutation
current varies over time in a sinusoidal fashion. In order to account for the
sinusoidal current waveform, an integration of (6.30) over the fundamental
period T, is performed. The resulting sum of the switching losses for all three
phases of the DBy;-VSI are

Psw (Io) = 6f; kO + k172—[10] . (6~33)
The switching losses comprise two components, a constant part 6 f;ky which
is independent of the converter load and a linear part 6 fsklzfo /7 (propor-
tional to the average value of a sinusoidal current half cycle 21, /) which
increases linearly with the output current I, and is used to characterise the
load state. The maximum switching losses occur for maximum motor volt-
age/power. Based on the above calculations, the switching losses are unaf-
fected by the load power factor cos(¢).

The passive components of the two DM/CM output filters are now se-
lected. In particular, six inductors L, and six capacitors C, are employed in
total. For a filter inductor L, the maximum inductor current ripple amplitude
(single-side) Al is given by (6.9). Accordingly, in order to limit the current
ripple to a maximum value ALy the inductor L, value should be

L, > Ui
° T 8ALfi

(6.34)
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The maximum occurring voltage ripple amplitude (single-side) AUc, at the
output filter capacitor C, is given by (6.10). Therefore, in order to limit the
voltage ripple to a maximum value AUc, =~ 1V, which is safe for the motor
operation, the capacitance C, values should be

Ui
Co>——. 6.
° 2 L AT, (6.35)

The inductor L, losses are now investigated. In general, there is a direct
relation between the inductor losses and the RMS inductor current ripple
AL, rms, as a high RMS current ripple results in a high frequency RMS flux
density and hence substantial core losses [85]. In addition, a high RMS cur-
rent ripple causes high-frequency winding losses due to skin and proximity
effect. Therefore, the RMS inductor current ripple Al rms is a reasonable
performance indicator for the design of the inductive components and is cal-
culated in the following. The local (instantaneous) RMS current ripple of the
half-bridge g (or a,) inductor is

A, rus () = 4dy, (1 - dy) ——— (6.36)

«/’ 3Lofi

The worst case local RMS current ripple occurs for d,, = 0.5 and is equal to

Ui
8V3L.f;
In order to calculate the global (total) RMS current ripple, an integration of

(6.36) over the fundamental period T, is performed, resulting in a global RMS
current ripple of

AL, RMS,max = (6.37)

1 U;
AJL M) = —]\/I4 M2 +1- 6.38
Lo.RMs (M) o8 8\/_Lofs (6.38)

The global RMS current ripple of the inductor is illustrated in Fig. 6.13, while
the maximum value occurs for modulation index M = 0.

6.2.2 DB;-VSI Inverter - Unfolder Modulation

In the case of unfolder modulation (DB;-VSI) only the VSI [aj, by, &] is oper-
ated with the switching frequency f;. The expression (6.30) for the switching
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Fig. 6.13: Inductor RMS current ripple for (orange) DBy-VSI employing symmetric
modulation and (yellow) DB1-VSI employing unfolder modulation. The RMS current
ripple is normalized with respect to the maximum occurring local RMS current ripple

Al RMS,max (6-37)-

losses is applied to the switching frequency operated VSI [y, by, ¢;]. The re-
sulting sum of the switching losses over a fundamental period T is

Pow (fo) =3

2 ~
ko + kl—Io] ) (6.39)
JT

The second VSI [dy, by, ¢, ] is operated with the fundamental motor frequency
fo, hence exhibits negligible switching losses. Therefore, there is a loss im-
balance between the first VSI [d;, by, &, which generates both switching and
conduction losses, and the second VSI [a, bs, €], which generates only con-
duction losses. The lower overall losses of the second VSI [a,, by, &;] allow
for a smaller heatsink or even no heatsink at all for this VSI [87]. Thanks
to the unfolder modulation, the overall switching losses are reduced by 50%
compared to the symmetric modulation (DBp-VSI) (6.33).

Besides the lower switching losses, the unfolder modulation benefits
from a simpler filter structure (cf. DB;-VSI in Fig. 6.8) compared to the
symmetric modulation (cf. DB-VSI in Fig. 6.5). The VSI [ay, by, ¢;] which
is operated with the fundamental motor frequency f, can be directly con-
nected to the respective motor terminals [ay, by, c2]. Therefore, only three
inductive components L, in total are required, opposed to six inductive com-
ponents in the case of the DBy-VSI inverter. The two separate inductors per
phase of the DBy-VSI (6.34) are combined into a single inductor in the case
of the DB;-VSI. Hence, each of the three DB;-VSI inductors features twice the
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inductance value compared to the inductance of each of the six DBy-VSI in-
ductors. The DB;-VSI capacitance C, value is selected to be half compared to
the respective value of the DBy-VSI capacitance (6.35). Thereby, an output
filter design with double the inductance but half the capacitance is selected
for the case of the DB;-VSI, which achieves the same overall attenuation as
the respective DBy-VSI output filter. Accordingly, the same maximum volt-
age ripple of AUc, =~ 1V appears across the filter capacitors.

The RMS current ripple stress of the inductor is finally calculated. In or-
der to calculate the global (total) RMS current ripple, an integration of (6.36)
over the fundamental period T, is performed. The resulting global RMS cur-
rent ripple of the DB;-VSI is

U;
8V3Lof:

3 16
AlL, rms(M) = \/gM“ - §M3 +2M? - (6.40)

and is illustrated in Fig. 6.13.

6.3 Experimental Validation

The proposed DB-VSI inverter concept is tested within the fuel-cell applica-
tion of Fig. 6.1 and Tab. 6.1. A 10kW fuel-cell unit requires a continuous
supply of oxygen, which is provided by the 280 krpm high-speed electric
compressor of Fig. 6.2. A motor drive system, directly supplied by the fuel-
cell controls the electric compressor. The compressor drive system uses 10%
of the fuel-cell power, i.e. 1kW.

6.3.1 Design Procedure

In order to design a DB-VSI inverter, the switching frequency f; must be se-
lected. The previously derived in Sec. 6.2 component stresses depend on
the switching frequency f;, however the switching frequency is till now not
explicitly defined. The switching frequency represents a crucial design trade-
off. A high switching frequency allows to reduce the volume of the passive
components, but at the same time increases the semiconductor switching
losses and accordingly requires a larger semiconductor heatsink volume. In
order to select an appropriate switching frequency, a multi-objective opti-
mization routine, with respect to inverter efficiency  and power density p, is
emplyed [15,83], which assesses the performance of several DB-VSI inverter
designs. The optimization routine includes the 200V rated EPC2034 GaN
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Fig. 6.14: Semiconductor losses breakdown into switching and conduction losses
for (yellow) DB1-VSI employing unfolder modulation, (orange) DBy-VSI employing
symmetric modulation and (blue) conventional SB-VSI. The numeric values are cal-
culated for nominal motor power/voltage (i.e. modulation index M = 2), using the
parameters of Tab. 6.3.

semiconductor devices [112], the heatsinks of the semiconductor devices [87],
the inductive components L, [81, 84, 85], and the ceramic capacitors C,, C;.
Based on the optimization results, a switching frequency of f; = 300kHz
is selected. The selected benchmark designs for the DBy-VSI and DB;-VSI
are given in Tab. 6.4 and Tab. 6.5, respectively. Using the analytic formu-
las derived in Sec. 6.2, the inverter component stresses are calculated and
summarized in Tab. 6.3. There, the symmetric and unfolder modulation
strategies are compared. Furthermore, the semiconductor losses of the se-
lected DB-VSI designs are visualized in Fig. 6.14. The unfolder modulation
generates the same semiconductor conduction losses but half the switching
losses, compared to symmetric modulation.

Tab. 6.3 serves as a general design guideline and can be used for mo-
tor drive systems with different specifications. After the designer selects an
appropriate switching frequency f;, based on his/hers system specifications
and the available semiconductor technology, Tab. 6.3 can be easily used in
order to design a DB-VSI inverter.

For the sake of completeness, a conventional SB-VSI (cf. Fig. 6.4) is
designed for the specifications of Tab. 6.1. The detailed design process of a
SB-VSI can be found in Chapter 4. The selected SB-VSI benchmark design,
features the same switching frequency of f; = 300 kHz, for both the DC/DC
stage as well as the DC/AC stage. The SB-VSI component parameters are
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summarized in Tab. 6.6. The semiconductor losses of the selected SB-VSI
design are depicted in Fig. 6.14. It is deduced, that the conventional SB-
VSl inverter generates more than twice semiconductor losses compared to a
DB-VSI solution, for the same switching frequency f;. There are two main
reasons for the high semiconductor losses in the case of the SB-VSI:

(i) Two-stage energy conversion. The power P is processed twice, first in
the DC/DC stage and subsequently in the DC/AC stage.

(if) High DC link voltage Upc. The semiconductor devices of both the
DC/DC stage and the DC/AC stage process/switch the high DC link
voltage.

6.3.2 Experimental Results

Three inverter hardware prototypes are assembled:

(i) DBy-VSI (symmetric modulation) of Fig. 6.5. The hardware prototype
is shown in Fig. 6.15 and the respective component parameters are
given in Tab. 6.4.

(if) DB;-VSI (unfolder modulation) of Fig. 6.8. The hardware prototype is
depicted in Fig. 6.16 and the component parameters are summarized
in Tab. 6.5.

(iii) Conventional SB-VSI of Fig. 6.4. The hardware prototype is depicted
in Fig. 6.17, while the component parameters are summarized in
Tab. 6.6. This hardware serves as the state-of-the-art solution against
which the DB-VSI hardware prototypes are compared to.

In order to enable a meaningful comparison, all the above hardware demon-
strators feature the same switching frequency of f; = 300 kHz. In addition,
the gate driver circuit of the employed MOSFETs features a dead time of
40 ns, a turn-on gate resistance of 5 Q and a turn-off gate resistance of 0 Q.

First, the performance of the three hardware prototypes is experimentally
compared. The conventional SB-VSI hardware prototype achieves a power
density of p = 6kW/dm® (including housing, cooling system and control
electronics) and the lowest efficiency of = 96% at P = 1kW nominal opera-
tion. There are two main reasons behind the SB-VSI low efficiency:

(i) The SB-VSI employs two energy conversion stages (DC/DC stage and
DC/AC stage), and thus suffers from high losses.
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Fan

\ \ Housing
Inductor

Heatsink

Phase ¢

Fig. 6.15: DBy-VSI inverter hardware prototype employing symmetric modulation.
Dimensions 132 mm X 49 mm X 29 mm, power density 5.8 kW/dm?> (95 W/in3).

Tab. 6.4: DBy-VSI hardware prototype parameter values, corresponding to the
schematic diagram notation of Fig. 6.5.

DBy-VSI - Symmetric Modulation

Switching frequency f; 300kHz
Switches (2 devices parallel) 200V EPC 2034
Inductance L, 2.5uH
Capacitance C, 4 pF
Capacitance C; 10 pF
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Power Board 2
Heatsink ‘ d
Inductor

Phase a
Phase b
Phase ¢

& \ Fan

Housing

Fig. 6.16: DB1-VSI inverter hardware prototype employing unfolder modulation. Di-
mensions 76 mm X 31mm X 36 mm, power density 13.1 kW/dm? (215 W/in®).

Tab. 6.5: DB;1-VSI hardware prototype parameter values, corresponding to the
schematic diagram notation of Fig. 6.8.
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DB;-VSI - Unfolder Modulation

Switching frequency f; 300kHz
Switches (2 devices parallel) 200V EPC 2034
Inductance L, 5uH
Capacitance C, 2 yF
Capacitance C; 10 pF
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Control

Board ~o

Phase a s
Phase b
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Inductor

Fig. 6.17: SB-VSI  inverter hardware prototype. Dimensions

106 mm X 50 mm X 35 mm, power density 6 kW/dm? (98 W/in3).

Tab. 6.6: SB-VSI hardware prototype parameter values, corresponding to the
schematic diagram notation of Fig. 6.4.

SB-VSI - DC/DC stage

Switching frequency f;; 300kHz

Switches (2 devices parallel) 200V EPC 2034
*ko =11y, ky = 1.1pJ/A for Upc
Rrion = 10 mQ for 100°C

Inductance L; 1.5puH
Capacitance C; 10 uF
Capacitance Cpc 25pF

SB-VSI - DC/AC stage

Switching frequency fs o 300 kHz
Switches (1 device) 200V EPC 2034

*ko = 5.5, ki = 1.1pJ/A for Upc
Rro.on = 20 mQ for 100°C
Inductance L, 5uH
Capacitance C, 2 uF

*Switching parameters are calculated based on [112].
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(if) The semiconductor devices of both the DC/DC stage and the DC/AC
stage have to process/switch the high DC link voltage Upc = 80V, a
fact that leads to high switching losses.

The DBy-VSI features in contrast a single energy conversion stage. By
employing a symmetric modulation, the DBy-VSI achieves a power density
of p = 5.8kW/dm® and a nominal efficiency of n = 97.4%. The DBy-VSI is
An = +1.4% more efficient than the SB-VSI for a similar power density. Even
though the DBy-VSI features two VSIs (six half-bridges) continuously oper-
ated with the switching frequency f; (compared to only four half-bridges for
the SB-VSI), the semiconductor devices only process/switch the low nom-
inal fuel-cell voltage of U; = 40V (compared to the high DC link voltage
Upc = 80V of the SB-VSI). Since the switching losses scale with the square
of the commutation voltage, the DBy-VSI, generates lower overall switching
losses than the SB-VSL

The DB;-VSI achieves a very high power density of p = 13.1kW/dm?®
and the best nominal efficiency of n = 98.1%. Compared to the SB-VSI, the
DB;-VSI allows to more than double the power density, Ap = +118%, and
at the same time increases the efficiency by Ap = +2.1%. This remarkable
performance leap is achieved thanks to the unfolder modulation:

(i) Only one VSI is continuously operated with the switching frequency
fs, while the second VSI is operated with the fundamental motor fre-
quency f,. As a results, the switching losses are kept low.

(if) The fundamental frequency operated VSI can be directly connected to
the motor, resulting in a simplified and more compact filter configura-
tion.

The comparison of the performance of the three hardware prototypes perfor-
mance is summarized in Fig. 6.18 and Tab. 6.7, while the whole efficiency
profile of the three inverter prototypes is illustrated in Fig. 6.19.

Finally, the motor voltage quality is assessed. Experimentally measured
waveforms of the conventional SB-VSI are shown in Fig. 6.22, where a si-
nusoidal motor phase voltage uay is generated. Superimposed to the motor
phase voltage uay, there is a voltage ripple Au,, due to the PWM operation
of the half-bridge a. In particular, the switch-node a two-level PWM voltage
acquires two voltage values uz, = {0V, 80V} and is processed by a DM/CM
output filter (L, = 5pH, C, = 2 pF). Thanks to the attenuation of the output
filter (-31dB at the frequency f; = 300 kHz), a worst case voltage ripple value
of AUyp = 1.4V (single-side amplitude) is attained.
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Fig. 6.18: Performance [p, ] of (blue) conventional SB-VSI, (orange) DB;-VSI and
(yellow) DB;-VSI hardware prototypes.

Tab. 6.7: Performance summary of the three inverter prototypes.

Inverter Power Density p Efficiency n
SB-VSI*  6kW/dm? (98W/in®) 96%
DBp-VSI  5.8kW/dm?® (95W/in®)  97.4%
DB;-VSI  13.1kW/dm?® (215W/in®)  98.1%

“The efficiency is measured for an input voltage of U; = 60 V
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Fig. 6.19: Efficiency profile of (blue) conventional SB-VSI, (orange) DBy-VSI and (yel-
low) DB;-VSI. Note that, the efficiency of the SB-VSI is measured for an input voltage
of U; = 60V, while the efficiency of the DB-VSIs is measured for U; = 40 V.
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Fig. 6.20: DB1-VSI inverter experimentally measured waveforms at nominal operat-
ing condition M = 2, P = 1kW: Motor terminal a; (yellow) voltage and (blue) voltage
ripple, motor terminal ay (red) voltage and (green) voltage ripple, and (grey) phase a
motor winding voltage.

The DBy-VSI employs a symmetric modulation, while experimentally
measured waveforms for phase a are depicted in Fig. 6.20. The DBy-VSI
features complementary sinusoidal motor terminals voltages u, , and u,,n, re-
sulting in an also sinusoidal motor phase winding voltage a5, = Uayn — Uayn-
In addition, each motor terminal a; and a; voltage shows a voltage ripple
Auy,y and Au,,, due to the PWM operation of the respective half-bridges a;
and a;. Namely, each two-level PWM switch-node g; and a;, voltage acquires
two voltage values uzn = tan = {0V, 40V} and is possessed by a DM/CM
output filter (L, = 2.5puH, C, = 4 pF). Thanks to the attenuation of the filter
(the same -31dB attenuation at the frequency f; = 300 kHz as the SB-VSI), a
worst case voltage ripple of AUy, = AU,,n = 0.7V, is attained, on either side
of the motor. The worst case voltage ripple stress on phase a motor winding
is the sum of the voltage ripple stresses of the respective terminals a; and
az. Therefore, the overall voltage ripple stress in the case of the DBy-VSI is
AUpjn + AUy, = 1.4V, which is the same as in the case of the SB-VSL

The DB;-VSI employs an unfolder modulation, while experimentally mea-
sured waveforms for phase a are illustrated in Fig. 6.21. The DB;-VSI fea-
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Fig. 6.21: DB;-VSI inverter experimentally measured waveforms at nominal operat-
ing condition M = 2, P = 1kW: Motor terminal a; (yellow) voltage and (blue) voltage
ripple, motor terminal ay (red) voltage and (green) voltage ripple, and (grey) phase a
motor voltage winding voltage.

tures discontinuous motor terminals voltages Uan and Ua,ns however, the mo-
tor phase winding voltage a2, = Ua;n — Uayn is sinusoidal. Only the motor
terminal a; voltage shows a voltage ripple Au,n due to the PWM operation
of the respective half-bridge a;, while the motor terminal a; voltage shows
no voltage ripple Au,,, = 0 because the respective half-bridge a; is operated
with the motor fundamental frequency f,. In particular, the two-level PWM
switch-node a voltage acquires two voltage values uzn = {0V,40V} and is
processed by an output filter (L, = 5pH, C, = 2 pF). Thanks to the attenua-
tion of the filter (the same -31dB attenuation at the frequency f; = 300 kHz as
the SB-VSI), a worst case voltage ripple of AU,,, = 0.7V appears. The worst
case voltage ripple stress on phase a motor winding is AUy n + AUyyn = 0.7V,
which is half compared to the respective value for the SB-VSI and/or the
DBy-VSL

Although the DB;-VSI benefits from a lower voltage ripple stress on the
motor, it causes a residual CM voltage on the motor windings. In particular,
at each discontinuity of the motor terminal voltages u,, and u,,, of Fig.
6.21 a CM du/dt appears on the motor. As illustrated in figure Fig. 6.10,
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Fig. 6.22: SB-VSl inverter experimentally measured waveforms at nominal operating
condition M = 2, P = 1kW: Phase a (yellow) output voltage and (blue) output voltage

ripple.

the DB;-VSI results in a motor CM voltage with rectangular shape and a
repetition frequency equal to three time the motor fundamental frequency
3fo. This rectangular LF CM voltage is a disadvantage of the DB;-VSI, but
because of the low repetition frequency of 3f; it does not compromise the
motor reliability over the drive system lifetime.

The DB-VSI technology allows for a performance improvement far be-
yond the SB-VSI state-of-the-art solution. The choice between the DBy-VSI
(symmetric modulation) and DB;-VSI (unfolder modulation) inverter vari-
ants represents a crucial trade-off: The latter DB;-VSI offers exceptionally
high performance, in terms of both efficiency and power density, but results
in a residual CM voltage on the motor. In contrast, the former DBy-VSI solu-
tion sacrifices some of the performance but achieves a better motor voltage
quality, with lower CM du/dt. Besides the better performance of the DB-
VSI technology compared to conventional SB-VSI solutions, the high DB-VSI
power density enables a seamless integration of the inverter into the motor
housing [45,47, 48]. An integrated inverter-compressor example is depicted
in Fig. 6.23. The integration of the inverter further adds to the DB-VSI con-
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Fig. 6.23: Integrated high-speed 280 krpm compressor/inverter prototype, employ-
ing DB-VSI technology and designed by Celeroton AG.

cept advantages: The open-end winding motor is directly attached to the
inverter, eliminating the need for cumbersome and costly shielded motor ca-
bles. Finally, the inverter integration adds value for the end user, since the
latter receives a complete inverter-motor product and is not burdened with
the complicated inverter-motor installation.

6.4 Summary

The double-bridge voltage source inverter (DB-VSI) technology is compre-
hensively analysed in this chapter. A DB-VSI comprises two independent
VSIs connected to the opposite sides of an open-end winding motor (with-
out neutral point). This inverter topology is an excellent choice for variable-
speed motor drive systems, supplied by a fuel-cell (or a battery). The fuel-cell
exhibits a wide DC voltage variation, which must be taken into account for
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the inverter stage design. The DB-VSI excellently utilizes its DC input volt-
age, hence guarantees the full speed/voltage range of the motor, independent
of the DC voltage fluctuation of the fuel-cell.

Two DB-VSI inverter variants and/or modulation strategies are compar-
atively evaluated:

(i) Symmetric modulation strategy of Fig. 6.6. This modulation corre-
sponds to the DBy;-VSI variant of Fig. 6.5 and the hardware prototype
of Fig. 6.15.

(ii) Unfolder modulation strategy of Fig. 6.9. This modulation corre-
sponds to the DB;-VSI variant of Fig. 6.8 and the hardware prototype
of Fig. 6.16.

Both DB-VSI variants incorporate an AC output filter in order to protect
the motor from du/dt originating from the wide-bandgap semiconductor de-
vices’ fast switching transitions. A comparison between the two modulation
strategies reveals that the unfolder modulation offers exceptionally high per-
formance, in terms of both efficiency and power density, but results in a
residual CM voltage on the motor. In contrast, the symmetric modulation
lowers the inverter performance to some extent but completely eliminates
the motor CM voltage.

Finally, the DB-VSI topology is compared to the state-of-the-art inverter
solution of Fig. 6.4, which features two energy conversion stages. Com-
pared to the state-of-the-art hardware prototype of Fig. 6.17, the DB-VSI
technology achieves a performance leap of Ap = +2.1% higher efficiency and
Ap = +118% higher power density.
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Conclusion

OWER electronics abound within a fuel-cell electric vehicle (FCEV) or a
battery electric vehicle (BEV), thus is a key enabling technology for a
sustainable transportation [113,114]. In this thesis, high-speed motor drives,
supplied by a fuel-cell, are investigated. In particular, high-speed compres-
sor drives, that provide the required oxygen to a fuel-cell unit (for FCEVs),
are analysed. A fundamental understanding of the interface between the
inverter and the high-speed motor is provided, and the interdependencies
between the inverter and the motor performance are highlighted. Several
new inverter solutions and novel modulation strategies are proposed, for the
application at hand. The presented concepts/results are general and can be
easily extended for systems with different specifications.

7.1 Summary

In the first part of the thesis, low-voltage motor drives, supplied by a con-
stant DC source, are discussed. In this case, a two-level voltage source in-
verter (VSI) is paired with a high-speed motor. A high switching frequency
is used for the inverter pulse width modulation (PWM), in order to guaran-
tee adequate resolution of the fundamental motor voltages/currents. This
requirement for high switching frequency is achieved by employing the lat-
est generation of wide-bandgap (WBG) power semiconductor devices. It is
recommended to supplement the VSI with a full sine-wave output filter (FSF),
that features both differential-mode (DM) and common-mode (CM) attenua-
tion. The output FSF guarantees sinusoidal motor currents/voltages. This is
crucial for high-speed motors that are sensitive to poor stator current qual-
ity, that induces high rotor losses. The small volume of a high-speed motor,
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outweighs the decrease in the inverter performance, originating form the ad-
ditional volume/losses of the output FSF. Therefore, an output FSF allows to
shift volume/losses from the motor to the inverter, thereby improving the
performance of the motor drive system as a whole. Furthermore, an out-
put FSF mitigates the high du/dt originating from the fast switching transi-
tions of WBG devices, which would cause insulation stress on the motor and
common-mode (CM) bearing currents.

Despite its advantages, the output FSF is a main driver of losses in the
inverter stage. In an effort to reduce the additional losses occurring in the
output filter, the modulation strategy of the VSI is revisited in Chapter 2.
The degrees of freedom in the operation of a VSI are explored, and the spe-
cial characteristics of an output FSF are taken into account. As a result, two
new modulation strategies, are proposed and tested on a 330 W inverter pro-
totype, powered by a 48 V DC bus, and driving a 500 krpm electric compres-
sor. The experimental results validate the performance improvements de-
rived from the proposed modulation concepts.

Chapter 3 focuses on the electromagnetic compatibility (EMC) of high-
speed motor drives, supplied by a DC source. WBG power semiconductor
devices allow for a leap in inverter performance, but require special attention
on electromagnetic interference (EMI) aspects. The high switching frequen-
cies of WBG inverters cause EMI problems, since they lie within the regulated
conducted EMI emissions frequency range of 150 kHz...30 MHz. Typically, an
EMI filter that complies with IEC 61800 standards, is placed at the inverter
DC input-side, in order to protect nearby sensitive equipment from EMI emis-
sions. It is shown in this work, that an input filter is not enough and must be
supplemented by an FSF at the inverter AC output-side. Besides the several
well established benefits of an output FSF, such as purely sinusoidal motor
currents and the protection of the motor against high du/dt, an FSF at the
inverter output-side, also reduces the CM EMI emissions at the inverter DC
input-side. Namely, since the inverter housing, the motor housing and the
shield of the interconnecting cable are all grounded, CM emissions generated
at the inverter output-side are directly mapped to the inverter input-side i.e.
there is an input-to-output CM noise interrelation. It is shown that an out-
put FSF reduces the output-side CM EMI emissions and thus mitigates the
input-to-output CM noise mutual influence. The proposed input/output fil-
ter approach is tested on a 1100 W inverter prototype, powered by an 80V
DC bus, and driving a 280 krpm electric compressor. The EMI measurement
results highlight the good performance of the proposed filter concept.
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Fig. 7.1: Proposed buck-boost inverter topologies: (a) boost VSI (B-VSI), (b) Y-
inverter (Y-VSI) and (c) double-bridge VSI (DB-VSI). The investigated high-speed mo-
tor drive application requires a P = 1100 W inverter, powered by a U; = 40V...120 V
fuel-cell, in conjunction with a n = 280 krpm electric compressor.
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In the second part of the thesis, buck-boost inverter topologies are inves-
tigated. High-speed motor drive systems supplied by a fuel-cell/battery are
especially demanding when it comes to the design of the inverter. Besides a
high performance (high efficiency n and power density p), the inverter has to
cope with the wide DC voltage variation of the fuel-cell/battery. The inverter
has to always guarantee the full speed range of the motor, independent of
the DC input voltage fluctuation, i.e. the inverter must be able to generate
the nominal motor voltage, which is proportional to the motor speed. Sev-
eral novel buck-boost inverter solutions are proposed in this thesis, within
the context of a high-speed motor drive. The application at hand requires a
P = 1100 W inverter, powered by a U; = 40 V...120 V fuel-cell, in conjunction
with a n = 280 krpm electric compressor. The proposed inverter concepts
and their respective performance are summarized in Fig. 7.1.

In Chapter 4, a conventional buck-boost inverter topology is examined,
which features two energy conversion stages. There, a dedicated boost-type
DC/DC stage first adapts the fuel-cell voltage (if necessary) and subsequently
supplies a buck-type DC/AC stage. This inverter solution is denoted as boost-
VSI (B-VSI) and is shown in Fig. 7.1(a). The B-VSI results in a low efficiency
and a relatively low power density, due to the additional losses/volume origi-
nating from the DC/DC stage. A new modulation strategy that synergetically
combines the operation of the DC/DC stage and the DC/AC stage is proposed.
It is thereafter possible to significantly increase the inverter efficiency (by 2%
in the best case), compared to a conventional modulation. This new modu-
lation strategy is particularly interesting, since it can be applied on already
installed/operational motor drives, as a simple firmware update.

Subsequently in Chapter 5, innovation on the inverter topology is pur-
sued. A promising inverter topology, denoted as Y-VSI, is proposed, based
on the idea of modular three-phase systems. This inverter topology achieves
buck-boost capability by using only a single energy conversion stage in con-
trast to the two-stage B-VSI. The modulation possibilities of the Y-VSI are
explored and as a result two modulation strategies are proposed. Based on
the theoretical analysis, the Y-VSI hardware prototype of Fig. 7.1(b) is assem-
bled, which outperforms the conventional B-VSI (power density Ap = +10%,
efficiency An = 42.3%, in the best case).

In an effort to further improve the motor drive performance as a whole,
inverter innovation is combined with motor innovation, in Chapter 6. As
a result, the double-bridge inverter technology (DB-VSI) technology is pro-
posed. A DB-VSI comprises two VSIs, connected to the opposite sides of an
open-end winding motor (no floating neutral point). After exploring all the
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possibilities of the operation of a DB-VSI, two hardware demonstrators are
assembled (cf. Fig. 7.1(c)). The performance of this inverter-motor com-
bination greatly surpasses the previously described solutions (compared to
the B-VSL, power density Ap = +118%, efficiency Ay = +2.1%, in the best
case). The excellent performance of DB-VSI technology underlines the main
message of this work, that motor drives benefit the most from simultaneous
innovation in the inverter and the motor. Finally, an integrated motor drive
(IMD) is assembled by the industry partner of this thesis research project
(Celeroton AG), where a DB-VSI inverter and a high-speed compressor are
placed in the same housing.

7.2 Outlook & Future Research

In this thesis, motor drive systems, supplied by a DC source are comprehen-
sively analysed. Several inverter topologies are evaluated in terms of effi-
ciency and power density, by means of multi-objective optimization tools. It
is shown, that only a high inverter performance is not enough. Recent de-
velopments in the power electronics market require from inverters to offer
additional features/functionalities:

(i) High-frequency sinusoidal output voltages/currents. High-
speed motor technology is gaining importance in commercial applica-
tions, thanks to its low volume/weight. Hence, inverters must support
high motor fundamental frequencies. In addition, the inverter must
guarantee sinusoidal output currents, that high-speed motors require.

(ii) Electromagnetic compatibility (EMC). The inverter is part of a
larger system, thus EMC is a key requirement that ensures uninter-
rupted system operation.

(iii) Buck-boost functionality. The DC voltage variation of fuel-
cells/batteries, that usually supply the motor drive, demands inverters
with buck-boost capability.

This demand for additional inverter features often contradicts the pursuit of
high efficiency and power density and leaves ample room for further inno-
vation.

Efficiency and power density are two key performance vectors for in-
verter systems in motor drives, but are not the only ones. In order to bridge
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the gap between academic research and commercial applications the reliabil-
ity, fault tolerance and cost of the inverter system must be assessed. Further-
more, the long lifetime of motor drives mandates a life cycle cost analysis.
It is important to take into consideration the life cycle energy costs, instead
of only the initial procurement cost of a motor drive product [157,158]. Such
cost analysis, justifies the cost premium of advanced inverter/motor solu-
tions, and illuminates areas worthy of further investment.

In the last part of the thesis an integrated inverter/motor prototype was
presented, that underlined the advantages of a high integration level. In par-
ticular, an IMD benefits from a compact design, eliminates expensive motor
cables and adds value for the end user, who is not any more burdened with
the complicated motor drive installation. Despite the profound advantages
of an IMD, this technology has not yet found wide acceptance in commercial
applications. Further research and technological advancements are needed,
in order to allow for commercial success of IMDs: First, the reliability of in-
verters must be improved in order to match the robustness of motors [47,159].
The placement of the inverter in the high-temperature, high-vibration envi-
ronment of the electric machine, further intensifies reliability concerns. Cur-
rently, semiconductor devices, packaging, PCB and capacitors constitute re-
liability bottlenecks [160-162].

Contemporary IMDs are closely related to the application. Thereby, it
is difficult to produce the same IMD in large numbers and benefit from
economies of scale. As a result, IMDs only appear in niche applications, that
put a high premium on low volume/weight and largely disregard costs (e.g.
compressors for FCEVs). In order to overcome this market adoption barrier,
inverter innovation must be coupled with motor innovation. In particular,
integrated modular motor drive technology (IMMD) presents new opportu-
nities for motor drives [163-165]. In an IMMD, the motor winding is broken
down into winding modules (poles), each one of which is controlled by an
independent inverter module. Each inverter/winding module constitutes an
easily reproducible building block. Thereby, IMMDs could solve the mar-
ket scalability problem of contemporary IMDs. Simultaneously, the modular
nature of IMMDs inherently enables high fault tolerance, which to certain
extend resolves the reliability problems of IMDs.

In the future, the design of the motor and the inverter will inevitably con-
verge. The speed of this technology advancement depends on the capability
of the power electronics community to address the highly multidisciplinary
technical problems that lie ahead. In order to break the performance barriers,
a power electronics engineer should master several scientific fields, besides
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the traditional power electronics discipline. Expertise in motors design, ther-
mal management and mechanical systems is a necessary side-condition for
progress in motor drives.
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