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Abstract

At the present time, the globalization and the digital revolution
are the main drivers of the global economic growth, which, how-

ever, goes hand in hand with a significant increase of the world’s en-
ergy consumption. To reduce the emission of greenhouse gases despite
the rising energy demand, there are clear trends towards an increasing
share of electric vehicles (EVs) on the automotive market and towards
the integration of more renewable energy into the utility grid. Power
electronics is one of the main enabling technologies for this fundamen-
tal change, since the distribution of the electrical power is taking place
at medium-voltage (MV)-AC, whereas EV batteries or e.g. data cen-
ters (on the load-side) and photovoltaic (PV) power plants as well as
wind turbines (on the generation-side) represent low-voltage (LV)-DC
loads or sources, which means that MV-AC to LV-DC interfaces are
required. The state-of-the-art solution for such MV-AC to LV-DC in-
terfaces are low-frequency transformers (LFTs) with subsequent (bidi-
rectional) AC/DC converters. There, the LFT provides the required
voltage transfer ratio and galvanic isolation.

For a further reduction of greenhouse gas emissions, the available
electrical energy should be utilized to the highest possible extent, i.e.
the energy efficiency of the entire power supply chain from the generation-
side to the load-side has to be increased. In this context, Solid-State
Transformers (SSTs), i.e. power electronic converters with an MV con-
nection and galvanic isolation by means of a medium-frequency (MF)
transformer, are a highly attractive alternative for the realization of
MV-AC to LV-DC interfaces due to their higher efficiency, high power
density, and their additional control features compared to the state-of-
the-art solution.

One group of high-power LV-DC loads are e.g. data centers, whose
energy demand will increase significantly in the near future due to the
exploding internet IP traffic. In data centers, the benefit of utilizing
SSTs is even higher than for other applications, since their traditional
power supply chain consists of several cascaded conversion stages with
a low total efficiency, which can be omitted by the use of MV-AC to
400 V DC SSTs. There, it is intended to supply individual server racks,
which can reach power levels in the range of 20 . . . 40 kW, with separate
SSTs with the additional advantage of substantially lower cable cross
sections and/or lower losses compared to LV distribution. Therefore, a
highly efficient 25 kW, 3.8 kV single-phase AC to 400 V DC SST with a
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Abstract

target efficiency of 98 % is realized and experimentally verified in this
thesis.

Instead of interfacing the MV-AC grid with a cascaded multi-cell
AC/DC converter, which consists of several series-connected converter
cells employing e.g. 1200...1700 V semiconductors, a single-cell ap-
proach based on the latest generation of 10 kV SiC MOSFETs is selected
due to the significantly lower complexity and the higher resulting power
density. There, a bidirectional single-cell AC/DC converter faces the
MV-AC grid, whereas a subsequent isolated single-cell DC/DC stage
converts the intermediate DC-link voltage of 7 kV into 400 V DC. To
utilize the full potential of these 10 kV SiC MOSFETs, in this work a
complete technology package containing all the required concepts and
circuits necessary to realize a highly efficient, highly compact, and reli-
able 10 kV SiC MOSFET-based MV-AC to LV-DC SST is developed.

To enable an integration of the isolated gate driver into future intel-
ligent MV SiC modules, which would enhance the switching behavior
and would significantly simplify the design of MV converters, the vol-
ume of the isolated gate driver supply has to be decreased substantially
compared to state-of-the-art solutions. Therefore, a highly compact
gate driver isolation transformer with a coupling capacitance of only
2.6 pF is realized. Furthermore, the gate driver features an ultra-fast
overcurrent protection with a reaction time of only 22 ns and the capa-
bility of clearing hard-switching faults and even flashover faults within
less than 200 ns at a DC-link voltage of 7 kV.

Since there has not been any switching loss data available for the
employed 10 kV SiC MOSFETs (especially in the case of soft-switching),
these losses have to be determined experimentally. However, an error
analysis shows that electrical soft-switching loss measurements can lead
to large errors and therefore these measurement methods are unsuit-
able. To obtain reliable data for the switching losses, a highly accurate
calorimetric soft-switching loss measurement method is developed and
the results show that, compared to hard-switching, the soft-switching
losses are a factor of 30 lower.

For this reason, the goal is to operate all switches under soft-switch-
ing conditions, since this allows for a high efficiency and enables the
downsizing of passive components by employing a high switching fre-
quency. Therefore, a novel bidirectional AC/DC converter topology is
developed, which enables soft-switching over the entire AC grid period
by adding a simple LC-branch to the well-known full-bridge AC/DC
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converter, which internally superimposes a high triangular current on
the AC grid current to reverse the current direction in each switch-
ing cycle. Hence, this concept is called integrated Triangular Current
Mode (iTCM) operation. Furthermore, the design of the required AC-
side LCL filter is discussed in detail and a quasi lossless method to
eliminate current oscillations in MV cables independently of the cable
length is presented. Based on a theoretical analysis, which shows that it
is very important in case of MV converters of this power class to min-
imize parasitic capacitances, a low-capacitive design of the magnetic
components and the PCB layout is realized. Highly accurate calorimet-
ric efficiency measurements show that the iTCM single-phase AC/DC
converter achieves a full-load efficiency of 99.1 %, while it features an
unprecedented power density of 3.28 kW/L.

For the subsequent isolated DC/DC back end of the SST, an LLC
series resonant converter topology is selected and operated at resonance
frequency as ”DC transformer” providing a tight coupling of the con-
verter’s input and output voltages. In order to achieve soft-switching
of all switches under all load conditions and especially for both power
flow directions, a special modulation scheme is developed which allows
the active sharing of the turn-off current among the MV-side and the
LV-side. Furthermore, the MF MV transformer is Pareto-optimized re-
garding its efficiency and power density and special attention is paid
to its MV insulation and the selection and application of a proper in-
sulation material. Calorimetric efficiency measurements show that the
isolated DC/DC converter achieves an efficiency of 99.0 % between 50 %
rated power and full load, while it features a power density of 3.8 kW/L.

Therefore, the complete MV-AC to LV-DC SST system achieves a
full-load efficiency of 98.1 % and a power density of 1.76 kW/L. Com-
pared to an SST with similar specifications presented in 2017 by Fuji
Electric, which achieves an efficiency of 96 % and a power density of
0.4 kW/L, the SST realized in this work generates less than half the
losses and is more than four times smaller.
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Kurzfassung

Die heutige Zeit ist massgeblich von der Globalisierung und der
digitalen Revolution als stärkste treibende Kräfte für das globa-

le wirtschaftliche Wachstum geprägt, das jedoch mit einer deutlichen
Zunahme des weltweiten Energieverbrauchs einhergeht. Um die Emis-
sion von Treibhausgasen trotz des steigenden Energiebedarfs zu reduzie-
ren, zeichnen sich klare Trends hin zu einem grösseren Marktanteil von
Elektrofahrzeugen (electric vehicles, EV) und zu einer zunehmenden
Integration von erneuerbaren Energien in das Energienetz ab. Eine der
Schlüsseltechnologien, die diese fundamentale Umstellung ermöglichen,
ist die Leistungselektronik, da die Verteilung der elektrischen Ener-
gie auf der AC-Mittelspannungsebene (medium-voltage, MV) erfolgt,
während sowohl EV Akkus und Datencenter als auch Photovoltaik
(PV)-Kraftwerke und Windkraftanlagen Niederspannungs- (low-voltage,
LV)-DC-Verbraucher bzw. -Quellen darstellen, weshalb MV-AC zu LV-
DC Interfaces zwingend erforderlich sind. Die Standardlösung für der-
artige Interfaces sind Niederfrequenztransformatoren mit nachgeschal-
teten (bidirektionalen) AC/DC Konvertern. Dabei stellt der Nieder-
frequenztransformator die notwendige Spannungsübersetzung und die
galvanische Trennung bereit.

Zur Minimierung der Treibhausgasemissionen sollte die vorhande-
ne elektrische Energie so effizient wie möglich genutzt werden, d.h. die
Effizienz der gesamten Energieversorgungskette von der Erzeugung bis
hin zum Verbraucher muss einen möglichst hohen Wert aufweisen. In
diesem Zusammenhang sind Solid-State Transformatoren (SST), d.h.
leistungselektronische Konverter mit einem Mittelspannungsanschluss
und mittelfrequenter Potentialtrennung aufgrund ihrer höheren Effizi-
enz und Leistungsdichte sowie der zusätzlichen Regelbarkeit eine at-
traktive Option für die Realisierung von MV-AC zu LV-DC Interfaces,
alternativ zu Standardlösungen.

Eine Kategorie von Hochleistungs-LV-DC-Verbrauchern sind z.B.
Datencenter, deren Energiebedarf in naher Zukunft aufgrund des ra-
santen Anstiegs des Datenverkehrs im Internet signifikant zunehmen
wird. In Datencentern ist der Einsatz von SSTs noch vorteilhafter als
in anderen Applikationen, da die traditionelle Energieversorgungskette
aus mehreren kaskadierten Konverterstufen mit entsprechend niedriger
Gesamteffizienz besteht, die durch den Einsatz von MV-AC zu 400 V
DC SSTs jedoch vermieden werden können. Dabei ist die Energiever-
sorgung einzelner Server-Racks, die einen Leistungsbedarf im Bereich
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von 20 . . . 40 kW aufweisen, durch individuelle SSTs vorstellbar, was den
Vorteil von deutlich kleineren Kabelquerschnitten und/oder kleineren
Verlusten gegenüber einer LV-Energieverteilung mit sich bringt. Aus
diesem Grund wird in dieser Arbeit ein 25 kW, 3.8 kV Einphasen-AC
zu 400 V DC SST mit einer Zieleffizienz von 98 % realisiert und experi-
mentell verifiziert.
Anstatt das Mittelspannungsnetz über einen kaskadierten Multizellen-
AC/DC-Konverter anzukoppeln, der aus mehreren in Serie geschalte-
ten Konverterzellen auf Basis von z.B. 1200...1700 V Halbleitern be-
steht, wird aufgrund geringerer Komplexität und der daraus resultie-
renden höheren Leistungsdichte eine Einzellen-Topologie basierend auf
der neuesten Generation von 10 kV SiC MOSFETs ausgewählt. Dabei
wird ein Einzellen-AC/DC-Konverter an das MV-AC Netz angekoppelt,
wobei eine nachfolgende isolierte Einzellen-DC/DC-Stufe die Zwischen-
kreisspannung von 7 kV in 400 V DC umsetzt. Um das volle Potenti-
al dieser Lösung auszuschöpfen, wird ein umfängliches Technologiepa-
ket entwickelt, welches alle erforderlichen Konzepte und Schaltungen
enthält, die zur Realisierung eines hocheffizienten, hochkompakten und
zuverlässigen 10 kV SiC MOSFET-basierten MV-AC zu LV-DC SSTs
benötigt werden.

Um eine Integration des isolierten Gatetreibers in ein zukünftiges
intelligentes HV SiC Modul zu ermöglichen, was zu einer Verbesse-
rung des Schaltverhaltens und zu einer deutlichen Vereinfachung des
Designprozesses von MV-Konvertern führen würde, muss das Volumen
der isolierten Gatetreiber-Spannungsversorgung im Vergleich zu bishe-
rigen Lösungen deutlich reduziert werden. Deshalb wird ein hochkom-
pakter Gatetreiber-Isolationstransformator mit einer Koppelkapazität
von nur 2.6 pF realisiert. Des Weiteren verfügt der Gatetreiber über ei-
ne ultraschnelle Überstromabschaltung mit einer Reaktionszeit von nur
22 ns, die in der Lage ist, Brückenkurzschlüsse und sogar Kurzschlüsse
aufgrund eines Funkenüberschlags bei einer Zwischenkreisspannung von
7 kV innerhalb von weniger als 200 ns sicher abzuschalten.

Seitens des Herstellers werden für 10 kV SiC MOSFETs (insbeson-
dere für weiches Schalten) keine Schaltverlustdaten zur Verfügung ge-
stellt; entsprechend müssen diese Verluste experimentell bestimmt wer-
den. Durch eine Fehleranalyse wird allerdings deutlich, dass elektrische
Schaltverlustmessungen für weiches Schalten mit sehr hohen Fehlern be-
haftet und deshalb ungeeignet sind. Um verlässliche Daten zu erhalten,
wird ein hochgenaues kalorimetrisches Schaltverlust-Messverfahren ent-
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wickelt, wobei die Resultate zeigen, dass die Schaltverluste bei weichem
Schalten um einen Faktor 30 geringer sind als bei hartem Schalten.

Aus diesem Grund ist es das Ziel, alle Schalter weich schaltend
zu betreiben, da dies eine höhere Effizienz und eine Volumenredukti-
on der passiven Komponenten durch die Wahl einer höheren Schaltfre-
quenz ermöglicht. Dazu wird eine neuartige bidirektionale AC/DC Kon-
vertertopologie entwickelt, die weiches Schalten während der komplet-
ten Netzperiode ermöglicht, indem die bekannte Vollbrücken-AC/DC-
Konvertertopologie mit einem einfachen LC-Netzwerk erweitert wird,
das brückenintern einen hohen Stromrippel auf den Netzstrom auf-
prägt, um dadurch die Stromrichtung in jeder Schaltperiode umzu-
kehren bzw. für den jeweils abschaltenden Transistor einen positiven
Strom sicherzustellen. Dieses Konzept wird daher als integrated Trian-
gular Current Mode (iTCM) Betrieb bezeichnet. Weiterhin wird die
Auslegung des AC-seitig benötigten LCL-Filters detailliert diskutiert
und es wird eine quasi verlustlose Methode zur Eliminierung von Stro-
moszillationen in der Mittelspannungszuleitung unabhängig von deren
Länge aufgezeigt. Basierend auf einer theoretischen Analyse die ver-
deutlicht, dass es für Mittelspannungskonverter dieser Leistungsklasse
von hoher Wichtigkeit ist parasitäre Kapazitäten zu minimieren, wird
ein niederkapazitives Design der magnetischen Komponenten und des
PCB Layouts realisiert. Mithilfe hochgenauer kalorimetrischer Effizi-
enzmessungen wird gezeigt, dass der iTCM AC/DC Konverter eine
Volllasteffizienz von 99.1 % erreicht, wobei zu beachten ist, dass das
System eine für Mittelspannungs-Einphasen-AC/DC-Konverter bisher
unerreichte Leistungsdichte von 3.28 kW/L aufweist.

Als Konvertertopologie für den nachgeschalteten isolierten DC/DC
Konverter wird ein LLC Serienresonanzkonverter gewählt, der bei Reso-
nanzfrequenz betrieben wird, womit eine starre Kopplung der Eingangs-
und Ausgangsspannung bzw. letztlich ein ”DC Transformator” resul-
tiert. Um weiches Schalten für alle Schalter über den kompletten Last-
bereich und im Speziellen für beide Energieflussrichtungen zu erreichen,
wird ein spezielles Modulationsschema entwickelt, welches eine akti-
ve Aufteilung des Abschaltstroms zwischen der MV- und der LV-Seite
erlaubt. Des Weiteren erfolgt eine Pareto-Optimierung des Transfor-
mators hinsichtlich Effizienz und Leistungsdichte. Spezielle Beachtung
kommt der MV Isolation des Transformators und der Auswahl sowie der
Anwendung eines geeigneten Isolationsmaterials zu. Kalorimetrische Ef-
fizienzmessungen zeigen, dass der isolierte DC/DC Konverter zwischen
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50 % Nennlast und Volllast eine Effizienz von 99.0 % erreicht, während
er eine Leistungsdichte von 3.8 kW/L aufweist.

Das komplette MV-AC zu LV-DC SST System erreicht damit eine
Volllasteffizienz von 98.1 % und weist eine Leistungsdichte von 1.76 kW/L
auf. Im Vergleich zu einem SST mit ähnlichen Spezifikationen, der 2017
von Fuji Electric vorgestellt wurde und eine Effizienz von 96 % sowie
eine Leistungsdichte von 0.4 kW/L erreicht, generiert das in dieser Ar-
beit realisierte SST System weniger als die halben Verluste und weist
weniger als ein Viertel des Bauvolumens auf.
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1
Introduction

Today’s society and its future development is substantially influ-
enced by the digital revolution and the globalization, which are

two of the main drivers for economic growth. This is e.g. reflected in the
exploding internet IP traffic, which will triple between 2016 and 2021
(cf. Fig. 1.1) whereby the vast amount of data has to be processed
in highly energy-demanding data centers; furthermore, passenger and
freight transportation on the ground, on the sea, and in the air is rapidly
increasing. Due to the tremendous energy consumption, this growth is
mainly happening at the expense of the environment. The conspicuous
consequences of the resulting climate change, such as the rise of the CO2
concentration, the global warming, and the rise of the sea level [1], have
led to an increasing environmental awareness of society and politics.

To mitigate the effects of the climate change, e.g. in 2010 the
European Commission defined the Europe 2020 strategy [2], which
states that by 2020 the greenhouse gas emissions should be reduced by
20...30 % compared to 1990, and the United Nations Climate Change
Conference 2015 developed the Paris Agreement, whose main goal is to
limit the long-term global average temperature increase to well below
2 ◦C compared to pre-industrial levels [3].

To achieve these goals, a significant decarbonisation of the trans-
portation sector and the electricity generation sector, as well as a sub-
stantial increase in energy efficiency are necessary. Therefore, the con-
sumption of fossil fuels has to be reduced, e.g. by the electrification
of passenger cars and freight trucks, i.e. by utilizing so-called electric
vehicles (EV), as well as the public transport sector. At the same time,
the energy required by EVs and other large-scale consumers such as
data centers has to be delivered from renewable sources, for instance
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Fig. 1.1: Global internet IP traffic for fixed devices (computers) and mobile
devices. Data originates from the Cisco Visual Networking Index [5] and [6].

wind power, solar power, and hydro power in order to reduce the envi-
ronmental footprint sustainably. One example is the Lefdal Mine Data
Center in Norway. Its energy consumption is growing from the cur-
rent 10 MW to 200 MW over the next three years [4], but it is entirely
powered from renewable sources.

Representative indicators to demonstrate the current development
towards a more environmental-friendly energy policy are e.g. the global
number of EVs and the installed renewable power generation capacity.
Fig. 1.2(a) shows the evolution of the global number of EVs between
2013 and 2017 and as can be seen, the total number of EVs (battery
electric vehicles (BEV) and plug-in hybrid electric vehicles (PHEV))
has significantly increased by almost a factor of 10 during this period.
Furthermore, Fig. 1.2(b) shows the installed wind power and photo-
voltaic (PV) power generation capacity between 2000 and 2018, which
has grown more than fivefold in the last 10 years.

One of the key technologies enabling this fundamental change in the
power flow chain between the renewable energy sources and the con-
sumers is power electronics, since e.g. EV batteries and data centers
are low-voltage (LV) DC-loads, whereas the typical distribution grids
are medium-voltage (MV)-AC grids, i.e. an MV-AC to LV-DC conver-
sion is necessary for interfacing high-power DC-loads to the utility grid.
On the generation side, if wind power and PV power is considered, an-
other LV-DC to MV-AC conversion is required, since more and more
modern wind-generators are incorporating variable speed drives [9–12]
and hence, besides the PV panels, also represent DC-sources seen from
their rectifier’s DC-link.
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Fig. 1.2: (a) Evolution of the global EV stock. Data from [7]. (b) Global
installed PV power and wind power generation capacity. Data from [8].

To interface an MV-AC grid to an LV-AC grid, usually low-frequency
transformers (LFTs), which provide galvanic isolation and the required
voltage transfer ratio between the primary-side and the secondary-side,
are employed. In case an MV-AC to LV-DC conversion is required, a
power electronic AC/DC conversion stage is added on the LV-side of
the LFT, as shown in [13] for wind turbines, in [14] for PV power plants,
in [15] for EV high-power battery charging, and in [16] for data centers.

1.1 Solid-State Transformer Characteris-
tics and Applications

As a widely discussed alternative to LFTs, Solid-State Transformers
(SSTs) could be used to interface an MV grid to an LV grid. There, the
term SST (also referred to as Smart Transformer [17], Electronic Trans-
former [18], Intelligent Universal Transformer [19], Energy Router [20],
or Energy Control Center [21]) represents a class of power electronic
converters with medium-frequency (MF) galvanic isolation operating
between an arbitrary MV grid and an arbitrary LV grid [22–25]. How-
ever, in contrast to LFTs, SSTs can not only operate between two AC
grids [18, 19, 26–28], but can also directly interface DC grids either on
the MV-side [29,30], the LV-side [31–33], or on both sides [34–39].

The benefits of SSTs are mainly the controllability, i.e. reactive
power compensation, fault handling, grid monitoring, and energy rout-
ing, as well as a potential increase in power density and efficiency com-
pared to LFT-based solutions. However, it has been shown in [40] that
typical SSTs perform worse than LFTs in AC/AC operation, but out-
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perform the standard solution (LFT + AC/DC converter) in terms of
lower weight, lower volume and lower losses when it comes to MV-AC
to LV-DC conversions. Therefore, SSTs are especially well suited for
the following applications:

I Data center power supplies [33,41–43];

I MV-connected high-power EV battery charging [15,32,44–46];

I Integration of PV power plants into the MV-AC distribution grid
[47–52];

I Connection of wind turbines to the MV-AC distribution grid [53–
55];

I Integration of battery energy storage systems (BESS) into the
MV-AC grid [13,15,48,56];

I Traction applications [31,57,58];

I DC collection grids for large-scale renewable power plants [37,39,
59–62];

I Integration of power-to-gas facilities for hydrogen generation into
the MV-AC grid [63–65]

1.2 SSTs for Data Center Power Supplies
It is estimated that the information and communication technology
(ICT) sector currently consumes 10 % of the world’s generated electric
energy [66] and e.g. in 2014, the 14 million installed servers in the U.S.
consumed 1.8 % of the national electricity generation [67]. Furthermore,
it is reported that 12 . . . 27 % of the energy provided to data centers at
MV level is dissipated in the power conversion stages which convert the
voltage from several kilovolts down to the chip voltage level [42,68,69].
For economical and ecological reasons and due to the strongly increasing
internet IP traffic (cf. Fig. 1.1) with the resulting demand for more
computing power and hence for more electrical energy, the interest of
research institutions and industry on more efficient data center power
supplies has grown rapidly over the past decade.

Fig. 1.3(a) shows the traditional power supply chain in a data
center from the MV-AC grid to the 12 V supply for the servers. An
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Fig. 1.3: (a) Traditional data center power supply chain from MV-AC to
the 12 V DC server supply voltage. (b) Power supply chain based on 400 V
DC distribution for a reduced complexity and increased efficiency. (c) SST-
based power supply chain which allows to omit the LFT for an even higher
efficiency and power density. The figures are taken from [70] and have been
slightly modified.

LFT provides the galvanic isolation from the MV grid and transforms
the voltage down to 480 V AC from where an uninterruptible power
supply (UPS) with its backup batteries feeds another LFT, which is
part of the power distribution unit (PDU), stepping down the voltage
to 208 V, since the subsequent conversion stages are only rated for an
input voltage range of 90 . . . 264 V [70]. The PDU then feeds the in-
dividual server racks, which contain a PFC rectifier and a 400 V/12 V
DC/DC converter. As can be noted, there are several cascaded conver-
sion stages, i.e. the total efficiency decreases with each conversion stage
and hence is relatively low.

In order to increase the efficiency and to reduce the complexity
(and therewith the probability of failure) of the power supply chain of
data centers, a shift to 380/400 V DC distribution systems is consid-
ered [16,69] and is partly already implemented [71]. Fig. 1.3(b) shows
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the block diagram of a 400 V DC distribution-based data center power
supply and as can be seen, the UPS, one LFT, and the rack-internal
PFC rectifier can be omitted, whereby the backup batteries are now
connected to the 400 V DC bus. Consequently, according to [72], an
efficiency improvement of 7 % can be expected compared to the tradi-
tional power supply chain.

As a further step, SSTs are considered to provide a direct power elec-
tronic interface from the MV-AC grid to the 400 V DC bus, in order
to improve the efficiency and the power density also of this part of the
conversion chain [33,41,42]. There, the power supply of each server rack
(which can reach power demands in the range of 20 . . . 40 kW [68,73,74])
with a separate SST is intended. Fig. 1.3(c) shows the SST-based data
center power supply chain, where the SST replaces the bulky LFT and
the rectifier by directly interfacing the MV-AC grid. With this concept,
the power could be distributed on MV level (e.g. 6.6 kV phase-to-phase
rms, i.e. 3.8 kV rms phase-to-neutral) in the data center with the advan-
tage of substantially lower realization efforts and/or cable cross sections
and lower ohmic losses compared to LV distribution. Individual single-
phase SSTs (single-phase for a low complexity) could then convert the
MV-AC into 400 V DC and feed individual server racks or clusters,
whereby the three phases of the MV utility grid could be symmetrically
loaded. For a cost-effective construction of the building, it would be im-
portant that the SSTs are compact and lightweight. Additionally, the
SSTs should allow a bidirectional energy flow, e.g. to feed energy from
the 400 V DC bus back into the AC grid in case PV power is integrated
in the 400 V DC bus and generates more power than required by the
servers [75,76].

To contribute to the reduction of the environmental footprint of data
centers (and other applications that require an MV-AC to 400 V DC
conversion), this thesis focuses on the realization of a highly efficient
and highly compact SST for the supply of single server-racks.

1.3 System Specifications
From the considerations of Section 1.2, the system specifications given
in Tab. 1.1 arise for the bidirectional SST treated in this thesis. As
can be seen, the efficiency goal of ηt,SST = 98 % is highly ambitious
and has been defined by the Swiss National Research Program 70 [77]
as a part of the Swiss Energy Strategy 2050, which specifies a 13 % per
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Tab. 1.1: SST Specifications.

Parameter Symbol Value
Power P 25 kW
MV-side AC voltage (rms) ug 3.8 kV
LV-side DC voltage UDC,LV 400 V
Mains frequency fg 50 Hz
Target efficiency ηt,SST 98 %

capita decrease of the electric energy consumption by 2035 compared
to the year 2000. Therefore, a substantial increase in energy efficiency
compared to standard solutions is necessary and will be one of the main
goals of this thesis.

1.4 SST Key Challenges

1.4.1 Interfacing of the MV Grid
One of the key challenges of SST technology is the interfacing of the
comparably high voltages with semiconductors on the MV-side of the
SST. Up to now, this is typically solved by utilizing multilevel convert-
ers based on e.g. 1200 V . . . 1700 V SiC MOSFETs or IGBTs. However,
this leads to highly complex topologies with a high number of compo-
nents and a complex modulation. Instead of sharing the total blocking
voltage among several converter cells, the recent development of MV
SiC devices with blocking voltages in the 10 . . . 15 kV range enable the
direct interfacing of MV with a single-cell converter. In this case, the
complexity of the topology is significantly reduced, however for the price
of the much more challenging handling of the MV SiC devices compared
to LV devices and the insulation of the components for the full voltage
instead of only a small share of the total voltage in case of the multi-cell
approach.

1.4.2 Medium-Voltage Insulation
The electrical insulation of MV equipment in the AC distribution grid
is well-known. E.g. high-power LFTs are typically oil-insulated and can
withstand high overvoltages. However, since the power density of LFTs
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is comparably low due to their low operating frequency, the additional
isolation distances are small compared to the size of the LFT itself. In
contrast, in case of SSTs where MF transformers with a considerably
higher power density are incorporated, the isolation distances are much
more significant. Furthermore, due to the higher power density, the sur-
face area for the extraction of the dissipated heat through the insulation
material is considerably lower and therefore, insulation materials with a
high thermal conductivity are required for SST applications. Addition-
ally, the combination of MV and MF imposes a high dielectric stress
on the insulation [78], such that the insulation material has to feature
a low dissipation factor and a high electric breakdown field strength to
enable a compact MF MV transformer design. A detailed study on MF
MV transformers is given in [79].

1.4.3 Efficiency, Power Density, and Cost
For power electronic converters (including SSTs), there is always an
application-specific trade-off between efficiency, power density, and cost,
among others [80]. When the state-of-the-art MV-AC to LV-DC so-
lution, i.e. an LFT and a subsequent rectifier is taken as a reference,
the SST-based solution can outperform the LFT solution regarding effi-
ciency and power density, whereby the initial cost of an SST is typically
higher [40]. However, the higher initial cost of SSTs can eventually be
compensated by the lower operating costs due to the lower losses and
therefore, the efficiency is one of the most important aspects for the
design of SSTs. Considering that space in a data center is rare and thus
very expensive (since it could be used for more servers, whose compu-
tation power would generate more revenue), the space consumption of
the power and signal provisioning systems should be minimized. Ac-
cordingly, a high power density of the power supply is desired. This is
underlined by the fact that the developed technology in this thesis is
not limited to the use in data centers but can also be utilized in even
more space-limited applications such as traction or more-electric air-
crafts, i.e. a high power density of the developed SST is in general of
high relevance.

1.4.4 Reliability
One highly important aspect from the perspective of utility grid oper-
ators but, e.g., also for data center operators is the reliability of the
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equipment, since equipment failures can potentially cause high eco-
nomic damage. Whereas LFTs are highly robust and can withstand
e.g. lightning impulses, SSTs are much more sensitive and require more
complex protection measures [81]. However, for the supply of data cen-
ters with a large number of SSTs as intended in this work, the protection
measures could be implemented centrally, such that the individual SSTs
are connected to a protected MV grid. Furthermore, the approach to
supply each server rack with an individual SST automatically offers a
high level of redundancy, i.e. if one SST fails, only one server rack is
out of operation until the SST is replaced, without affecting the oper-
ation of the other servers. In this case, however, the faulty SST has to
be disconnected from the MV-AC grid, which is not further discussed
in this thesis. Nevertheless, failures of the SSTs have to be avoided
by implementing e.g. overcurrent protection features and by a proper
design of the MV insulation.

1.5 Suitable MV-AC to LV-DC SST
Topologies

In the following, a brief overview over the most promising MV-AC to
LV-DC SST topologies and their fundamental functionality is provided.

1.5.1 Isolated Back End SSTs
A common approach to interface an MV-AC grid without the use of
MV semiconductors is the series connection of several AC/DC con-
verter modules [42, 57, 58, 82, 83], as shown in Fig. 1.4. Thereby, the
individual converter cells consist of a PFC AC/DC converter stage and
a subsequent isolated back end (IBE) DC/DC stage. To decrease the
turns ratio of the MF transformers and to achieve a natural voltage
balancing among the converter cells [84], the outputs of the individual
isolated DC/DC stages are connected in parallel, such that an input-
series output-parallel (ISOP) configuration of the converter cells results.
In order to minimize the boost inductance Lf , the AC/DC converters
can be operated with phase-shifted carriers, resulting in a switched mul-
tilevel AC voltage uML, which closely follows the MV grid voltage ug,
and therefore leads to a small input current ripple. Even though multi-
cell converters can achieve a high conversion performance and are very
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Fig. 1.4: Multi-cell isolated back end realization of an MV-AC to LV-DC
SST. The ISOP-connected cells consist of a front end PFC AC/DC stage and
an isolated back end DC/DC converter.

flexible due to their modularity, they are also highly complex due to
the high number of switches, gate drivers, isolated auxiliary supplies,
and voltage/current measurements.

1.5.2 Isolated Front End SSTs
In contrast to an IBE topology, the galvanic isolation can also directly
be performed in the front end of the SST, whereas the current shaping
is taking place subsequent to the isolation barrier [85, 86]. Fig. 1.5
shows the isolated front end (IFE) topology, which consists of several
ISOP-connected converter cells, each being realized as a series resonant
converter (SRC) with bidirectional switches on the AC-side. The SRC
is operated with a constant switching frequency and a 50 % duty cy-
cle and, due to the isolation transformer and rectifier stage, generates
an isolated and scaled |AC| voltage at its output (the capacitors on
both sides of the SRC are comparably small and allow a full LF volt-
age swing). In case a variable interlock time is implemented, the SRC
can be operated under soft-switching conditions [87], enabling a high
switching frequency and therefore a compact design of the MF trans-
former. Eventually, a subsequent single |AC|/DC PFC boost converter
performs the current shaping and generates the constant DC output
voltage UDC,LV.

The advantage of the IFE approach compared to the IBE approach
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subsequent single-cell |AC|/DC PFC boost converter shapes the current and
generates the DC output voltage.

is the lower number of SiC devices on the MV-side and in general a lower
complexity on the MV-side (e.g. no voltage or current measurements),
since the current shaping is performed on the LV-side. However, the
disadvantage of this topology is the low utilization of the semiconductor
chip area and the MF transformer, since these components have to be
designed for the peak AC current (and in case of the transformer for
the peak AC magnetic flux density), and the resulting lower full-load
efficiency compared to an IBE approach [85].

For the sake of completeness, it has to be mentioned that an IFE
SST could also be realized as single-cell system employing MV SiC
devices, whereby the same advantages and disadvantages as in case of
a multi-cell system would appear.

1.5.3 Modular Multilevel Converter-Based SSTs
Another topology that does not require HV switches to interface an
MV grid and has gained high interest since its patent registration in
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Fig. 1.6: Modular multilevel converter (MMLC) realization of an MV-AC
to LV-DC SST.

2001 is the modular multilevel converter (MMLC) [88–90]. Fig. 1.6
shows a variation of the MMLC, known from [33, 91], for interfacing
an MV-AC grid to an LV-DC bus featuring galvanic isolation via an
MF transformer. It consists of two inverter legs that are realized as
a series-connection of several full-bridge submodules. With a suitable
modulation scheme, the MMLC is able to generate an MF-AC voltage
at the transformer terminals out of the MV-AC grid voltage without the
necessity of supplying the individual submodules from their DC-side.
However, in this case each of the converter arms (both inverter legs
consist of an upper and a lower converter arm) has to be dimensioned to
block the full peak AC grid voltage, which results in a very high number
of semiconductors and associated circuitry. At the same time, this also
leads to comparably high conduction losses due the high number of
switches in the conduction path [33].

1.5.4 Single-Cell IBE SSTs Using MV SiC Devices
As already mentioned, with the new generation of 10 . . . 15 kV SiC MOS-
FETs, it is possible to interface the MV-AC grid directly with a single-
cell converter. Due to the higher efficiency, the IBE topology is preferred
over the IFE topology and in this case the SST consists of a single-cell
AC/DC PFC rectifier followed by an isolated single-cell DC/DC con-
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verter, as shown in Fig. 1.7. The EMI noise (which is higher compared
multilevel converters due to the lower number of voltage levels) is lim-
ited by an additional LCL-filter in front of the PFC rectifier, which
is a typical filter structure used for MV converters [58]. The isolated
DC/DC converter can e.g. be realized as dual active bridge (DAB)
converter or as SRC and is interfaced to the AC/DC stage via an in-
termediate DC-link. Due to the greatly reduced complexity compared
to the multi-cell IBE and IFE topologies as well as to the MMLC ap-
proach, a higher power density and possibly also a higher reliability
are expected. Furthermore, MV SiC devices with outstanding switch-
ing behavior enable completely new dimensions in terms of switching
frequency and efficiency compared to standard devices.

In order to explore the limits in efficiency and power density of the
single-cell IBE approach, this topology is selected, realized, and tested
in detail in this thesis. There, 3rd generation 10 kV, 20 A SiC MOSFETs
of type CPM3-10000-0350 from Wolfspeed are used on the MV-side of
the SST.

1.6 Previous Work
In 2017, Fuji Electric published an SST system (from now on referred
to as Fuji Electric SST ) for the power supply of IT equipment in data
centers directly from the MV-AC grid [92]. The rated power is also
25 kW, and the input and output voltages are 2.4 kV AC (rms), and
54 V DC, respectively. Although the voltage levels are different from
the system treated in this thesis, they are sufficiently close to use the
Fuji Electric SST as a benchmark. The topology of one converter cell is
shown in Fig. 1.8(a) and the system consists of five of these IBE cells
in ISOP configuration. Furthermore, as can be seen, the topology only
allows a unidirectional power flow from the MV-side to the LV-side,
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whereas the SST discussed in this thesis features bidirectional energy
flow.

Fig. 1.8(b) shows the measured efficiency curves of the Fuji Electric
SST and the total efficiency reaches 96 % at full load. Furthermore, a
power density of 0.4 kW/L is achieved [92].

1.7 Aims and Contributions
The objective of this thesis is the design and experimental analysis of a
10 kV SiC MOSFET-based 25 kW single-phase 3.8 kV AC to 400 V DC
SST with a target efficiency of 98 %. Compared to the Fuji Electric
SST, this efficiency means that the SST discussed in this thesis should
feature half the losses. Furthermore, under this constraint, the power
density of the SST should be maximized in order to make it suitable
for volume restricted applications.

Besides these performance parameters, also the interaction between
the MV-AC grid and the SST as well as the protection of the 10 kV SiC
MOSFETs should be taken into account.

To achieve these performance goals and to enable a reliable oper-
ation of the SST in the grid, the following points, which have been
identified as the main challenges, are treated in detail in this thesis:

I Highly compact isolated gate driver power supply - The
gate driver of the high-side switch in a bridge-leg configuration is
referenced to the switch-node potential and hence must be sup-
plied with electrical energy in a galvanically isolated manner. To
limit the CM currents arising from the fast switching transitions,
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a low parasitic coupling capacitance across the isolation barrier
is mandatory. Typically, air or tape insulated transformers are
used in literature for 10 . . . 15 kV SiC gate driver power supplies.
However, these isolation transformers are showing a large vol-
ume [93–96] and in some cases even exceed the volume of the
SiC module considerably [97,98]. To enable an integration of the
isolated gate driver into future MV SiC modules, which would sig-
nificantly simplify the design of MV converters, a highly compact
gate driver isolation transformer with a very low coupling ca-
pacitance is designed and realized utilizing a special transformer
design and an advanced insulation material.

I Ultra-fast overcurrent protection - To avoid severe damage
of MV converters, whose DC-link capacitors normally store com-
parably large amounts of energy capable of causing explosions of
semiconductor modules, gate drivers for MV switches are typically
equipped with an overcurrent protection (OCP) circuit. The reac-
tion times of existing OCP circuits are usually in the microsecond
range, and typically OCP circuits are only tested for the standard
hard-switching fault (HSF) and the fault under load (FUL) sce-
narios. However, in MV applications, flashover faults (FOF) with
extremely high du/dt and di/dt values can occur due to insulation
failures and are much more critical to handle for an OCP circuit.
Therefore, an ultra-fast OCP circuit is realized, which is able to
clear a FOF at a DC-link voltage of 7 kV and protects the 10 kV
SiC devices from damage even in this worst-case scenario.

I Accurate calorimetric soft-switching loss measurement
method - Soft-switching losses (SSL) of MOSFETs are typically
not given in the device datasheets and therefore have to be de-
termined by measurements. A detailed error analysis shows that
electrical measurement methods, such as the double pulse test, are
highly inaccurate and hence unsuitable for the measurement of
SSL of modern fast-switching SiC MOSFETs. Therefore, a highly
accurate transient calorimetric measurement method is developed
and used for the determination of the SSL of the employed 10 kV
SiC modules. An interesting and important result of these mea-
surements is that the antiparallel SiC JBS diode causes the largest
part of the soft-switching losses of the 10 kV SiC module due to
losses occurring during the charging/discharging of the parasitic
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capacitance of the diode.

I Impact of parasitics on the design of MV converters -
For LV converters it is commonly known that parasitic commu-
tation loop inductances should be minimized in order to avoid
excessive ringing and/or voltage overshoots during the switching
transitions. For this reason, low-inductive packaging especially
of fast-switching wide bandgap devices has significantly gained in
importance with the development of modern SiC and GaN power
devices. However, a theoretical analysis shows that parasitic in-
ductances play only a minor role for the MV converter treated in
this thesis. In contrast, for MV converters of this power class it
is highly important to minimize parasitic capacitances in order to
limit the occurring capacitive currents during the switching tran-
sitions. These findings have an important impact on the design
of the 10 kV SiC MOSFET-based SST, since special attention has
to be paid to achieve a low-capacitive design of e.g. the magnetic
components and the PCB layouts.

I Fully soft-switching SST topology - Despite the outstand-
ing switching performance of MV SiC MOSFETs compared to
HV Si IGBTs, their hard-switching losses are still significant and
are limiting the achievable efficiency and the power density of MV
converters, since they define an upper bound for the switching fre-
quency and hence inhibit the downsizing of passive components.
To overcome these limitations, the SST topology is fully soft-
switching and therefore, the efficiency and the power density are
significantly increased compared to state-of-the-art SSTs. Specif-
ically, a novel bidirectional soft-switching single-phase AC/DC
converter topology is developed, whereas the bidirectional LLC
series resonant DC/DC converter is operated with a novel modu-
lation scheme to achieve soft-switching for all devices.

I Calorimetric efficiency measurements - The simplest method
to measure the efficiency of a power electronic converter is to mea-
sure its input power and its output power and to calculate the ra-
tio of both power values. However, for highly efficient systems in
the range of 99 % efficiency, already small power measurement er-
rors can lead to large errors in the resulting efficiency. A detailed
measurement error analysis shows that electrical efficiency mea-
surements are unsuitable for the determination of the efficiency
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of the converters developed in this work. Therefore, the losses
of the individual semiconductors and the magnetic components
are measured with the help of calorimetric measurement meth-
ods leading to a significantly higher accuracy. Furthermore, with
these measurement methods, the distribution of the losses among
the different components within the converters can be determined.

I EMI filter - Existing standards for the maximum current har-
monics generated by a converter in the MV grid only cover fre-
quencies up to 2.5 kHz [99] or 9 kHz [100], since typically LFTs or
converters with low switching frequencies are used in the MV-AC
grid [50,101,102]. However, due to the low soft-switching losses of
the latest generation of 10 kV SiC MOSFETs, switching frequen-
cies in the 50 . . . 100 kHz range are possible. Moreover, the lack of
harmonic standards does not mean that no AC-side input filter is
needed, since harmonics in this frequency range could e.g. lead to
grid resonances or aging of insulation materials in MV cables due
to heating from dielectric losses. Therefore, the existing IEEE
519 harmonic standard is extrapolated to higher frequencies and
an LCL-filter is designed accordingly.

I MV-AC cable resonances - Most commonly, MV converters
are connected to the utility grid via MV-AC cables with a certain
length. From an electromagnetic field perspective, these cables
can be regarded as almost undamped transmission lines with dis-
crete resonance frequencies and high resonant gains. E.g., for a
typical MV cable with a length of 500 m, the first resonance fre-
quency is located at around 35 kHz. If the switching frequency of
the AC/DC front end of the SST approaches one of these cable
resonance frequencies, undesired current oscillations of significant
magnitudes can occur. By adding the proposed passive and quasi
lossless damping network between the LCL-filter and the MV ca-
ble, the oscillations can be completely avoided, independently of
the cable length.

I MV insulation - One of the most challenging aspects during
the design of an MV system is the electrical insulation of the in-
dividual components and the insulation coordination within the
converter system. Due to the high voltages in combination with
the high switching frequencies enabled by the 10 kV SiC MOS-
FETs under soft-switching conditions, a high dielectric stress is
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imposed on the insulation material used to insulate e.g. magnetic
components. Therefore, in case of standard insulation materials,
considerable dielectric losses are generated, which could lead to
local hot spots and finally to the destruction of the insulation.
Consequently, to attain a reliable MV insulation, advanced insu-
lation materials with a low dielectric dissipation factor and a high
thermal conductivity are required in order to not only generate
less dielectric losses, but also to extract the losses generated by
the windings through the insulation material.

1.8 Outline of the Thesis
With the goal to guide the reader along the design and realization of the
SST system, this thesis is divided into six chapters, which are briefly
outlined in the following.

I The development of MV SiC MOSFETs with blocking voltages of
10 kV enables new levels of performance of MV-connected power
electronic converters, but also demands for advanced isolated gate
drivers and OCP circuits to fully and reliably utilize the poten-
tial of these novel MV SiC power semiconductors. Therefore, in
Chapter 2, a highly compact isolated gate driver with an ultra-
fast overcurrent protection circuit is designed, constructed and
experimentally verified with the goal to enable an integration of
this circuitry into future intelligent 10 kV SiC modules in order
to simplify the design and to increase the performance of MV
converters.

I In Chapter 3, the soft-switching losses of the 10 kV SiC mod-
ules are determined experimentally, since the device datasheet
does not provide any loss values for soft-switching (and for hard-
switching). A detailed error analysis shows that electrical mea-
surement methods are unsuitable for the measurement of soft-
switching losses and therefore, a highly accurate transient calori-
metric measurement method is developed and applied to the 10 kV
SiC modules. Additionally, the hard-switching losses are also mea-
sured and compared to the soft-switching losses.

I For the design of the bidirectional 3.8 kV AC to 7 kV DC front
end converter of the SST, the achievable performance is calcu-
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lated in Chapter 4 in case the standard hard-switched full-bridge
PWM converter topology is employed. It is shown that the hard-
switching losses significantly limit the efficiency and the power
density, since a rather low switching frequency would have to be
selected. To improve the efficiency and power density, the 10 kV
SiC MOSFETs have to be operated under soft-switching con-
ditions and to achieve this, a novel bidirectional soft-switching
AC/DC converter topology, the integrated Triangular Current
Mode (iTCM) topology is developed. Finally, the iTCM con-
verter is designed and constructed with a special focus on the re-
quired inductors and their MV insulation, the AC-side LCL-filter
and the problems arising from the connection of the converter to
the MV-AC grid via an MV cable. The converter is experimen-
tally verified at full load and its efficiency and loss distribution
are determined accurately by calorimetric measurements.

I Chapter 5 treats the bidirectional isolated 7 kV/400 V DC/DC
converter, which provides the required voltage step down and the
mandatory galvanic isolation of the SST. Since the AC/DC front
end converter is able to control the voltage, the DC/DC con-
verter can be realized as SRC operated at resonance frequency
and therefore acting as ”DC transformer”, i.e. providing a quasi
load-independent voltage transfer ratio. In order to achieve zero
voltage switching (ZVS) for all devices in all possible operating
points, a novel highly robust modulation scheme is developed.
Furthermore, the MV MF transformer is Pareto-optimized and
special attention is paid to its MV insulation. The DC/DC con-
verter is constructed and experimentally verified at full load. Fi-
nally, the efficiencies and loss distributions of the transformer and
the complete DC/DC converter are determined with calorimetric
measurement methods with high accuracy.

I At the end of each chapter, short summaries of the obtained re-
sults are given and the key findings are highlighted. Final con-
clusions obtained from the presented study are summarized in
Chapter 6. The achieved performance is discussed and com-
pared to the Fuji Electric SST. Finally, the thesis is concluded
with suggestions for potential future research areas.
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2
Highly Compact Isolated Gate

Driver with Ultra-Fast Overcurrent
Protection for 10 kV SiC MOSFETs

Silicon Carbide semiconductor technology offers the possibility to
manufacture power devices with unprecedented blocking voltages

in the range of 10 . . . 15 kV and superior switching characteristics, en-
abling switching frequencies beyond 100 kHz. To drive these 10 kV SiC
devices, the power supply and the gate signal of the (high-side) gate
driver require an appropriate galvanic isolation featuring a low coupling
capacitance and a high du/dt ruggedness. Since currently no commer-
cially available gate drivers for these specifications exist, a customized
isolated gate driver is developed, which, in order to simplify the use
of the MV SiC devices, is intended to be integrated into a future in-
telligent MV SiC module. For this purpose, a highly compact isolated
gate driver with an isolation voltage rating of 20 kV is implemented and
tested. The realized isolation transformer of the isolated power supply
shows a volume of only 3.1 cm3 and a coupling capacitance of only
2.6 pF, and has been successfully tested at 20 kV DC. Furthermore, an
ultra-fast overcurrent protection (OCP) circuit is implemented to pro-
tect the expensive SiC modules from destruction due to overcurrents,
which e.g. could result from false turn-on of both transistors of a bridge-
leg or from short circuits of the load. The OCP circuit reacts within
22 ns to a fault and measurements prove that it can successfully clear
both, a hard switching fault (HSF) and even a flashover fault (FOF),
where one of the two switches of a bridge-leg configuration is subject to
a flashover, in less than 200 ns for a DC-link voltage of 7 kV.
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2.1 Introduction
Medium-voltage (MV) SiC devices with blocking voltages of 10...15 kV
have gained significant interest in the recent years [105–113], since they
enable the simplification of MV-connected power electronics by reducing
the number of switches and associated isolated gate drivers compared
to modular MV converters based on lower voltage devices [114, 115].
Therefore, possible applications for MV SiC MOSFETs and IGBTs
are, besides HVDC transmission, e.g. Solid-State Transformers (SSTs)
for future data center power supplies [33, 116, 117], high-power elec-
tric vehicle battery charging facilities [118, 119], traction applications
[57,120], naval or marine on-board MV-AC or MV-DC distribution sys-
tems [121, 122] or even future all-electric aircrafts [123]. However, the
MV SiC devices such as the one shown in Fig. 2.1 feature extremely
fast switching speeds with dv/dt values of up to 100 kV/µs and, in
case of SiC MOSFETs, extremely low soft-switching losses, which al-
low switching frequencies beyond 100 kHz for DC link voltages in the
5 . . . 10 kV range [124]. Consequently, standard isolated gate driver ICs
as well as standard isolated gate driver power supplies and optocouplers
are not applicable for the power and signal transmission to the high-side
switches, since their isolation voltage rating and dv/dt ruggedness are
not sufficient. For these reasons, a customized gate driver circuit with
a very low coupling capacitance, an isolation voltage in the range of
20 kV for the signal and the power path, and a high dv/dt ruggedness
are required to guarantee a reliable operation. Furthermore, in case of a
fault, an overcurrent protection (OCP) circuit for the highly expensive
SiC devices is desired.
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Fig. 2.1: Basic non-isolated 10 kV SiC module containing a SiC MOSFET
chip and an antiparallel SiC JBS diode chip [103,104].
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Concerning the electrical performance, the isolated gate driver should in
future be integrated into the SiC module, since this enables a reduction
of the gate loop inductance and/or enhances the switching performance
of the SiC MOSFET, as it is already reported for 650 V GaN and 1200 V
SiC devices [125–127]. Moreover, the integration of the isolated gate
driver and the OCP into an MV SiC module allows to significantly
simplify the design process of MV converters, since the high voltages
then only occur at the power terminals of the module, whereas the gate
signals and the auxiliary power can be supplied to the module without
any additional external isolation measures. Besides the simplification of
the MV converter design, this also allows a substantial increase of the
MV converter power density, especially by avoiding the large required
creepage and clearance distances in air, which can be minimized using a
proper insulation material in the isolation transformer and an according
insulation coordination. Furthermore, in case of multi-level converters
where the auxiliary power is e.g. drawn from the submodule capacitors
[128], the integrated isolated power supply can significantly reduce the
complexity of the required external auxiliary power supply circuitry.

Fig. 2.2 shows a schematic drawing of a possible future intelligent
10 kV SiC MOSFET module featuring an integrated isolated DC/DC
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Fig. 2.2: Concept of a future intelligent 10 kV SiC module which also con-
tains the isolated DC/DC converter for the supply of the (high-side) gate
driver stage and a fiber optic receiver for the gate signal. Furthermore, an
overcurrent protection (OCP) circuit is integrated, which in case of a fault
safely turns off the MOSFET and sends an optically isolated FAULT signal
to the supervisory control.
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converter for the generation of the +20 V/−5 V driving voltages, a fiber
optic receiver and transmitter for the reception of the gate signal and
the transmission of the FAULT signal, and the driver stage with an
OCP circuit, which measures the device current and safely turns off the
MOSFET in case of a fault. Advantageously, the heat is extracted via
an isolated cooling pad, which could be realized with e.g. an aluminum
nitride plate featuring a high thermal conductivity while at the same
time providing electrical insulation. For the integration of the gate
driver, the individual components must be highly compact, which is
especially important for the isolated power supply, since the gate driver
volume is mainly defined by the volume of the isolation transformer.
Consequently, the volume of the isolation transformer Vtrans has to be
minimized, which is one of the main objectives of the following consid-
erations.

In literature, most commonly air or tape-insulated transformers with
discrete windings [94–98,129] or PCB windings [93] are used to isolate
the power supplies of gate drivers employed in MV SiC applications. In
some cases however, these transformers are up to 10 times larger than
the 10 kV SiC module shown in Fig. 2.1. This can be explained by
the large creepage distances required in air (40 mm for 10 kV according
to the International Standard IEC 60950-1 [130]). Furthermore, these
isolation transformers must be placed in safe distance from other con-
verter circuit components in order to not risk creepage currents, partial
discharges or even dielectric breakdowns. In [131], a relatively compact
current-transformer-based solution with a common AC-bus has been
presented and is intended for the supply of several gate drivers at the
same time.

Another possibility to realize the galvanically isolated gate driver
power supply is to use inductive power transfer (IPT) coils [132–135].
However, since the electric breakdown field strength of air is compara-
bly small, a large air gap and large creepage paths are necessary, i.e.
the overall IPT system will be large and hence is not suited for an
integration in a highly compact module.

A further method to supply electric energy to a floating gate driver
circuit is to use an optical fiber [136]. Thereby, a powerful laser (e.g.
3...10 W optical power) feeds an optical fiber, which is connected to the
laser receiver on the gate driver side converting the laser power back
into electric energy. The advantage of this concept is the theoretically
infinite dv/dt immunity, since apart from the remaining intrinsic ca-

26



2.1. Introduction

pacitance of the physical components, the coupling capacitance of the
optical fiber is basically zero. Furthermore, no creepage distances to
the laser receiver are required, such that compact gate driver circuits
could be realized with this concept. However, it has to be mentioned
that the laser transmitter is very large (e.g. 220 mm×197 mm×143 mm
(8.66 in × 7.75 in × 5.63 in) for 3 . . . 20 W optical power, cf. [137]) and
thus is difficult to accommodate. The low receiver efficiency of only
25 % and the high costs are further disadvantages.

Therefore, a highly compact and cost-effective solution for the gal-
vanically isolated power supply of the high-side gate driver circuits for
10 . . . 15 kV SiC MOSFETs must be developed, which could be inte-
grated in a future intelligent MV SiC power module.

Furthermore, the gate driver circuit should be equipped with an
OCP in order to protect the 10 kV SiC devices (Wolfspeed CPM3-10000-
0350 ) from destruction due to overcurrents and/or short circuits. A
typical fault scenario is the shoot-through of a bridge-leg configuration,
i.e. both switches are erroneously turned on, e.g. due to incorrect or dis-
torted gate signals. For the switch turning on while the complementary
switch is already in on-state, this type of fault is called hard switching
fault (HSF). In contrast, the switch which is already in the on-state ex-
periences a so-called fault under load (FUL) [138,139]. However, in MV
applications, faults due to isolation and/or flashover failures are espe-
cially critical due to their extremely fast transients. Accordingly, these
so-called flashover faults (FOF) are much more challenging to handle,
and in order to also protect the MV SiC MOSFETs in this worst-case
scenario, an OCP circuit with FOF clearing capability is developed.

The most common method for the implementation of an OCP is
a desaturation detection circuit, which measures the device on-state
voltage and compares it to a certain threshold voltage [136]. However,
since during the turn-on transition a large blanking time is required
until the device is in full on-state, the fault detection time is relatively
high and potentially hazardous for the 10 kV SiC devices due to the
high instantaneous power dissipation in the chip during e.g. an FOF.
Furthermore, the drain voltage has to be sensed and blocked by several
series-connected diodes, which have to be separated from the rest of
the gate driver circuit by a certain creepage distance, which increases
the gate driver volume [140]. As an alternative, the current could be
measured with a shunt in the source path, or, if a Kelvin source contact
is available (which is not the case for the 10 kV SiC modules at hand,
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cf. Fig. 2.1), the voltage drop across the parasitic inductance between
Kelvin source and power source can be measured and integrated to
obtain the device current [141]. Unfortunately, both methods do not
offer galvanic isolation, which potentially could lead to undesired CM
distortions due to the extremely fast fault transients. Alternatively, the
device current could be measured galvanically isolated with a Rogowski
coil [142], which is, however, sensitive to external electric and magnetic
fields and could therefore lead to false triggering.

In order to avoid the disadvantages of the mentioned OCP methods
and to ensure a highly robust and fast protection, an air gapped current
transformer in the source path of the MOSFET is used, which features
galvanic isolation, a high bandwidth, and does not require a connection
to the drain potential. The measured current is subsequently processed
by a high-speed analog circuit, which reacts to a fault within 22 ns and
safely turns off the device.

In the following, first the galvanically isolated power supply and the
realization of the isolation transformer with minimum volume and cou-
pling capacitance will be discussed (Section 2.2). Subsequently, the
ultra-fast OCP circuit is described in Section 2.3 and it is experimen-
tally proven that it is able to safely clear both, an FOF and a HSF for
a DC-link voltage of 7 kV. Finally, conclusions on the main findings are
drawn in Section 2.4.

2.2 Isolated Power Supply
The isolated power supply has to provide electric energy to the driver
circuit of the power MOSFET, which in case of the high-side switch
is referenced to the switch-node potential, i.e. in case of 10 kV SiC
MOSFETs to a floating rectangular voltage of e.g. 7 kV amplitude
with a frequency of > 100 kHz, and dv/dt values of up to 100 kV/µs.
Therefore, besides providing the isolated +20 V/−5 V driving voltages,
the power supply needs to feature a sufficient electrical isolation volt-
age rating. Furthermore, the common-mode (CM) currents through
the parasitic isolation transformer coupling capacitance CCM must be
kept sufficiently low in order not to disturb the proper operation of
the gate driver and the protection circuits. Commercially available
isolated power supplies, e.g. for 3.3 kV and 6.5 kV IGBTs, feature cou-
pling capacitances in the range of 20 . . . 25 pF and a size of typically
50 mm × 50 mm × 20 mm [143, 144], whereby MV IGBTs are switching
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Tab. 2.1: Specifications of the isolated power supply.

Property Symbol Value
Output voltages UDC1, UDC2 +20 V,−5 V
Max. output power Pmax 2 W
Max. coupling capacitance CCM,max 3 pF
Isolation voltage Uiso 20 kV

with rather low dv/dt values in the range of 10 kV/µs [145], which is
10 times slower than in case of 10 kV SiC MOSFETs. Consequently,
in a 10 kV SiC MOSFET-based converter, CCM must be reduced by
roughly a factor of 10 in order to keep the peak CM current in the
same range as for Si IGBT-based converters. Although there are de-
vices such as described in [146] featuring an insulation voltage of 12 kV
(for one minute) and a coupling capacitance of only 3 pF, the actual
allowed operating voltage according to [130] is only 7.2 kV and due to
the missing dv/dt and CM frequency ratings, also these devices are un-
suitable for MV SiC MOSFET applications. Therefore, a customized
isolated power supply featuring appropriate insulation ratings has to be
realized. However, with standard isolation transformer designs, a low
coupling capacitance can only be realized by large distances between
the windings and between the windings and the core, whereas on the
other hand a significant downsizing is necessary for the integration of
the transformer (cf. Fig. 2.2). To achieve both, a special transformer
concept must be developed (cf. Section 2.2.2).

The power consumption of the gate driver circuit at hand is 600 mW
at most during operation (including the optical fiber transceivers). In
order to provide a sufficiently large margin (e.g. if several 10 kV SiC
MOSFETs should be operated in parallel), the isolated power supply is
rated for a power of P = 2 W. Tab. 2.1 lists the specifications of the
power supply as a basis for the design.

2.2.1 Isolated Power Supply Topology
Due to the high isolation voltage requirement of 20 kV, a certain iso-
lation distance is required between the transformers’ primary and sec-
ondary windings. Consequently, a comparably low magnetic coupling
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Fig. 2.3: Schematic diagram of the isolated power supply. The isolation
transformer is operated in a series-series compensated configuration whereby
Lp = Ls and Cr1 = Cr2. The subsequent voltage doubler rectifier generates
+20 V DC, from where a buck-boost converter generates −5 V DC, which is
used for the supply of the analog and logic ICs as well as for the negative
biasing of the gate in the off-state of the 10 kV SiC MOSFET.

factor k and hence a relatively large leakage inductance results, which,
if not compensated, leads to a load-dependent voltage drop and hence
to a load-dependent output voltage of the gate driver supply. To still
obtain a stable secondary-side voltage, a feedback-control would be nec-
essary, which would, however, require an isolated transmission of the
measured output voltage signal across the isolation barrier, i.e. addi-
tional effort which would further increase the risk of a failure of the
supply.

To overcome this problem, a topology with a load-independent volt-
age transfer ratio, namely the series-series compensated resonant con-
verter shown in Fig. 2.3 is selected. It consists of an H-bridge in-
verter, a 1 : 1 isolation transformer (i.e. Lp = Ls), the resonance
capacitors Cr1 and Cr2, and a voltage doubler rectifier generating 20 V
DC for the positive gate bias of the 10 kV SiC MOSFET. The trans-
former leakage inductance is compensated by the resonance capacitors
and the system is operated at the unity-gain operating point where
the output voltage is independent of the load [147]. Furthermore, soft-
switching of the primary-side full-bridge (realized with a MAX13256
IC) can be achieved, enabling a high switching frequency and there-
fore a more compact design. Furthermore, in this operating point, the
transformer currents are sinusoidal and hence beneficial in terms of low
high-frequency (HF) losses due to skin-effect and proximity-effect, since
no higher current harmonics are present.
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2.2. Isolated Power Supply

According to [147], if only the resistances of the primary and the
secondary windings are considered, the highest efficiency (i.e. the lowest
rms currents) of the resonant system is achieved when the impedance of
the secondary side is matched to the load impedance. For a maximum
output power of Pmax = 2 W, a given secondary-side inductance Ls and
a secondary-side voltage of us = UDC1/2 = 10 V (half the DC output
voltage UDC1 due to the voltage doubler rectifier, cf. Fig. 2.3), the
optimum operating frequency f0 in order to fulfill the load matching
condition at full load is given as

f0 = 8
π2 ·

u2
s

2π
√

2LskPmax
, (2.1)

with k as magnetic coupling factor between the transformer’s primary
side and secondary side. To achieve a load-independent voltage transfer
ratio, the resonance capacitors have to be dimensioned as [147]:

Cr1 = Cr2 = 1
(2πf0)2

Ls (1− k)
. (2.2)

In this operating point (which is slightly above the resonance), the
phase angle of the input impedance seen by the full-bridge is

ϕ(Zin) = arctan
(√

2
)

= 54.7◦ (2.3)

and hence guarantees ZVS operation of the MOSFETs due to the induc-
tive behavior [147]. Furthermore, due to this particular compensation
method, the primary-side rms current is independent of the inductances,
the magnetic coupling, and the operating frequency, and can be calcu-
lated as

ip,rms =
√

3
8 · π ·

Pmax

us
= 384 mA. (2.4)

The secondary-side current is ideally in phase to the rectangular
voltage applied from the rectifier and its rms value can be calculated as

is,rms = Pmax

us
· π

2
√

2
= 222 mA. (2.5)

2.2.2 Isolation Transformer
In conventional isolation transformers, the primary and the secondary
windings are placed on the same magnetic core and are galvanically
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Fig. 2.4: (a) Ferrite core half (consisting of several stacked E-cores) with its
corresponding winding. (b) CAD model of the isolation transformer (outer
dimensions 16 mm× 16 mm× 14 mm, i.e. 0.63 in× 0.63 in× 0.55 in) showing
the two windings on the ferrite cores, which are separated by a 1.6 mm gap.
The 3D-printed housing is then filled up with a special silicone which provides
the electrical insulation. (c) Picture of the winding (32 turns of 6×71 µm litz
wire) on four stacked E8.8 ferrite cores. One end of the winding is electrically
connected to the stacked cores with the help of conductive silver paint (silver
color). (d) The whole arrangement is then coated with a semiconductive
graphite layer (black color) to define an equipotential surface. (e) Photograph
of the realized silicone-encapsulated isolation transformer. The necessary
creepage distance is provided by the silicone tube.

isolated from each other by means of insulation material between the
primary winding and the core, the secondary winding and the core, and
between the primary and secondary windings. In case of the applica-
tion at hand, the differential-mode voltage applied to both transformer
windings is < 50 V and hence, no further isolation between the primary
winding and the core (which in this case would be tied to GND poten-
tial) would be necessary. However, the secondary winding would have
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to be isolated from both, the core and the primary winding since it is
floating on the switched potential of e.g. 7 kV. Consequently, the wind-
ing window and therewith the size of the entire magnetic core would
have to be chosen sufficiently large, such that the secondary winding
could be separated from the core and from the primary winding by
approximately 1.6 mm of insulation material thickness to each side, if
an (average) electric field strength of 4.5 kV/mm is allowed and the
transformer is potted in a suitable insulation material. Since the trans-
former’s power rating is only P = 2 W but the isolation distances do
not scale with the power but are defined by the isolation voltage, the
required winding window would be large compared to the dimensions
of a typical 2 W HF transformer without MV isolation and hence, this
transformer concept is not suitable for achieving a low volume.

To overcome this limitation and to minimize the volume of the iso-
lation transformer, as many isolation barriers as possible have to be
omitted. Therefore, the primary winding and the secondary winding
are wound on separate ferrite E-core halves without any isolation dis-
tance between the winding and the core. Fig. 2.4(a) shows a drawing
of one of the core halves with its corresponding winding. There, the core
consists of several stacked E-cores to achieve the desired form factor.
The two core halves with their respective windings are then separated
by a certain distance d = 1.6 mm to keep the average electric field
strength below 4.5 kV/mm in case of 7 kV CM voltage, similar to the
air gap in a conventional transformer [42, 148]. The isolation distance
between the two core halves is ensured by mounting them in a 3D-
printed enclosure as shown in Fig. 2.4(b). In operation, the primary
winding is on GND potential, whereas the secondary winding floats on
the switch-node potential. To also define the potential of the ferrite
cores, they are connected to one end of the corresponding winding as
shown in Fig. 2.4(c) and are covered with a thin layer of semiconduc-
tive graphite spray (cf. Fig. 2.4(d)) to tie the surface of all core halves
to the potential of the respective winding. The surface resistance of the
graphite spray (Kontakt Chemie Graphit 33 ) is < 2000Ω/sq, which is
sufficiently low to define the potential of the surface and at the same
time is sufficiently high such that no significant eddy current losses are
generated by the high-frequency magnetic field [149]. As an alternative,
semiconductive tape could be used to create an equipotential surface.

Consequently, this transformer arrangement can be regarded as plate
capacitor from an electric field point of view, which allows to estimate
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the coupling capacitance of the transformer as

CCM = ε0εrA

d
, (2.6)

where A is the surface area of the core halves and the windings (cf.
Fig. 2.4(a)) and d is the separation distance between the core halves.
Since d is already fixed to d = 1.6 mm, the remaining geometry param-
eter to minimize the coupling capacitance is the surface area A. With
a relative permittivity of εr = 4.12 of the selected insulation material,
the surface area must be lower than 132 mm2 to keep the coupling ca-
pacitance below the desired value of CCM,max < 3 pF, which is roughly
10 times lower than the coupling capacitance of commercially avail-
able isolation transformers. To fulfill this condition, four stacked E8.8
ferrite cores (material N30 ) are used (x = 9 mm (0.35 in), y = 8 mm
(0.31 in), z = 4.1 mm (0.16 in), cf. Fig. 2.4(a)), which results in an
almost square-shaped form factor of the core surface, a surface area of
A = 108 mm2 (including the winding heads), and a theoretical coupling
capacitance of CCM = 2.5 pF.

In order to analyze the electric field in the isolation transformer, a
FEM simulation has been implemented and the simulated electric field
distribution is shown in Fig. 2.5. As can be seen, the windings are field-
free due to the shielding effect of the graphite coating. Furthermore,
a high electric field only occurs between the limbs of the ferrite cores
and is slightly lower between the windings (due to the slightly larger
distance). To decrease the maximum electric field strength, the edges
and corners of the ferrite cores have been rounded off and the maximum
value of the electric field (6 kV/mm) is still a factor of four lower than the
breakdown field strength of the used silicone encapsulant and therefore
uncritical.

As can be noticed from the dimensions of the cores, the isolation
gap is comparably large and hence, a rather low magnetic coupling
factor k will result. Thus, the transformer acts similar to a pair of
inductive power transfer (IPT) coils. There, larger primary-side and
secondary-side inductance values are beneficial for ensuring a higher
quality factor [150] and lower magnetizing current, and for this reason
the number of turns wound on the two core halves should be as high
as possible while the thermal limit has to be considered at the same
time. Therefore, a maximum current density of Jmax = 15 A/mm2 is
defined. In order to keep the high-frequency losses due to the skin and
proximity-effect to a moderate level, litz wire has to be employed for the
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Fig. 2.5: Simulated electric field strength in the isolation transformer. The
maximum occurring electric field strength (6 kV/mm) is still a factor of
four lower than the breakdown field strength of the used insulation mate-
rial (24 kV/mm).

primary and secondary windings. For a maximum expected operating
frequency of fmax = 1 MHz, a skin-depth in copper of δCu = 65 µm
results. Hence, as a compromise between the copper filling factor and
the HF losses, a strand diameter of ds = 71 µm is selected and with an
assumed total copper filling factor of 25 % (i.e. 50 % litz-internal area
utilization and a 50 % ratio between the winding area and the available
core window area), the maximum achievable number of turns is 34. For
practical reasons, a 6 × 71 µm litz wire and N = 32 turns is selected,
resulting in a DC-resistance of RDC = 620 mΩ.

To check the feasibility of the transformer design, the magnetic flux
density in the ferrite core is determined, whereby it is assumed that the
operating frequency is in the range of [fmin, fmax] = [100 kHz, 1 MHz].
Furthermore, due to the series-series compensation of the leakage in-
ductance, the peak value of the sinusoidal voltage applied to the mag-
netizing inductance of the transformer is approximately equal to the
fundamental component of the rectangular voltage applied from the
primary side, i.e.

ûm = 4
π
· up. (2.7)

Consequently, with the magnetic cross section area Am of the core, the

35



Chapter 2. Highly Compact Isolated Gate Driver

peak magnetic flux density can be calculated as

B̂ =
∫ 1

4f

0

ûm

N ·Am
sin (2πft) · dt = 2up

π2NAmf
, (2.8)

resulting in B̂ = 3.2 mT . . . 32 mT for the assumed frequency range,
which indicates that the ferrite cores are operated far below the satura-
tion limit and hence the design is feasible from a magnetic perspective.

Thermal Model & Selection of the Insulation Material

For a prediction of the temperature distribution inside the transformer
and especially in the insulation material which plays a central role for
the transformer at hand, a thermal FEM simulation is conducted. As
a basis for the simulation, the different loss components, i.e. winding
losses, core losses, and dielectric losses are calculated first.

For an estimation of the worst-case winding losses, the AC wind-
ing resistance at the highest expected transformer operating frequency
(fmax = 1 MHz) is calculated. Considering the skin-effect and the
proximity-effect, the winding losses can be calculated according to [151]
as

PCu = RDC

(
FRÎ

2 +GRĤ
2
)
, (2.9)

where FR and GR are the factors describing the skin-effect and the
proximity-effect, and Ĥ depicts the temporal peak value of the magnetic
field, which shows a triangular spatial distribution across the winding
window width ww = 1.65 mm (cf. Fig. 2.4(a)) and a spatial rms value
of [152]

Ĥsrms = NÎ√
3ww

. (2.10)

By combining (2.9) and (2.10), the ratio between the effective AC re-
sistance RAC and the DC resistance RDC can be derived [151]. For
fmax = 1 MHz, this factor is RAC/RDC = 4.5, i.e. the effective AC resis-
tance is RAC = 2.8Ω for each of the two windings. With the calculated
primary-side and secondary-side currents (cf. Section 2.2.1), the high-
est expected winding losses are Pp,Cu = 415 mW and Ps,Cu = 138 mW.

Furthermore, a calculation of the core losses with the Steinmetz
parameters for N30 ferrite (kc = 15.88, α = 1.31, and β = 2.45 [153])
and the determined values for the magnetic flux density leads to 4 mW
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at f = 100 kHz and 0.3 mW at f = 1 MHz, respectively, i.e. the core
losses can be neglected.

Due to the comparably high electric field in the isolation transformer
and the high switching frequency of the 10 kV SiC MOSFET bridge,
the insulation material between the two core halves is exposed to a high
dielectric stress and therefore, dielectric losses might become significant
and would have to be considered. According to [154], the dielectric
losses generated in a capacitance CCM by a rectangular voltage with
bottom value 0 V, top value UDC, frequency fsw and 50 % duty cycle
can be calculated as

Pd ≈ tan δ · CCMU
2
DC ·

2fsw

π
ln
(

2eγfc

fsw

)
, (2.11)

where γ ≈ 0.57 is the Euler-Mascheroni constant, and

fc =
ln
( 0.9

0.1
)

2πtrise
(2.12)

is the corner frequency (cf. [154]). Furthermore, trise is the 10 %...90 %
rise time of the switch-node voltage. Thereby, it is important to note
that not only the fundamental frequency component of the switch-node
voltage but also the higher order harmonics contribute to the dielec-
tric losses. Equation (2.11) already includes the effect of the harmonics
and as can be seen, the total dielectric losses are proportional to the
dissipation factor tan δ, the switching frequency fsw, and the square
of the voltage, or the electric field, respectively. To show that it is
important to select a suitable insulation material, the dielectric losses
are first calculated for a typical epoxy-based insulation material, e.g.
Damisol 3418 whose dissipation factor is strongly frequency and tem-
perature dependent [154] and is assumed to be tan δ = 1.2 % for the
following calculations. With a switch-node voltage of 7 kV, a switching
frequency of fsw = 125 kHz and a rise time of trise = 100 ns, dielectric
losses of Pd = 430 mW occur in the insulation material, which is very
high compared to the rated power of the isolation transformer. Further-
more, epoxy resins typically feature a rather low thermal conductivity
(0.3 W/(m K) in this case), which means that the extraction of the heat
generated by the dielectric losses is impeded and therefore could lead
to a thermal runaway.

Fig. 2.6(a) shows the simulated temperature distribution inside the
isolation transformer in case of epoxy resin as insulation material and a
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Fig. 2.6: (a) Thermal FEM simulation of the temperature distribution in-
side the isolation transformer in case of epoxy resin as insulation material
and a boundary condition of 50 ◦C at the transformer housing surface. The
dielectric losses dominate over the winding and core losses and a temperature
increase of 44 K occurs in the insulation material between the core halves. (b)
Temperature distribution in case of silicone (Dow Corning TC-4605 HLV ) as
insulation material. Due to the much lower dissipation factor and the higher
thermal conductivity, the temperature increase is only 12 K in this case.

fixed housing temperature of 50 ◦C. As can be seen, due to the dielec-
tric losses in the insulation material and the low thermal conductivity of
the epoxy resin, a hot spot between the two core halves and a tempera-
ture rise of 44 K occurs. Since epoxy resins typically show a significant
increase of their dielectric dissipation factor tan δ which can reach val-
ues of tan δ > 25 % at higher temperatures in the region of their glass
transition temperature [154–156], a thermal runaway is very likely to
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2.2. Isolated Power Supply

Tab. 2.2: Properties of the utilized silicone Dow Corning R© TC-4605 HLV.

Property Value
Dielectric strength 24 kV/mm
Dielectric constant εr 4.12 @ 100 kHz
Dissipation factor tan δ 0.63 % @ 100 kHz
Thermal conductivity 1 W/(m K)
Operating temperature −45 . . . 200 ◦C

happen (especially when a higher surface temperature of the isolation
transformer is considered, e.g. the baseplate temperature of 100 ◦C of
a SiC module, which also integrates the transformer, cf. Fig. 2.2) and
therefore, epoxy resins are unsuitable for MV MF applications.

In contrast, silicone composites typically feature a very low and sta-
ble tan δ up to temperatures over 200 ◦C. However, pure silicone rubber
typically shows only a low thermal conductivity, which would poten-
tially lead to an undesired heat accumulation similar to Fig. 2.6(a).
To increase this value, thermally conductive micro or nanoparticles can
be added to the pure silicone, which, on the other hand, leads to an
increasing dielectric dissipation factor [157]. Therefore, a compromise
between a low tan δ and a high thermal conductivity has to be made.
The utilized material for the encapsulation of the isolation transformer
at hand is the two-component silicone compound Dow Corning TC-4605
HLV and the properties of this material are listed in Tab. 2.2. With
this insulation material, the dielectric losses are only Pd = 300 mW.
Fig. 2.6(b) shows the associated temperature distribution inside the
isolation transformer and as can be seen, the temperature increase in
the hot spot, which is now located inside the primary-side winding, is
only 12 K due to the lower dielectric losses and the higher thermal con-
ductivity. This shows that the selection of a proper insulation material
is crucial for the functionality of a highly compact isolation transformer
and consequently, with the selected material, the isolation transformer
can be operated inside an intelligent 10 kV SiC module with an assumed
baseplate temperature, i.e. transformer surface temperature of 100 ◦C,
which would lead to a hot spot temperature of 112 ◦C inside the trans-
former.
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For a reliable operation of the isolation transformer, the insulation
material must be free of air-cavities or other impurities, which could
lead to partial discharges and a degradation of the material over time.
Therefore, a vacuum pressure potting (VPP) process is used, i.e. the
silicone is devolatilized and the transformer is potted under vacuum
(30 mbar) before the pressure is increased again to compress possible
air or vacuum cavities. The still liquid silicone compound is then cured
at a temperature of 120 ◦C for several hours. More details on the VPP
process and the insulation material are given in [117].

In order to provide a sufficiently large creepage distance between
the primary-side and secondary-side litz wire connections at the out-
side of the transformer, a silicone tube is covering the primary-side
connecting wires (on GND potential) and is also potted in the silicone
insulation material such that there is no other creepage path than the
one along the silicone tube. The finalized isolation transformer is shown
in Fig. 2.4(e).

Determination of the Transformer Properties

Besides the inductances and the magnetic coupling factor k, which
are required to determine the optimum operating frequency, also the
parasitic coupling capacitance CCM between the primary side and the
secondary side is measured. For this purpose, a HP 4294A Precision
Impedance Analyzer is used.

The measured value of the coupling capacitance is CCM = 2.6 pF,
which matches very well with the calculated value of 2.5 pF. Consider-
ing the small transformer dimensions, this capacitance value is very low
and ensures that the parasitic CM currents stay in a reasonable range
even in case of high dv/dt values of up to 100 kV/µs.

The measurement of the primary-side and the secondary-side in-
ductances leads to Lp = 23.7 µH and Ls = 23.4 µH and together with
a measured leakage inductance of Lσ = 22 µH, the magnetic coupling
factor (referenced to the primary side) can be calculated as

k =
√

1− Lσ
Lp

= 0.27. (2.13)

With these values, the optimum operating frequency f0 = 713 kHz, and
the values of the resonance capacitors Cr1 = Cr2 = 2.88 nF, can be
determined with (2.1) and (2.2), respectively.
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2.2.3 Experimental Verification of the Isolated
Power Supply

For the experimental verification of the isolated gate driver power
supply, different stress tests have been performed. To test the DC
isolation rating of the designed transformer, a 20 kV DC voltage (which
is almost three times higher than the maximum operating voltage of
7 kV) has successfully been applied between the transformer’s primary
and secondary windings for one hour without breakdown, temperature
increase or measurable current flow through the isolation. This proves
that the isolation concept is properly working and well overdimensioned
to guarantee a long lifetime.

Furthermore, to also test the complete gate driver circuit and the
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Fig. 2.7: Picture of the 10 kV SiC-MOSFET half-bridge. Due to the encap-
sulated isolation transformers, no additional isolation distances are required,
enabling a highly compact design of the gate driver circuit and the half-bridge.
The 10 kV SiC MOSFETs and the current transformers (cf. Section 2.3.1)
are mounted below the PCB.
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isolation transformer under real operating conditions, a 10 kV SiC-
MOSFET-based half-bridge inverter has been designed as shown in
Fig. 2.7. It consists of a PCB which incorporates the low-side and the
high-side MOSFETs together with their respective gate driver and iso-
lated power supply circuits. As can be seen, the isolation transformers
are placed on the bottom side of the PCB and enable the construction of
a highly compact half-bridge due to their small dimensions. As already
mentioned, the silicone tube provides a 60 mm creepage distance to the
primary-side driving circuit of the isolation transformer (not shown),
which only consists of a MAX13256 H-bridge IC, an adjustable clock
generator IC, and two ceramic DC buffer capacitors.

To expose the isolation transformer to a very high stress, the half-
bridge has been operated with a DC-link voltage of 7 kV and a switching
frequency of 125 kHz for one hour. There, an inductor has been used
as load to enable ZVS and/or to minimize the switching losses of the
10 kV SiC MOSFETs [124]. During this test, the CM current of the
high-side isolation transformer has been measured. The corresponding
circuit diagram and the according voltage and current waveforms during
a rising voltage transition are shown in Fig. 2.8. It can be seen that a
dv/dt of 82 kV/µs leads to a peak CM current of 300 mA. To obtain this
peak current from the measured voltage slope, a coupling capacitance of
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Fig. 2.9: (a) Thermal image of the isolation transformer under operation
with a 2 W load and a CM voltage stress of 7 kV, 125 kHz. The average
steady-state surface temperature reaches 50 ◦C under natural convection.

4.1 pF (which is 1.5 pF larger than the measured coupling capacitance of
the isolation transformer) must be present. The additional capacitance
can be explained by parasitic capacitances of the connection of the PCB
to the isolation transformer and/or additional cable capacitances.

During the 7 kV, 125 kHz operation of the entire circuit with a load
of 2 W, the steady-state surface temperature of the isolation transformer
(cf. Fig. 2.9) reaches 50 ◦C (at an ambient temperature of 25 ◦C and
for natural convection cooling), and as already shown by the thermal
FEM simulation in Fig. 2.6(b), the hot spot temperature is estimated
to be around 62 ◦C.

2.3 Ultra-Fast Overcurrent Protection
In MV applications, it is highly recommended to implement an overcur-
rent and/or short circuit protection for the MV semiconductors due to
the high voltages and the corresponding high energies in e.g. the DC-
link capacitors, which could lead to serious damage of the hardware in
case of a fault. Furthermore, MV SiC devices with blocking voltages of
10...15 kV are still very expensive and are up to now only available as
prototype devices.

It is shown in [158] that single 10 kV SiC MOSFETs can survive
approximately 8.5 µs under a full short circuit with 6 kV DC-link volt-
age. However, in [159], a clear relation between the degradation of the
MOSFET-chip (i.e. increased RDS,on) and the short circuit duration is
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apparent, since the degradation is an effect of the high temperature of
the chip and its metallization during a short circuit. Additionally, in
case of 10 kV, 100 A SiC MOSFET modules, a short circuit withstand-
ing time of only 3.5 µs at 6 kV has been observed [160]. Therefore, the
goal is to realize an ultra-fast overcurrent protection (OCP) with a very
short reaction time in order to keep the thermal stress on the 10 kV SiC
MOSFET chips as low as possible.

In literature, two major types of faults are described, namely the
hard switching fault (HSF), where a MOSFET turns on into a short
circuit, and the fault under load (FUL), where a short circuit occurs
while the MOSFET is in on-state. In this case, however, the current
and voltage slopes are limited by the switching speed of the turning on
MOSFET, whereas in MV applications, flashover faults can occur due
to insulation failures of e.g. the silica gel in MV semiconductor modules
or the insulation material e.g. in the transformer employed in a DC/DC
converter. Such faults lead to extremely fast voltage and current tran-
sients, which are much more critical to handle for an OCP. Accordingly,
the standard HSF and FUL tests, which are currently used as measure
for the quality of an OCP circuit, are not covering the actual worst-
case scenario, namely an arc flashover across one of the MOSFETs in a
bridge-leg configuration while the complementary MOSFET is turned
on. Therefore, a flashover fault (FOF) test procedure is introduced
where an FOF is applied to a 10 kV SiC MOSFET bridge-leg by us-
ing a gas discharge tube (GDT) of type Bourns SA2-7200-CLT-STD in
the high-side position, which internally ignites a low-ohmic plasma (i.e.
a solid short circuit) when the applied voltage exceeds its breakdown
voltage, while the low-side switch is in on-state and has to clear the
fault.

2.3.1 Functional Principle of the OCP

For the detection of a fault, the device current is measured by means
of an air gapped current transformer in the source path of the 10 kV
SiC MOSFET as shown in Fig. 2.10. Thereby, the air gap avoids the
saturation of the core material due to the DC current component and
compared to e.g. a current measurement shunt, the current transformer
provides galvanic isolation of the measurement signal and improves the
immunity against CM distortions.
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Fig. 2.10: Circuit diagram of the driver stage and the overcurrent protection.
The drain current iD of the MOSFET is measured via a 1 : N2 = 1 : 30 air
gapped current transformer and the subsequent burden resistor RB = 1Ω.
Once the threshold Ulim is exceeded, the comparator and consequently also
the D-latch changes state and latches the FAULT state. This signal is fed back
to the enable input EN of the driver IC (UCC27531-Q1 from TI ), leading to
a turn-off of the 10 kV SiC MOSFET. The delay of the logic is approximately
22 ns. Furthermore, the FAULT signal is optically transmitted back to the
supervisory control.

Design of the Current Transformer

For the measurement of the drain current of the 10 kV SiC MOSFETs,
the current transformer has to be designed for a high bandwidth, such
that fast overcurrent transients can be measured accurately. Further-
more, the current transformer should not add a significant signal delay
to the protection circuit. Consequently, the leakage inductance and ca-
pacitance have to be kept small, which can be achieved by choosing a
low number of secondary-side turns equidistantly wound on a toroidal
ferrite core. As shown in Fig. 2.10, the secondary winding is connected
to a burden resistor RB = 1Ω where a current-proportional voltage is
measured. If a voltage of 1 V across RB is desired for an overcurrent
threshold of OCT = 30 A, a turns ratio of 1 : N2 = 1 : 30 results, i.e.
the number of secondary turns on the current transformer is N2 = 30.
To operate the ferrite core material in its linear region, the maximum
magnetic AC flux density is set to Bmax,AC = 75 mT and for an assumed
rectangular drain current with 50 % duty cycle, a minimum converter
switching frequency of fmin = 30 kHz, a bottom value of 0 A, and an
amplitude of id,max = 30 A, a core cross section of Am = 7.4 mm2 is
required. Therefore, a R10 × 6 × 4 ferrite core (N30 material) with a
magnetic cross section area of 7.83 mm2 is selected.

As the drain current of the switches is not a pure AC current but

45



Chapter 2. Highly Compact Isolated Gate Driver

rather a superposition of an AC and a DC current, the current trans-
former has to be designed appropriately, such that the DC component
does not lead to saturation of the magnetic core. Therefore, an air gap
is inserted in the ferrite core. For limiting the magnetic DC flux density
to Bmax,DC = 125 mT, the required air gap length is

δ = µ0 · iD,DC

Bmax,DC
= 150 µm (2.14)

for a maximum DC current component of iD,DC = 15 A.
The air gap, however, causes the magnetizing inductance of the cur-

rent transformer to drop significantly, which increases the AC magnetiz-
ing current. For the current transformer at hand, the peak magnetizing
current for fmin = 30 kHz and 30 A, 50 % duty cycle operation is 7 %
of the measured current value, which does not influence the detection
of a HSF or an FOF due to the usually large resulting fault currents.
For the sake of completeness, it should be noted that the current trans-
former represents a high-pass system (corner frequency fc = 17 kHz)
and is not able to measure DC currents, since the DC component only
occurs as magnetizing current on the primary side.

Detection of an Overcurrent

In the configuration shown in Fig. 2.10, the current transformer is
placed below the gate and source contacts of the driver stage, which en-
sures that only the drain current iD is measured. The secondary side of
the current transformer is connected to a burden resistor RB = 1Ω and
the entire circuit is powered from the 0 V/−5 V rails. Since the drain
current of the 10 kV SiC device can also be negative, one terminal of the
current transformer is connected to a locally generated −2.5 V poten-
tial, allowing a voltage swing of ±2.5 V across RB, which corresponds
to a drain current of ±75 A. In case of a fault, where much higher
currents can occur, the diodes D1...n start conducting and clamp the
voltage across RB in order to protect the input of the subsequent com-
parator from overvoltages. The advantage of diode strings compared to
a single TVS or Zener diode per direction is the steeper characteristic
of pn diodes, i.e. the clamping voltage is less current dependent. The
type and the number of series connected diodes is selected such that a
clamping voltage of 2.5 V results.

For the detection of an overcurrent, the voltage at the upper rail of
RB is compared to the threshold voltage Ulim = −2.5 V + 1 V = −1.5 V
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(for an overcurrent threshold of 30 A, RB = 1Ω and N2 = 30) by an
ultra-fast comparator. Once the threshold is exceeded, the comparator
sets its output to HIGH (0 V) and the subsequent D-latch changes state
and latches its output state when LE is LOW (−5 V). This FAULT
signal (cf. Fig. 2.10) is connected to the enable input EN of the gate
driver IC UCC27531-Q1 from TI ), which then initiates a turn-off of
the 10 kV SiC MOSFET. The delay caused by the logic ICs and the
gate driver IC adds up to Treact ≈ 22 ns between the detection of the
overcurrent and the reaction of the gate voltage. Since the gate driver
IC does not provide a sufficiently high gate current (but undervoltage
lockout, which is the reason for using an IC at all), a BJT totem-
pole stage is used to provide a sufficiently high gate current. The gate
resistors for turn-on and turn-off are Ron = 20Ω and Roff = 10Ω,
respectively, according to [124]. Alternatively, a soft turn-off circuit
could be implemented, which, in case of a fault, turns off the device
with a larger gate resistor as it is done for IGBTs to limit the voltage
overshoot. Furthermore, the FAULT signal is also transmitted back to
the supervisory control via an optical fiber (30 ns delay) in order to turn-
off all devices in the converter system in case of an overcurrent in one of
the 10 kV SiC devices. Accordingly, when a fault is detected, after 22 ns,
the inner fault loop initiates the turn-off of the device which detected
the overcurrent, and after approximately 100 ns, the gate voltages of all
other 10 kV devices react. It should be noted that alternatively a direct
feedback path to the gate could be implemented for a further reduction
of the reaction time.

2.3.2 Flashover Fault Simulation

Before the OCP is tested in hardware and has to show that it is able to
safely clear a HSF and an FOF at 7 kV DC-link voltage, a simulation is
carried out in order to predict the behavior of the circuit under these
extreme conditions. Fig. 2.11 (a) shows the simulation model of the
bridge-leg in case of an FOF, where an ideal switch is located in the
high-side MOSFET position and the low-side MOSFET is replaced by
a simple equivalent circuit consisting of a voltage controlled current
source, the nonlinear parasitic MOSFET capacitances, the antiparallel
body diode, and the package inductances [122]. The current source is
controlled by the internal gate voltage uGS,int across the gate-source
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Fig. 2.11: (a) Schematic diagram of the MOSFET bridge-leg during a
flashover fault (FOF), i.e. a flashover across the high-side MOSFET dur-
ing the on-state of the low-side MOSFET. For the simulation, the low-side
MOSFET is replaced by a simple equivalent circuit consisting of a gate-source
voltage-controlled current source and the nonlinear MOSFET capacitances.
(b) Simulated waveforms during a 7.6 kV FOF. The fault is cleared success-
fully and although the gate-source voltage uGS, measured at the module ter-
minals, reaches 140 V, the chip-internal gate-source voltage uGS,int is almost
unaffected (voltage drop mostly occurring across the parasitic gate inductance
and the gate resistor) and the MOSFET is not endangered.
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capacitance CGS via

iD,0 = gm (uGS,int − Uth) , (2.15)

where Uth is the threshold voltage of the MOSFET and gm is its transcon-
ductance. In the simulation, the ideal switch is closed at t = 0 while
the low-side MOSFET is already turned on, i.e. uDriver = 20 V. Fur-
thermore, it is assumed that the overcurrent protection will react 30 ns
after the fault and will force the driver output voltage uDriver to −5 V
within another 15 ns.

Fig. 2.11(b) shows the simulated waveforms under these assump-
tions. Initially, the drain current iD rises with a very high di/dt,
which in turn induces a high positive voltage uLS ≈ 140 V across the
source inductance LS. The relatively large gate-source capacitance CGS
however keeps its voltage uGS,int constant and therefore, the external
gate-source voltage uGS closely follows the induced voltage uLS with
a 20 V offset, while the effect of the gate inductance LG can be ne-
glected in this case. Since also the driver voltage uDriver is still clamped
to 20 V, the difference of uGS − uDriver ≈ 140 V peak is applied to
the turn-off gate resistor Roff = 10Ω, forcing a part of the MOSFET
channel current through CGS and leading to a negative gate current of
iG = (uGS − uDriver) /Roff = −14 A peak (when the gate inductance LG
is neglected). The reader should note that the gate resistors and the
diodes should be well dimensioned to withstand the high peak current.
Consequently, CGS is discharged (i.e. uGS,int decreases) and according
to (2.15), the MOSFET channel current iD,0 decreases again, as can be
seen in the figure. Although the channel current decreases, the series
inductances LS, LD, and Lσ try to keep the current constant and hence,
a part of the drain current iD commutates to the output capacitance
CDS, resulting in a rapid increase of the drain-source voltage uDS and
an inductive voltage overshoot. At the same time, the drain current ef-
fectively decreases, and the complete process until this point takes place
without any action from the gate driver and is therefore referenced as
”self turn-off” of the MOSFET. However, at this point, the decreasing
drain current leads to a positive gate current due to the negative in-
duced voltage across LS, such that the MOSFET partly turns on again.
Now, the induced voltage is applied to Ron = 20Ω, which is twice the
value of Roff and therefore, the increase of the drain current is only
small and the oscillation is damped. Furthermore, it is assumed that
the OCP detects the overcurrent within 30 ns and switches the driver

49



Chapter 2. Highly Compact Isolated Gate Driver

voltage uDriver to −5 V, thereby actively turning off the remaining drain
current. Depending on the application, a higher turn-on gate resistor
might be selected to dampen the oscillation even more.

As can be seen in Fig. 2.11(b), due to the self turn-off mechanism
and the short reaction time, the OCP is able to clear the FOF within
200 ns, whereby a peak drain current of 320 A is reached. Furthermore,
it can be noted that the chip-internal gate-source voltage uGS barely
exceeds 20 V and hence stays within the absolute maximum ratings, i.e.
the MOSFET chip is not endangered.

2.3.3 Experimental Results
FOF Experiment

Since the results from the FOF simulation show that the OCP is able
to successfully clear an FOF in theory, this situation is also tested in
real hardware. There, as shown in the schematic in Fig. 2.12, the low-
side MOSFET is permanently turned on while the high-side MOSFET
is substituted by a gas discharge tube (GDT) of type Bourns SA2-
7200-CLT-STD and the DC-link voltage is increased until the GDT
ignites. Fig. 2.12 shows the measured drain-source voltage uDS, the
gate-source voltage uGS, and the drain current iD during an FOF test
with a 7.2 kV GDT, which ignited at 7.6 kV (due to tolerances). As
can be seen, the waveforms are similar to the simulation, i.e. also in
real hardware a self turn-off occurs. Thereby, the drain current reaches
a value of 350 A and the drain-source voltage rises in 6 ns to the DC-
link level with an unprecedented dv/dt of 1.2 MV/µs (which is close to
the 100 MHz bandwidth limit of the used voltage probe). The OCP
then actively clears the fault within 150 ns and the successful FOF test
proves the proper functioning of the OCP under the most extreme con-
ditions. Compared to the simulation, the measured waveforms show
more oscillations in the drain current, which can be explained by the
fact that the simulation model does not include all parasitics and non-
linear effects in the MOSFET. Furthermore, in the experiment, only
the external gate-source voltage can be measured and reaches a value
of 150 V peak. The simulation shows a very similar external gate-source
voltage, which solely occurs due to the inductive voltage drop across the
source inductance LS, whereas the gate-source voltage directly on the
MOSFET chip does not exceed 20 V during the FOF, which is therefore
also assumed for the real FOF experiment.
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Fig. 2.12: Measured waveforms in case of a flashover fault (FOF) for a
DC-link voltage of 7.6 kV. S2 is in the on-state while S1 fails to short, e.g.
due to an isolation breakdown, which is reproduced with a flashover in a
gas discharge tube (GDT) of type Bourns SA2-7200-CLT-STD. The current
rises with a slope of 39 kA/µs and reaches its peak of 350 A. Due to the
self turn-off mechanism, the MOSFET turns itself off and the drain-source
voltage rises to the DC-link level within 6 ns, i.e. an unprecedented dv/dt of
1.2 MV/µs occurs. After the reaction delay of approximately 22 ns, the gate
driver actively brings the gate voltage to −5 V and the fault is cleared within
150 ns.

If the 10 kV SiC module featured a Kelvin source contact, the MOS-
FET would not be subject to a self turn-off during an FOF, since the
gate loop would be decoupled from the power path. However, accord-
ing to [159], the maximum short circuit current (in case of a usual FUL
or HSF) of similar 10 kV SiC MOSFETs from Wolfspeed is self-limited
by the MOSFET channel to 270 A for a DC-link voltage of 6 kV and
therefore, the presented OCP would also work for modules featuring a
Kelvin source contact.

HSF Experiment

The schematic in Fig. 2.13 shows the situation for the HSF test, where
the high-side MOSFET S1 is in the on-state when the low-side MOS-

51



Chapter 2. Highly Compact Isolated Gate Driver

C
ur

re
nt

 [
A

]

-25

0

25

50

V
ol

ta
ge

 [
kV

]

-4

0

4

8

V
ol

ta
ge

 [
V

]

Time [ns]
-100 -50 0 50 100 150 200 250 300 350 400

-10

0

10

20

uDS,7kV

uDS,2kV

uGS,2kV

uGS,7kV

FAULT,7kV

FAULT,2kV

OCT = 25 A

Treact = 22 ns}

0.75 kA/µs
iD,7kV

iD,2kV

on-state

iD

uGS

uDS

S1

S2U
D

C

turns on;
clears fault

Fig. 2.13: Measured waveforms for a hard switching fault (HSF) for UDC =
2 kV and UDC = 7 kV. S1 is in the on-state when S2 turns on. 22 ns after
the drain current reaches the overcurrent threshold (OCT), the gate voltage
reacts and S2 is safely turned off within 150 ns. Almost independently of the
DC-link voltage level, the current reaches a maximum of 48 A.

FET S2 turns on. The measured waveforms of the drain current iD, the
drain-source voltage uDS, the gate-source voltage uGS, and the FAULT
signal are shown for a HSF at 2 kV and 7 kV, respectively. With the
increasing gate-source voltage, the drain current increases and once it
reaches the threshold (25 A in this case), after a short delay the internal
FAULT signal, which is connected to the enable input of the driver IC,
changes state. The gate driver IC then switches its output to −5 V and
the gate-source voltage decreases after the IC’s propagation delay has
passed. Almost independently of the DC-link voltage, a peak current
of 48 A peak is reached and the OCP safely clears the HSF in less than
200 ns. The total reaction time from the point where the current thresh-
old is reached until the gate voltage reacts is Treact = 22 ns in this case.
It should again be noted that a successful HSF experiment alone does
not mean that the OCP can protect the switch comprehensively. Only
in combination with a successful FOF experiment, it can be stated that
the OCP is able to protect the device also in worst-case fault situations.
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2.4 Summary
In this chapter, a highly compact isolated gate driver for 10 kV SiC
MOSFETs with ultra-fast overcurrent protection is presented. A main
challenge for medium-voltage (MV) gate drivers is the galvanic isola-
tion of the gate driver power supply and the low propagation delay
isolated signal transmission. In order to obtain a highly compact gate
driver circuit, which could be integrated into future MV SiC modules,
an encapsulated isolation transformer employed in a resonant converter
topology is designed and constructed. There, in contrast to classical
transformers with both windings on the same magnetic core, the pri-
mary winding and the secondary winding are wound on separate ferrite
core halves, which are separated by a small gap that is filled with a
silicone insulation material featuring a low dielectric dissipation factor
and a high thermal conductivity to ensure a sufficient heat transport
from the windings to the surface of the transformer. The dimensions of
the realized transformer are 16 mm× 16 mm× 14 mm and the coupling
capacitance is only 2.6 pF. The transformer isolation has been success-
fully tested for 1 hour with a 20 kV DC voltage and for one hour with
a 7 kV, 125 kHz switching-node voltage, which proves the functionality
of the designed MV isolation transformer.

Furthermore, in order to protect the 10 kV SiC devices from over-
currents and from a possible destruction by short circuits, an ultra-
fast overcurrent protection (OCP) circuit is implemented. Thereby,
the drain current of the device is measured via a gapped toroidal cur-
rent transformer. The measured signal is subsequently compared to a
predefined threshold by an ultra-fast comparator whose output signal
is latched in case of a fault and fed back to the enable input of the
gate driver IC, which then initiates the turn-off of the 10 kV SiC de-
vice. The delay between the crossing of the overcurrent threshold and
the reaction of the gate voltage is only ≈ 22 ns. Measurements prove
that the realized OCP is also able to successfully clear a flashover fault
(FOF) and a hard switching fault (HSF) at a DC-link voltage of 7 kV
within less than 200 ns. Furthermore, during the FOF experiment, an
unprecedented dv/dt of 1.2 MV/µs has been observed.

Compared to a similar gate driver for 10 kV SiC MOSFETs [93], the
gate driver developed in this work is more than a factor of five smaller
(while achieving a similar coupling capacitance) and features a 25 times
faster OCP circuit.
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3
Transient Calorimetric Measurement
of Soft-Switching Losses of 10 kV SiC

MOSFETs and Diodes

The characterization of soft-switching losses (SSL) of modern HV
SiC MOSFETs is a difficult but necessary task in order to provide

a sound basis for the accurate modeling of converter systems, such as
MV-connected SSTs, where soft-switching techniques are employed to
achieve a high converter efficiency. Switching losses, in general, are
typically measured with the well-known double-pulse method. In case of
SSL measurements, however, this method is very sensitive to the limited
accuracy of the measurement of the current and voltage transients, and
thus is unsuitable for the characterization of fast switching HV SiC
MOSFETs. Therefore, an accurate and reliable calorimetric method
for the determination of SSL is developed and applied to 10 kV SiC
MOSFET modules. Measured characteristics of the SSL are presented
for different DC-link voltages and switched currents. Furthermore, a
deeper analysis concerning the origin of the SSL is performed. With
the proposed measurement method, it can be experimentally proven
that the largest share of the SSL arises from charging and discharging
the output capacitance of the MOSFET module and especially of the
antiparallel junction barrier Schottky (JBS) diode.
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3.1 Introduction

Soft-switching techniques are widely used in power electronic convert-
ers for the reduction of switching losses (SL) and EMI emissions, espe-
cially in DC/DC applications [161–165] and also in AC/DC and DC/AC
applications [166–169]. Although wide bandgap devices such as SiC
MOSFETs offer superior switching behavior compared to silicon de-
vices [105,170–173], the SSL of these devices (especially for high block-
ing voltages in the range of 10 kV) are not negligible. Therefore, it is im-
portant to consider the SSL during the design process, especially in case
of higher switching frequencies. However, most of the device datasheets
only provide data for hard-switching losses (HSL) which means that it
is necessary to experimentally determine the SSL of the particular de-
vices. Since SSL are typically small compared to HSL and conduction
losses (CL), it is very challenging to measure SSL accurately under
different operating conditions such as different chip temperatures and
independently of external factors such as the PCB-layout and parasitic
inductances of e.g the DC-link capacitors.

There are basically two types of switching loss measurement me-
thods, namely electrical and calorimetric methods. Electrical meth-
ods, such as the well-known double-pulse test, feature the advantage
of a rather short measurement time, since only pulse measurements
have to be performed. Furthermore, with the same measurement setup
both, the HSL and the SSL can be directly determined at different chip
temperatures by electrically measuring the device voltage and current
during a turn-on and a turn-off transient. However, due to the fast
switching transients, the accuracy of the measured waveforms strongly
decreases and thus, the measured SL can be highly inaccurate. The
limiting factors are, e.g., improper deskew and jitter between the cur-
rent and voltage probes, signal offsets and amplitude errors, limited
bandwidths of the passive or active probes, or any other measurement
distortion such as CM noise. In addition, also the post-processing of
the measured waveforms is very crucial, e.g. the selection of the proper
interval in which the measured power has to be integrated in order to
extract the correct loss energy.

In contrast to electrical measurements, with a calorimetric measure-
ment setup, the semiconductor losses, i.e. the sum of the SL and the CL,
are determined by measuring the dissipated power of the device under
test (DUT) in continuous operation and, since no fast switching tran-
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Fig. 3.1: Pictures of the 10 kV SiC devices: (a) Co-Pack module with a SiC-
MOSFET chip and an antiparallel SiC JBS diode chip, (b) discrete packaged
10 kV SiC JBS diode.

sients have to be measured, typically a higher measurement accuracy
is achieved. However, the higher accuracy is reflected in a much longer
measurement time due to the large thermal time constants of calorimet-
ric measurement setups. There, the total semiconductor losses can be
measured either in the thermal equilibrium or in the transient heat-up
phase.

Nevertheless, in both calorimetric measurement methods, the CL
(which might be in the same range as the SSL) have to be subtracted
from the total measured semiconductor losses, in order to obtain the
pure SL. Hence, the accuracy achieved with calorimetric measurements
strongly depends on the accurate determination of the CL. In princi-
ple, the CL can be calculated based on the DUT’s on-state resistance
RDS,on given in the manufacturer’s datasheet. However, the RDS,on of
the 10 kV SiC MOSFET examined (CPM3-10000-0350 from Wolfspeed,
cf. Fig. 3.1 (a)), shows a strong dependency on the device current,
the chip temperature, the current direction (above approximately 4 A,
the antiparallel junction barrier Schottky (JBS) diode (CPW3-10000-
Z020B from Wolfspeed, cf. Fig. 3.1 (b)) starts conducting) and even
deviates from device to device by more than 20 %, because the MOS-
FETs at hand are prototype devices.

As can be noticed, both types of measurement methods (electrical
and calorimetric) show certain disadvantages in terms of accuracy and
separation of switching and conduction losses. However, there is no

57



Chapter 3. Calorimetric Measurement of 10 kV SiC Soft-Switching
Losses

quantitative comparison of the measurement accuracy of different mea-
surement methods so far. Therefore, in Section 3.2, an overview of
electrical and calorimetric measurement methods is given. Based on the
performed error analysis it becomes clear that electrical measurement
methods known up to now could lead to tremendously wrong results
and thus are not suited for SSL measurements. On the other hand, the
accuracy achieved with calorimetric measurements strongly depends on
the accurate determination of the CL.

In order to separate the CL and the SL directly in the measurement,
a novel calorimetric SSL measurement method featuring a superior mea-
surement accuracy is proposed in Section 3.3. In Section 3.4, this
method is applied to the aforementioned 10 kV SiC MOSFETs. The
obtained SSL for different DC-link voltages, currents and gate resis-
tors are presented and can be utilized e.g. in the design optimization
of MV converters [28, 174, 175]. Furthermore, even though the mea-
sured SSL are small, a deeper analysis concerning the origin of the SSL
is performed, since they cannot be explained by the overlapping of the
MOSFET’s drain-source voltage and drain current during the switching
transients. Therefore, it is assumed that the SSL are arising to a large
extent from the charging and discharging of the parasitic output capac-
itances of the MOSFET and the antiparallel JBS diode, as also stated
in [176,177]. In Section 3.5, this assumption is experimentally verified
with the proposed measurement method, which on the one hand allows
to measure the charging/discharging losses, and on the other hand en-
ables to allocate them to the MOSFET and the JBS diode. To provide
a complete data set for the SL of the 10 kV SiC modules at hand, in
Section 3.6 also the HSL are measured and compared to the SSL.
Section 3.7 finally summarizes the chapter.

3.2 Existing SL Measurement Methods

3.2.1 Electrical Measurement Methods
A commonly used electrical method for the measurement of SL is the
double-pulse test which is originally intended for the measurement of
HSL. Fig. 3.2(a) shows the double-pulse test circuit, which consists
of a half-bridge, a split DC-link and an inductor. Fig. 3.2(b) shows
the measured waveforms during a 8 kV, 10 A double-pulse experiment.
There, for the measurement of HSL, the low-side MOSFET S2 is turned
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Fig. 3.2: (a) Circuit diagram for electrical switching loss measurements.
(b) Hard-switching waveforms of the inductor current iL, the drain current
iS2, and the drain-source voltage uS2 of MOSFET S2 together with the result-
ing switching energies Eon and Eoff . (c) Resulting HSL errors for different
switching energy measurement errors. (d) Soft-switching waveforms and the
corresponding switching energies Eon and Eoff . Note that Eon is negative, i.e.
energy is regained. (e) Soft-switching losses Esw as difference between the
absolute values of Eon and Eoff . Small switching energy measurement errors
lead to large SSL errors.
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on until the desired current in the inductor is reached. S2 is then
turned off and S1 is turned on (under zero voltage), whereby the turn-
off energy Eoff can be determined by integrating the product of the
drain-source voltage uS2 and the drain current iS2 of MOSFET S2,
as indicated in the lower part of Fig. 3.2(b). Shortly after, when
the inductor current has not yet changed significantly, S1 is turned
off and S2 is turned on again. There, the current first commutates
from the MOSFET channel of S1 to its antiparallel diode and is then
commutated to the turning on MOSFET S2. As shown in Fig. 3.2(b),
a large transient current occurs through S2, which is the reverse recovery
current of the complementary diode and the capacitive charging current.
The corresponding turn-on energy Eon can be determined again by the
integration of the product of the drain-source voltage uS2 and the drain
current iS2 of MOSFET S2. As can be seen, both switching energies
are positive (i.e. dissipated), while Eon is much higher than Eoff in this
case. As shown in Fig. 3.2(c), the total HSL are obtained by adding
Eoff and Eon and due to this fact, if the switching energies are prone
to a small measurement error of e.g. 5 % each, the total HSL error is
as well ±5 %. Therefore, the double-pulse test is well suited for the
measurement of HSL.

By adapting the modulation scheme, the double-pulse circuit from
Fig. 3.2(a) can also be used for the measurement of SSL. Thereby,
the switches are continuously operated with a 50 % duty cycle, such
that a triangular and offset-free current iL is formed in the inductor,
as shown in Fig. 3.2(d). The switching frequency and the inductance
L1 are selected in such a way that the desired turn-off current (10 A at
UDC = 8 kV in this example) is reached at the switching instants. For
a positive inductor current, the DUT S2 performs a soft turn-off under
ZVS conditions, whereas it turns on under zero voltage for a negative
inductor current.

In contrast to the HSL measurements, the turn-on energy in case of
soft-switching operation of the bridge-leg is now negative, as can be seen
in the lower part of Fig. 3.2(d). This means that a certain amount of
energy that has been stored in the nonlinear output capacitance Coss
of MOSFET S2 is flowing back into the DC-link capacitors during the
switching transition with negative inductor current (and similarly for S1
for a positive inductor current). Nevertheless, a small amount of energy
is lost during the switching transitions, i.e. Eon < Eoff . Hence, the net
SSL per switching transition are the difference between the absolute

60



3.2. Existing SL Measurement Methods

values of the switching energies Esw = |Eoff | − |Eon| (cf. Fig. 3.2(d)),
since in each switching transition, one of the two MOSFETs stores Eoff
while the other feeds Eon back to the DC-link. Since there are two
switching transitions per cycle, each of the MOSFETs dissipates the
net energy Esw per cycle, such that the corresponding SSL per switch
are obtained via Psw = Esw · fsw, where fsw denotes the switching
frequency.

However, for the measurement of SSL, this method is subject to
large measurement errors due to the fact that the SSL only consist of a
small portion of Eon and Eoff ; e.g. for this particular type of MOSFET,
Esw is in the range of less than 10 % of the returned energy |Eon|, i.e.
Esw ≈ 0.1·|Eon|. In Fig. 3.2(e), Esw can be recognized as the difference
between the switching energies |Eoff | and |Eon|. Assuming that |Eoff | ≈
1.1 · |Eon| and that both, Eon and Eoff are subject to a measurement
error of ±5 % (which would be already very accurate, having in mind
that Eon and Eoff arise from the integration of a multiplication of a
measured voltage and a current transition), the measured worst-case
switching loss energy would result in Esw,meas = 1.05 · |Eoff | − 0.95 ·
|Eon| ≈ 1.05 · (1.1 · |Eon|)− 0.95 · |Eon| = 0.205 · |Eon|, which compared
to the assumed 0.1 · |Eon| is a relative error of +105 %, as illustrated
in Fig. 3.2(e). In the other case, if Eoff is measured 5 % too small
and |Eon| is measured 5 % too large, the relative error is −105 % (cf.
Fig. 3.2(e)), i.e. energy would even be generated virtually in each
switching cycle which clearly is not the case.

This shows that already small measurement errors in the range of
a few percent can lead to tremendously wrong results in case of SSL
measurements. In order to have a quantitative statement of the achiev-
able accuracy of electrical switching loss measurements, a detailed error
analysis is performed in the following.

3.2.2 Error Analysis for Electrical SSL
Measurement Methods

Fig. 3.3 shows an illustration of the drain-source voltage uS2 and the
drain current iS2 during a ZVS turn-off. Due to the fast switching time
(roughly 100 ns), and the high voltages, an accurate measurement of the
voltages and currents to obtain the correct switching energies is very
challenging. Besides the ideal voltage waveform, a second waveform
with different sources of measurement errors is shown. Thereby, a skew
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Fig. 3.3: Illustration of the different sources of measurement errors during
a ZVS turn-off transition. A perfectly measured voltage waveform as well as
a voltage waveform with skew, bandwidth limitation, offset and amplitude
error is shown.

between the actual voltage and the measured voltage could occur, which
would, as can be seen, have a direct influence on the overlap of voltage
and current and thus on the switching energy. Furthermore, a limited
bandwidth as well as an amplitude and an offset error of the voltage
probe (and also of the current probe) can lead to significant deviations
of the measured switching energies. Besides this, ringing of both, the
current and/or the voltage would lead to further measurement errors.
Therefore, the impact of these error sources on the accuracy of electrical
SSL measurements is analyzed.

Skew Error Analysis

Figs. 3.4(a) & (b) show measurements of the drain-source voltage uS2
and the drain current iS2 of MOSFET S2 in Fig. 3.2(a) for 8 kV, 10 A
soft turn-off and soft turn-on transitions, respectively. In order to ana-
lyze the influence of the probe skew on the measurement accuracy, the
originally measured current waveform iS2 is delayed for tsk, exemplary
selected as 8 ns in the figure for better visualization. Below the wave-
forms, the power and the cumulated energy in S2 are shown for both,
the original and the skewed measurements. It can be seen that the
skewed turn-off energy Eoff,sk is larger than the original energy whereas
the absolute value of the skewed turn-on energy |Eon,sk| is smaller than
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the original one. In this case, more energy seems to be dissipated in
the turning-off switch whereas less energy seems to be regained from
the turning-on switch, leading to an increase of the net SL. If the delay
is negative, the overlap of voltage and current decreases compared to
its original value, resulting in too low net SL. Fig. 3.4(c) shows the
relative error of the net SL in dependency of the skew for different DC-
link voltages and a switched current of isw = 10 A (since the effect is
almost independent of the switched current). It can be noted that a
skew of only 2 % of the switching transition’s rise/fall time can lead to
a switching loss error of 30...40 %, depending on the voltage. In this
particular case, where uS2 is in the kilovolt range, the skew of the 20 kV
voltage probe (PHV 4002 from PMK in combination with a 12-bit os-
cilloscope) is the main problem due to the lack of a reference voltage
which is necessary for the deskewing of the probe.

Offset & Amplitude Error Analysis

As already mentioned, further sources for measurement errors are pos-
sible DC offsets and amplitude errors in the voltage and current mea-
surements during the switching transitions. Especially the 20 kV voltage
probe is again causing problems since it is not possible to accurately
compensate the probe to a proper low-frequency gain, high-frequency
gain (responsible for overshoots) and zero voltage offset at the same
time. Furthermore, during the measurements it has been observed that
the attenuation of the 20 kV voltage probe, i.e. the passive voltage di-
vider, is strongly temperature dependent, thus a thermal decoupling
between the probe and any heating parts must be ensured. Conse-
quently, a compromise between these factors is necessary which means
that to a certain extent these effects are always present.

A similar error analysis to the one in Fig. 3.4 can be performed con-
cerning DC offsets and amplitude errors, assuming a certain DC offset
difference or amplitude difference in the voltage measurement between
the Eoff and Eon transitions. Accordingly, if the voltage uS2 is offset free
during the turn-on transition but shows a slight positive offset during
the turn-off transition (which could arise from a non-ideal compensation
of the voltage probe), the integration will lead to an increased turn-off
energy Eoff , whereas the turn-on energy Eon is assumed to be measured
correctly for this analysis. Since the net switching loss energy is again
only in the range of less than 10 % of Eon, the error in the measurement
of Eon and Eoff is strongly amplified, which leads to large errors in Esw
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Fig. 3.5: (a) Relative switching loss error due to an offset difference in the
uS2 drain-source voltage measurements for the determination of Eoff and Eon.
(b) Relative switching loss error due to a voltage amplitude difference in the
uS2 drain-source voltage measurements.

as shown in Fig. 3.5(a). Depending on the switched current, an offset
difference of only 2 % of the DC-link voltage can lead to a switching
loss error of more than 65 %. Similarly, in Fig. 3.5(b), the resulting
relative switching loss error caused by an amplitude difference between
the voltage measurements during the turn-off and turn-on transitions
is given. As an example, if for the measurement of the SSL for 7 kV,
2 A, the amplitude of the rising voltage edge is measured 2 % too large
whereas the falling edge is assumed to be measured correctly, this leads
to a switching loss error of 25 %.

Bandwidth Error Analysis

Another source of measurement error can be found in the limited band-
width of active and passive probes since harmonics which are contained
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in the original signal and are located above the probe’s cut-off frequency
are filtered out and thus could lead to wrongly measured waveforms with
e.g. decreased voltage and current slopes. Assuming that the transfer
functions of the probes show first order low-pass characteristics, the
original signal can be reconstructed by transforming the measured sig-
nal into the frequency domain, multiplying it with the inverse of the
probe’s low-pass transfer function and transforming the result back into
the time domain. For a voltage probe bandwidth of 100 MHz (accord-
ing to the datasheet), it turns out that the measured and reconstructed
waveforms (voltage rise times in the range of 100 ns) are virtually iden-
tical apart from a slight skew which has to be compensated experimen-
tally in order not to cause large switching loss measurement errors, as
explained above. Aside from the skew, the bandwidths of the utilized
voltage probe and current transformer (with a bandwidth > 100 MHz)
are sufficient for this application. However, if the measurement band-
width is reduced, for the measurements at hand the signal quality starts
to suffer as soon as the bandwidth falls below 70 MHz, which in this
case is considered as the lower bandwidth limit.

Integration Limit Analysis

Besides the described measurement errors, further errors can be in-
troduced in the post-processing of the measured data. For example
the proper selection of the time interval in which the SL are inte-
grated is aggravated by possible ringing, which in consequence results
in wrong turn-on and turn-off switching energies. This is also shown in
Figs. 3.4(a) & (b), where the current iS2 exhibits certain oscillations
at the end of each switching transient. In case of the turn-on transi-
tion, these current oscillations are, in order to obtain the power PS2,
multiplied with uS2 which has already decayed to zero at that time.
Hence, these oscillations vanish in the power calculation, resulting in
a smooth waveform and it is clear where to set the integration limits.
However, for the turn-off transition, the current oscillations are multi-
plied with the full DC-link voltage, leading also to large oscillations in
the calculated power waveform and thus making the proper selection of
the integration limits more difficult. As an example, Fig. 3.6 shows
a 7 kV, 15 A turn-off transition together with the calculated power and
the resulting switching energy, where t0 denotes the beginning of the in-
tegration interval. As can be noted, due to the appearing oscillations in
the power waveform, the determination of the integration interval’s end
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Fig. 3.6: Exemplary measured 7 kV, 15 A turn-off transition together with
the power PS2 and the energy ES2 for the illustration of the influence of the
integration limits on the measured SSL. Due to the oscillations, the choice
of the end of the integration interval is not clear. t0 denotes the start of
the integration, whereas tA and tB are two options to select the end of the
integration interval.

is not clear anymore. There are basically two reasonable possibilities to
select the integration limit as denoted with tA and tB. tA corresponds
to the first zero crossing of the current and tB is selected such that
both, the HF and the LF oscillations have decayed. Accordingly, the
obtained turn-off energies are Eoff,A = 2.83 mJ and Eoff,B = 3.19 mJ,
whereas the corresponding turn-on energy is Eon = −2.45 mJ. The as-
sociated SSL are thus Esw,A = 380 µJ and Esw,B = 740 µJ which results
in a relative SSL error of 48.6 % or 94.7 %, depending on which value
is considered as the reference. Hence, the post-processing with the se-
lection of the integration limits is very crucial and can lead to similar
errors as obtained during the measurement procedure.

Since the impact of the skew, the offset/amplitude difference, the
probe bandwidths, and the selection of the integration limits on the
measurement error is large and might all in all lead to switching loss
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errors higher than 200 % (although the assumed skew, offset and ampli-
tude difference values are very small and fairly realistic), it is concluded
that the double-pulse measurement method is unsuitable for the mea-
surement of the SSL in case of the 10 kV SiC devices at hand. Therefore,
other measurement methods with improved accuracy have been devel-
oped in the recent years as will be shortly described in the following.

Further (Semi-)Electrical SSL Measurement Methods

In [178], for example, SL are measured electrically based on the energy
conservation principle during one switching cycle. It is claimed that,
in a buck-type circuit, the SL equal the difference between the energy
supplied by the DC-link capacitor and the energy stored in the load in-
ductor, i.e. input power minus output power of the bridge-leg. Thus, in
contrast to the double-pulse method where a transient MOSFET cur-
rent is multiplied with a transient MOSFET voltage, with the method
proposed in [178], the input power is found by multiplying the MOS-
FET current with the constant DC-link voltage and the output power
is calculated by multiplying the drain-source voltage of the MOSFET
with the constant output current. Consequently, the skew between the
measured MOSFET voltage and current transients is no longer a prob-
lem. Nevertheless, the remaining measurement errors as well as the
integration problem still exist. Furthermore, the output current is only
constant if HSL are measured; for the measurement of SSL, a triangular
current waveform as shown in Fig. 3.2 (d) is needed.

In [179] and [180], SL have been measured based on the opposi-
tion method, where in contrast to the described pulsed measurements,
a full-bridge is operated continuously with an inductive load. Similar
to [178], the semiconductor losses are obtained by electrically measur-
ing the DC input power and subtracting the calculated ohmic losses
of the inductor based on the inductor’s AC-resistance and the mea-
sured inductor current. Thus, the AC-resistance of the inductor has to
be well-characterized in terms of its frequency and temperature depen-
dency in order to achieve a sufficiently accurate measurement of the
semiconductor losses. Beneficially, the inductor is realized as an air
core inductor (without magnetic material) in order to not include ad-
ditional errors due to core losses into the measurement. Furthermore,
the pure SL are obtained by subtracting the CL (calculated based on
the on-state resistance RDS,on) from the measured total semiconductor
losses. However, as already mentioned, since the RDS,on shows a certain
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dependency on the temperature, the current and the current direction -
especially for the examined 10 kV SiC MOSFETs - significant measure-
ment errors can be introduced. Thus, this method is not suitable for
the underlying application.

For the sake of completeness it should be mentioned that, as a com-
bination of electrical and calorimetric switching loss measurement meth-
ods, the inductor losses in the opposition method can also be measured
calorimetrically [176]. On the one hand, this leads to more accurate
results and on the other hand, a magnetic core material can be used.
Nevertheless, the switching and conduction losses still have to be sepa-
rated.

3.2.3 Calorimetric SL Measurement Methods

Instead of measuring the input and output power of a circuit, a more
direct way of measuring SL is to exclusively measure the power dissi-
pation of the switches in a calorimetric manner.

In [181], a half-bridge as part of a synchronous buck converter is
operated continuously, whereby the two switches, their gate drivers and
the DC-link capacitor are enclosed in a calorimeter in order to measure
the power dissipation. In this method, the power dissipation of the
gate drives (which are additionally measured electrically) have to be
subtracted from the total power in the calorimeter in order to obtain
the semiconductor losses. In [182], a similar calorimetric method is
presented. Thereby, a metal block is attached to the switches of a half-
bridge circuit which is continuously operated. The metal block acts
as a thermal capacitance CTh which is heated up by the dissipated
power of the switches resulting in a certain temperature increase ∆ϑ.
Based on the given thermal capacitance CTh in combination with the
time required to heat up the metal block, the dissipated power can be
calculated. The advantage of this method is that the gate driver losses
etc. do not influence the measurement due to the thermal decoupling.
Still, the challenge for these methods is the separation of the conduction
and switching losses.

In order to separate these losses directly in the measurement instead
of calculating the CL (with error-prone RDS,on values) and subtracting
them from the total semiconductor losses, a novel calorimetric SSL mea-
surement method featuring a high accuracy is proposed in the following
section.
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3.3 Functional Principle of the Proposed
SSL Measurement Method

The basic idea of the proposed method for the measurement of SSL is on
the one hand to measure the semiconductor losses calorimetrically and
on the other hand to measure the SL and the CL separately. Therefore,
as shown in Fig. 3.7(a), a third MOSFET S0 is inserted in series to ei-
ther the low-side switch S2 or the high-side switch S1 of the half-bridge.
In the following it is assumed that S0 is connected in series to the high-
side switch S1 since the cooling pad of the DUT is connected to the
drain potential of the MOSFET and thus in this configuration is fixed
to a stable voltage. Furthermore, the MOSFET module S0 is mounted
on top of a brass block, which absorbs the dissipated semiconductor
losses and acts as a thermal capacitance CTh (cf. Fig. 3.7(a)). Brass
is selected as heat sink material due to its high thermal capacitance per
volume. In addition, the brass block is insulated with thermal insulation
material in order to minimize the heat transfer to the ambient. Con-
sequently, assuming a constant power dissipation in the semiconductor
device S0, the temperature of the brass block linearly increases over
time, whereby the temperature slope is proportional to the dissipated
power of S0. Hence, the power dissipation of S0 can be calculated as

P = CTh ·∆ϑ
∆τ , (3.1)

where ∆ϑ denotes the temperature difference and ∆τ equals the mea-
surement time. Based on (3.1), the dissipated power of S0 can now be
determined by operating the half-bridge continuously, and by measur-
ing the time ∆τ which is required to heat the insulated brass block by
a certain temperature difference ∆ϑ, e.g. from 30 ◦C to 40 ◦C.

For the basic operation of the modified half-bridge illustrated in
Fig. 3.7(a), the series connection of S0 and S1 can be considered as one
switch, where either S0 or S1 is permanently turned on, while the other
is complementarily switched with S2, i.e. the circuit behaves like a con-
ventional half-bridge. Hence, in order to achieve soft-switching transi-
tions in all switches, the half-bridge is continuously operated with a 50 %
duty cycle resulting in a triangular current as shown in Fig. 3.7(c).
As can be noticed, the shown section corresponds to a point in time in
which S1 is permanently turned on, while S0 and S2 are complemen-
tarily switching. Consequently, due to the series connection of S0 and
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Fig. 3.7: (a) Circuit diagram with an additional MOSFET S0 mounted on a
thermally insulated brass block which acts as a thermal capacitance CTh. (b)
Circuit diagrams showing the current path during the specific time intervals;
devices shown with shaded symbols do not conduct current. (c) Ideal current
and voltage waveforms as well as the gate signals of the three switches and
the corresponding share of losses in each time interval.
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S1, the same current is flowing through both switches, which means
that the CL in both switches are the same if equal on-state resistances
RDS,on are assumed. Furthermore, since only S0 and S2 are switch-
ing, the SSL are only generated in S0 and S2, while S1 only generates
CL. Accordingly, if one would separately measure the losses in both
MOSFETs S0 and S1 based on (3.1), the SSL generated in S0 could
be directly extracted from the loss difference of the two semiconductor
devices.

However, since the on-state resistance RDS,on is strongly varying
from device to device in this case, as already mentioned, the SL and the
CL cannot be properly separated from each other. Therefore, instead
of measuring the losses of two different devices S0 and S1 at the same
time, in addition to the measurement M1 discussed above, a second
measurement M2 is performed at the same operating conditions, i.e. the
same switched current, DC-link voltage, bridge-leg dead time, switching
frequency and temperature range. In measurement M2, however, the
MOSFETs S0 and S1 swap their roles such that S0 is now permanently
on and S1 is complementarily switched with S2. In this case, S0 only
generates CL (PM2 = PCond), while during measurement M1 the MOS-
FET S0 was generating both, SL and CL, i.e. (PM1 = PCond + Psw).
Hence, the SSL of S0 within one switching period can be found by sub-
tracting PM2 from PM1 and dividing the difference by the switching
frequency.

Unfortunately, even though in both measurements M1 and M2 the
CL are measured in the same device for the same operating conditions,
the CL are not exactly identical due to the dead time intervals [0, t1]
and [t3, t4], where the output capacitances of the switches have to be
charged/discharged. In order to emphasize the importance of the dead
time intervals in the calculation of the CL, in Fig. 3.7(c) the switched
current is chosen rather small, which means that the dead time intervals
can occupy a significant part of a switching period. It should be noted
that the length of the dead time intervals [0, t1] and [t3, t4] is selected
in such a way that the corresponding switch is turned on exactly at
the moment when its drain-source voltage reaches 0 V, i.e. ideally the
antiparallel JBS diodes are not conducting. Actually, since S1 is con-
nected in series to S0, in the first measurement M1 the MOSFET S1
should only generate CL during the on-state interval of S0. However, as
shown in Fig. 3.7(b), during the dead time intervals [0, t1] and [t3, t4],
the current, which flows through the nonlinear output capacitance of
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S0, also flows through the MOSFET channel of S1, generating addi-
tional CL PDT1 and PDT2 in S1 (PDT = PDT1 + PDT2). Consequently,
during the second measurement M2 (S0 permanently on, S1 switching),
the same additional CL PDT arise in S0 and thus have to be considered
for the calculation of the SSL. To express PDT as a function of PCond,
it is assumed that the CL during the dead time interval [0, t1] and the
conduction interval [t1, t2] arise from an ohmic behavior of the MOS-
FET and can be described by P = RDS,on · i2 if the dependency of the
RDS,on on the value and direction of the drain current is neglected for
the moment (the resulting error is negligible as will be shown in the
error analysis). Consequently, the dead time CL PDT can be calculated
as

PDT = hP · PCond, where (3.2)

hP =
RDS,on ·

t1∫
0
i2S0 · dt

RDS,on ·
t2∫
t1

i2S0 · dt
≈

t1∫
0
i2S0 · dt

t2∫
t1

i2S0 · dt
. (3.3)

Thereby, hP can be obtained by measuring the drain current of S0 and
by solving the given integrals for the corresponding time intervals.

As will be discussed in Section 3.4.1, in order to achieve a high
measurement accuracy, the SSL should account for the largest share of
the overall power dissipation measured at the brass block, since in this
case, the sensitivity of the SSL on calculation errors of hP as well as
on variations in the CL between the two measurements, e.g due to the
temperature dependent RDS,on of S0, is very low. Accordingly, for the
dimensioning of the brass block it is assumed that in the worst-case,
i.e. for a max. switched current of 15 A, the CL should not exceed
50 % of the SSL, which in contrast to the CL can be adapted via the
switching frequency and the inductance value. The RDS,on of the 10 kV
SiC MOSFETs at hand is around 0.35Ω at room temperature, which
in the worst-case results in 13 W of CL, and according to this rule in
a total power dissipation of 39 W. Furthermore, in order to achieve a
minimum relative accuracy of ±1 % for the temperature measurement,
the measurement range must be at least ∆ϑ = 10 K, if an absolute
temperature measurement error of ±0.1 K is expected. For the same
reason of measurement accuracy, the minimum measurement time ∆τ
should be at least 2...3 minutes. Hence, the required thermal capaci-
tance and therewith the size of the brass block (50× 50× 100 mm) can
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Fig. 3.8: (a) 10 kV SiC MOSFET half-bridge with the additional MOSFET
S0 on a thermally insulated brass block (50×50×100 mm). (b)-(e) Thermal
calibration measurements at constant DC power levels, (b) 10 W, (c) 20 W,
(d) 40 W, and (e) 60 W. Each temperature profile is linearized around the
measurement temperature range and the corresponding thermal capacitance
is calculated from the given slope. A high linearity can be achieved in the
temperature range from 30 ◦C to 40 ◦C and the power range from 20 W to
40 W. Thus, all the switching loss measurements are carried out in this power
and temperature range.
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be calculated based on (3.1). A picture of the corresponding 10 kV SiC
hardware setup with the thermally insulated brass block is shown in
Fig. 3.8(a). It should be noted that the MOSFETs S1 and S2 are also
mounted on separate brass blocks instead of heat sinks in order to not
distort the measured temperature of the insulated brass block by any
air stream.

In order to obtain the precise thermal capacitance of the brass block
in the hardware setup, the value CTh has to be calibrated by mea-
surements. Therefore, a constant DC-power is fed into the MOSFET
module by driving a feedback-controlled current through the device
such that constant power levels of 10 W, 20 W, 40 W and 60 W are
reached. Thereby, the hardware configuration (including the copper
busbars to the DC-link, the gate driver, and the thermal insulation
etc.) must be exactly the same as it is later used for the SSL measure-
ments. Figs. 3.8(b)-(e) show the measured temperature profiles of
the insulated brass block for the different power ratings. It can be seen
that between 30 ◦C and 40 ◦C the measurements for 20 W and 40 W
are nicely linear, whereas for 10 W and 60 W certain nonlinearities are
measured in the temperature curves. Consequently, all SSL measure-
ments are performed in the power range from 20 W to 40 W and in the
temperature range from 30 ◦C to 40 ◦C. Furthermore, as indicated in
Figs. 3.8(b)-(e), the linearized thermal capacitance CTh (a first order
thermal equivalent network is assumed) is slightly changing within the
selected power range. Therefore, CTh is interpolated iteratively from
the calibration measurements for the purpose of obtaining the correct
power dissipation.

Due to this limitation in the power range, now the problem of mea-
suring only CL in measurement M2 arises, since for small switched
currents the CL are in the range of only 1...2 W. In order to overcome
this problem, the operation principle of the half-bridge has to be mod-
ified in such a way that also in the measurement M2 higher losses are
generated in S0. Therefore, instead of permanently turning on S0, S0
and S1 share the switching actions and therewith the SL among each
other as indicated in Fig. 3.9(a). The share of the switching cycles,
which is switched by S0, is defined as the switching cycle share k. A
value of k = 1 means that S0 is switching continuously, while S1 is
permanently turned on. As an example, in Fig. 3.9 (a), k is equal to
0.5 which means that S0 and S1 are alternatingly switching 50 % of the
total switching cycles and are constantly turned on for the other 50 %.
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Fig. 3.9: (a) Gate signals of the three MOSFETs for the modified mod-
ulation scheme exemplarily shown for a switching cycle share of k = 0.5.
(b) Measured temperature curves for UDC = 8 kV, isw = 7.5 A and different
values of k.

For practical reasons, S0 and S1 are alternated for every 100 switching
cycles. In Fig. 3.9 (b), measured temperature profiles at UDC = 8 kV
and a switched current of 7.5 A are shown for different values of k. As
can be noticed, the measurements follow a linear characteristic, which
means that the thermal setup is operated in its linear region as desired.

Accordingly, depending on the selected switching cycle share k, the
average losses PS0 of S0 within one measurement can be brought into
the optimum power range of 20 W to 40 W and can be expressed in
general terms as

PS0 = k (Psw + PCond) + (1− k) (PDT + PCond)
= k · Psw + PCond + (1− k)PDT, (3.4)

where Psw = Psw,on + Psw,off and PDT = PDT1 + PDT2. Hence, in the
first measurement M1 with k = 1, the power dissipated in S0 is

PM1 = PS0 (k = 1) = Psw + PCond. (3.5)

In the second measurement M2 with k < 1, the dissipated power in S0
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is given as

PM2 = k · PM1 + (1− k) (PCond + PDT) , (3.6)

where Psw = PM1 − PCond from (3.5) is used. Furthermore, based on
(3.2), the dead time losses PDT in (3.6) can be substituted by hP ·PCond,
thus the effective CL and SL are given as

PCond = PM2 − k · PM1

1− k + (1− k) · hP
, (3.7)

Psw = PM1 − PCond, (3.8)

and only depend on the two measured losses PM1 and PM2 as well as on
the selected switching cycle share k. For the SSL measurements of the
10 kV SiC MOSFETs, a switching cycle share of k = 1 has been chosen
for measurement M1, k = 0.5 for measurement M2 and k = 0.75 for
a third (verification) measurement, leading to stable and reproducible
results. Finally, the SSL per MOSFET and switching period can be
determined as Esw = Psw/fsw.

3.4 Discussion and Experimental Results
The following section analyzes the accuracy of the proposed SSL mea-
surement method and discusses possible limitations and sources of mea-
surement errors. Finally, the measured SSL are presented and dis-
cussed.

3.4.1 Error Analysis for the Proposed SSL
Measurement Method

Although calorimetric measurements are probably the most direct and
accurate way of measuring power dissipations, there are several effects
that have to be considered in order to obtain accurate results. First of
all, an accurate and EMI-robust measurement of the brass block tem-
perature is required. Depending on the device package, the cooling
terminal might be on drain potential of the MOSFET (which is the
case for the 10 kV SiC MOSFETs at hand) such that the metal block
including the temperature sensor is on (floating) potential and is possi-
bly exposed to high du/dt values which could disturb the temperature
measurement. Furthermore, the position of the temperature sensor on

77



Chapter 3. Calorimetric Measurement of 10 kV SiC Soft-Switching
Losses

the metal block must be the same during the calibration and the switch-
ing loss measurements. Otherwise, measurement errors could arise due
to a possibly inhomogeneous temperature distribution within the metal
block. In the given setup, a thermocouple was attached to the top side
of the brass block, next to the baseplate of the 10 kV SiC module. A
better approach would be to use a fiber optic temperature sensor, which
besides EMI-robustness would also provide a galvanic isolation. Gener-
ally important for this measurement method is the thermal decoupling
of the DUT and its brass block from the ambient (by applying thermal
insulation material to the brass block) and especially from other heat
sources contained in the hardware setup (such as the other switches)
in order to prevent undesired heat transfers to the brass block. This is
easily possible for the 10 kV SiC MOSFETs at hand due to the specific
package design and the anyway required distances between the switch
and other parts of the circuit for the reason of electrical isolation. The
measured thermal time constant of the thermally insulated brass block
together with the 10 kV SiC module is τBlock = 200 min, which is a
factor of 15 larger than the maximum measurement time. This shows
that the undesired heat transfers to the ambient and other parts of the
setup can be neglected in the given setup. For other device packages
and especially lower voltage devices, however, the thermal decoupling
of the DUT might be a problem, since a thermal decoupling goes hand
in hand with an increase of the commutation loop inductance which
could lead to voltage overshoots and ringing. For the employed 10 kV
devices operated with DC-link voltages in the kilovolt range, the volt-
age overshoot caused by the additional inductance of the third switch
is negligible and not even measurable.

Since the measurement method includes a measurement of a rather
small temperature difference ∆ϑ of 10 K, the accuracy of the temper-
ature measurement is the most critical parameter. Assuming a mea-
surement error of ∆ϑ = ±0.1 K (which corresponds to a relative error
of ±1 %), a ±2 % error in the thermal capacitance CTh and a per-
fect time measurement (since time can be measured very precisely),
the worst-case error of a single power measurement is ±3 % (cf. (3.1),
102 % · 101 % ≈ 103 %). Hence, as a worst-case estimation, if PM1 is
measured 3 % too high and PM2 is measured 3 % too low, the rela-
tive errors in the SL are 5.8 % for the 7 kV, 2.5 A case and 15.5 % for
the 7 kV, 15 A case, whereby measured values for PM1, PM2 and hP (cf.
Tab. 3.1) are inserted into (3.7) and (3.8) for the error analysis in order
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Tab. 3.1: Measured and calculated values for the case of low switched current
(7 kV, 2.5 A) and high switched current (7 kV, 15 A).

Parameter Value for 7 kV, 2.5 A Value for 7 kV, 15 A
PM1 37.50 W 38.54 W
PM2 18.84 W 26.99 W
hP 1.1883 0.0731
PCond 0.09 W 14.38 W
Psw 37.41 W 24.16 W
PDT 0.10 W 1.05 W
fsw 200 kHz 100 kHz

to give practical examples. Compared to the double-pulse method, a 10
to 20 times higher accuracy can be achieved with the proposed calori-
metric method. Furthermore, in all of the performed measurements,
the k = 0.5 and the k = 0.75 (reference) measurements match within
5 % error, which demonstrates that the worst-case is not very likely to
occur if the measurements are carried out carefully and indicates that
the accuracy of the method is very high. As can be noticed, the mea-
surement error increases with increasing switched currents, thus the SL
should hold the largest share of the overall measured power dissipation
in order to keep the measurement accuracy high. This can be managed
by selecting a rather high switching frequency, which however is limited
by certain constraints such as the gate drive power capability, the total
generated losses on the metal block (which might be too high and result
in a nonlinear temperature profile at some point) or the fact that with
higher switching frequencies the dead time interval consumes a major
part of the overall switching cycle. Another (limited) possibility to
increase the measurement accuracy is to increase the temperature dif-
ference ∆ϑ. However, the temperature dependency of the MOSFET’s
properties might start playing a role for higher values of ∆ϑ. For ex-
ample, in the derivation of the SL from the two measurements M1 and
M2, in equation (3.3) it is assumed that the on-state resistance RDS,on
is constant, however, this is not perfectly true, since the RDS,on of the
10 kV SiC MOSFETs at hand depends on the temperature as well as on
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the direction and the value of the drain current. Hence, the RDS,on does
not completely cancel out in equation (3.3) and leads to a certain cal-
culation error of hP. However, the sensitivity of the SSL on calculation
errors of hP is very low. On the one hand, for low switched currents,
the switching frequency is selected rather high (cf. Tab. 3.1) in order
to increase the SL until an optimal power dissipation between 20 W
and 40 W on the brass block is achieved. In this case, the dead time
indeed consumes a major part of the switching cycle (hP ≈ 1), thus the
corresponding losses PDT are similar to the CL PCond (cf. Tab. 3.1).
Due to the low current rating, however, the SL Psw are orders of mag-
nitude higher than PDT or PCond. Consequently, calculation errors of
hP hardly influence the SL. E.g. with the values given for the 7 kV,
2.5 A measurement in Tab. 3.1, the switching loss error stays below
0.012 %, if for the determination of hP a calculation error of ±10 % is
assumed. On the other hand, for high switched currents, the time to
charge/discharge the output capacitances of the MOSFETs is short, i.e.
hP ≈ 0. Hence, errors in the calculation of hP have a negligible impact
on the SL. Assuming again an error of ±10 % in hP, for the case of 7 kV,
15 A (cf. Tab. 3.1), the switching loss error is below 0.41 %.

Furthermore, a measurement error could potentially result due to
the fact that the chip temperature and therewith the RDS,on is not equal
for the two measurements M1 and M2 since the generated losses PM1
and PM2 are different, which results in distinct junction temperatures.
Therefore, the impact of this junction temperature difference on the
measuring accuracy is analyzed in the following. As stated above, the
influence of the dead time can be neglected (PDT ≈ 0), thus with the
simplified equations (3.5) and (3.6) and the assumption of equal average
CL PCond within the two measurements, the SL Psw can be immediately
expressed by the difference of the two measured losses PM1 and PM2 as

∆PM12,ideal = PM1 − PM2 = Psw (1− k) . (3.9)

Due to this difference in losses, however, the thermal resistance be-
tween the chip and the brass block RJB leads to a higher junction
temperature for measurement M1 compared to M2, even though both
measurements are performed for the same brass block temperature
range from 30 ◦C to 40 ◦C. Assuming a thermal resistance of RJB =
0.5 K/W (extracted from thermal FEM simulations) and exemplarily
measured losses of PM1 = 30 W and PM2 = 20 W, the chip tem-
perature for M1 would (ideally) pass through the temperature range
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from 30 ◦C + RJB · PM1...40 ◦C + RJB · PM1 = 45 ◦C...55 ◦C, whereby
the chip temperature for M2 passes through the temperature range of
40 ◦C...50 ◦C, i.e. an average chip temperature difference of 5 K oc-
curs. Consequently, since the on-state resistance RDS,on of the em-
ployed 10 kV SiC MOSFETs features a temperature dependency of
∆RDS,on = 1 %/K, in this example the actual average CL for M1 are
5 % higher than for M2. Hence, considering a linear increase of the
RDS,on with temperature, (3.5) and (3.6) have to be adapted to

PM1 = Psw + (1 + β)αPsw, (3.10)
PM2 = k · Psw + αPsw, (3.11)

with

α = PCond

Psw
and (3.12)

β = RJB ·∆PM12,ideal ·∆RDS,on, (3.13)

where α is the ratio between the CL and the SL (which should always be
kept as small as possible by properly selecting the switching frequency)
and β is the relative increase of the MOSFET’s RDS,on depending on the
loss difference between the two measurements M1 and M2. Subtracting
(3.10) from (3.11) leads to

∆PM12,real = (1− k + αβ)Psw

= ∆PM12,ideal

(
1 + αβ

1− k

)
. (3.14)

Now, the relative error e∆T introduced by the junction temperature
difference between PM1 and PM2 can be found as

e∆T = αβ

1− k . (3.15)

It should be noted that this analysis is also valid for devices with a
nonlinear dependency of the RDS,on on the junction temperature, since
in this case, the RDS,on can be linearized within the relevant tempera-
ture range of 10 K from e.g. 45 ◦C to 55 ◦C with a high accuracy. For
the values given in Tab. 3.1, equation (3.15) leads to a relative error
e∆T in the range of 0.05 % and 6.87 %, which means that the worst-case
error for the measurements following in Section 3.4.2 is smaller than
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7 %. As can be noticed, the error increases with increasing current,
since the ratio α between the CL and the SL increases. In order to keep
the error small, the objective should be to achieve α ≤ 1 (which means
PM1 − PM2 ≤ 20 W for the setup at hand). Nevertheless, if the exact
values of RJB and ∆RDS,on of the MOSFET are known, this error can
be corrected in the loss calculation. Finally, it should be noted that the
SSL do not or hardly depend on the junction temperature, as will be
shown later.

3.4.2 Measurement Results

In order to cover a wide range of applications in which the analyzed
10 kV SiC MOSFETs could be utilized, SSL measurements have been
performed for different DC-link voltages, currents and gate resistors.
Fig. 3.10 shows the net measured SSL of the 10 kV SiC MOSFETs
for DC-link voltages between 4 kV and 8 kV and switched currents be-
tween 2.5 A and 15 A. Unless otherwise noted, the gate resistors are
Ron = 20Ω and Roff = 10Ω. It is clearly visible that the SSL depend
mainly on the DC-link voltage and increase only slightly with increasing
current. This behavior will be discussed in more detail in Section 3.5.
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SiC MOSFETs for different DC-link voltages, switched currents, gate resistors
and a measurement temperature range of 30...40 ◦C. Unless otherwise noted,
the turn-off gate resistor is Roff = 10Ω.
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Comparing the three 7 kV curves with different turn-off gate resistors
Roff in Fig. 3.10, it is evident that a turn-off resistor of Roff = 10Ω
leads to the lowest SSL. For the case of Roff = 15Ω, the dependency
on the switched current shows a clear trend towards higher losses for
higher switched currents which is an indication for increased channel
losses due to a larger overlapping of the voltage and current transients
during turn-off. This behavior can be explained by analyzing the soft-
switching transitions given in Fig. 3.11 for 7 kV and 15 A. While the
switching transitions are almost equally fast for turn-off gate resistors
of 5Ω and 10Ω, the switching transition for a gate resistor of 15Ω is
clearly slowed down. Hence, especially for higher switched currents, the
higher gate resistance leads to a stronger overlapping of the MOSFET
voltage and channel current transients and thus to higher SL. On the
other hand, a low turn-off gate resistance of 5Ω results in stronger oscil-
lations in the drain current due to parasitic inductances introduced by
the semiconductor packages and thus causes higher SSL. Consequently,
for the 10 kV SiC MOSFETs at hand, the optimum turn-off gate re-
sistance is Roff = 10Ω, which could be probably slightly decreased if
another package with lower parasitic inductances and/or with Kelvin
source connection would be available/used. However, even though the
packaging can be improved, a substantial reduction of the SSL is not ex-
pected. Furthermore, it should be mentioned that the turn-on resistor
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does not or hardly influence the SSL.

3.5 Output Capacitance Charging and
Discharging Losses

In Fig. 3.10, it is clearly visible that the measured SSL are strongly
depending on the DC-link voltage (with an approximately quadratic re-
lation Esw ∼ U2

DC) whereas the dependency on the switched current is
linear with a rather flat and voltage-independent slope. Furthermore,
the SSL curves do not pass through the origin, if they are extrapo-
lated towards zero current. In contrast, the curves show a voltage-
dependent offset, which means that there are voltage-dependent resid-
ual SSL which cannot be avoided. This indicates that a large share
of the SSL might just arise from the charging and discharging of the
parasitic output capacitances of the MOSFET and the antiparallel JBS
diode, and only a minor share of the SSL is actually caused by the over-
lap of the MOSFET’s voltage and channel-current transients. The loss
mechanisms related to the charging/discharging of the nonlinear out-
put capacitance have already been discussed for Superjunction MOS-
FETs [177,183], where significant fractions (strongly depending on the
device) of the stored energy in the output capacitance are lost during
the charging/discharging process. In [184], this effect is explained via
a mixed-mode simulation of low-voltage Superjunction MOSFETs. In
the following, an accurate calorimetric method to measure the charg-
ing/discharging losses (CDL) is presented. Furthermore, in order to
identify to which component the CDL have to be allocated, i.e. the
MOSFET or the antiparallel JBS diode, on the one hand the proposed
method is applied to a module consisting of a 10 kV SiC MOSFET with
an antiparallel JBS diode (cf. Fig. 3.1(a)), and on the other hand to
a module containing only a JBS diode (cf. Fig. 3.1(b)).

3.5.1 Description of the Charging/Discharging Loss
Measurement Method

For the measurement of the CDL of the 10 kV SiC devices, the same
measurement setup as for the determination of the SSL can be used.
The DUT is still mounted on a thermally insulated brass block, how-
ever, instead of placing the DUT in series, it is now connected in parallel
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Fig. 3.12: (a) Circuit diagram of the charging/discharging loss (CDL) mea-
surement setup. The DUT (permanently turned-off) is connected in parallel
to the high-side switch S1 via a damping resistor RD. The two possible DUTs:
(b) Co-Pack module consisting of a SiC-MOSFET chip and an antiparallel
JBS diode chip and (c) discrete packaged JBS diode.

to the high-side switch S1 (cf. Fig. 3.12(a)), which means that the
voltage across the high-side switch is also applied to the DUT. Since
only the CDL should be measured, the DUT is permanently kept off
by shorting the DUT’s gate to the source terminal, thus the DUT only
behaves like an additional nonlinear capacitor connected in parallel to
the high-side switch S1. Due to the parasitic inductances of the module
packages and the interconnections, a damping resistor RD is added in
series to the DUT in order to avoid any ringing between the DUT and
the high-side MOSFET during the switching transitions. In addition,
during the on-state of S1, RD also prevents the DUT from reverse con-
duction, i.e. either through the body-diode of the SiC-MOSFET or the
antiparallel JBS diode. As shown in Fig. 3.13 (a), there is only a cur-
rent iDUT flowing through the DUT during the switching transitions,
whereas during the conduction intervals of S1 and S2 the current iDUT
is zero.

The value of RD was experimentally determined and is set to RD =
20Ω. It should be noted that, due to the device’s relatively high block-
ing voltage compared to its current rating, the voltage drop across RD
during the switching transition is negligible compared to the switched
voltage, i.e. uAB ≈ uS1. Hence, the voltage uAB across the DUT closely
follows the high-side MOSFET’s voltage uS1 and the output capacitance
of the DUT is entirely charged and discharged in each switching cycle.
Accordingly, even though the voltage across RD is comparatively small,
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Fig. 3.13: (a) Current and voltage waveforms of the 7 kV, 10 A-equivalent
CDL measurement. Detailed view of the waveforms (b) during the falling
voltage transition and (c) during the rising voltage transition, where uAB is
matched to the voltage slope of uS1,ref , which was obtained from the 7 kV,
10 A SSL measurement.
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depending on the switching frequency a significant amount of losses is
dissipated in RD. Therefore, RD has to be thermally decoupled from
the DUT in order not to influence the temperature measurement on the
DUT’s metal block.

Due to the parallel connection of the DUT to the high-side switch,
the effective output capacitance of the half-bridge is increased, which
means that compared to the SSL measurements for a given switched
current the corresponding voltage slope, i.e. the du/dt, is slowed down.
In other words, for a given current, in this setup the charging cur-
rent flowing through the DUT is lower compared to the current flowing
through the MOSFET’s parasitic output capacitance in the SSL mea-
surements. However, in order to be able to properly assign the CDL
to the correct SSL measurements, the DUT has to be tested under the
same conditions. In this case, this means that the total switched cur-
rent, i.e. the inductor current iL, has to be increased in such a way
that in both, the CDL measurement and the SSL measurement, the
same du/dt is achieved. Consequently, based on i = C · du/dt, also
the charging current in the DUT has to be the same. Exemplarily,
Figs. 3.13(b) & (c) show the measured waveforms during the two
switching transients of the CDL measurement, which actually corre-
spond to the SSL measurement carried out at iL,ref = 10 A. As can
be noticed, in order to match the voltage slope uAB to the correspond-
ing voltage slope uS1,ref , the inductor current iL has to be increased to
13.5 A. This ratio between the reference current iL,ref and the required
current iL slightly changes with the DC-link voltage and the current
level due to the strong nonlinearity of the devices’ output capacitances.
However, as can be noticed, there is still a small deviation between uAB
and the reference voltage uS1,ref , which in consequence also leads to a
slightly different charging current waveform. The reason is that, due to
the parallel connection of the DUT and the high-side switch, the effec-
tive output capacitance of the high-side switch is larger than the one of
the low-side switch and therefore the half-bridge is no longer symmet-
rical. This asymmetry can be compensated by also adding a DUT to
the low-side switch, however, in this case the total output capacitance
of the half-bridge is doubled. Consequently, for the SSL measurement
at iL,ref = 15 A (cf. Fig. 3.10) the corresponding CDL measurement
would have to be performed at iL = 30 A, which is not possible with
the given setup. Nevertheless, regardless whether one or two DUTs are
used, the current pulses through the DUT are not equal for both tran-
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sitions (cf. Figs. 3.13(b) & (c)), since due to the nonlinear output
capacitances of the devices, the inductor current iL is not equally di-
vided among the high-side and low-side switches during the switching
transitions. Fig. 3.14 shows the measured input (Ciss), reverse transfer
(Crss), and output capacitance (Coss,Co−Pack) of the Co-Pack, as well
as the measured output capacitance of the discrete JBS diode module
(CDiode) as a function of the applied bias voltage. Furthermore, the out-
put capacitance of the MOSFET chip (Coss,MOSFET), which has been
obtained by taking the difference Coss,Co−Pack − CDiode, is shown. It
can be seen that the output capacitances of the MOSFET and the JBS
diode are strongly nonlinear in the lower voltage range. Furthermore,
it is evident that for higher voltages, the capacitance of the JBS diode
is twice as high as the output capacitance of the MOSFET chip.

Therefore, in Fig. 3.13(b), for example, the voltage uAB across
the DUT is initially at the DC-link voltage level, hence the output
capacitance of the DUT and the switch S1 is small compared to the one
of S2 and only a small part of the inductor current iL is initially flowing
through the DUT’s output capacitance. On the other hand, when uAB
is small, the major part of iL is charging the DUT’s output capacitance,
as shown in Fig. 3.13(c).

For the actual measurement of the CDL, the same measurement
principle as described for the SSL measurements is used (cf. Section
3.3). The DUT is mounted on a thermally insulated brass block and the
measurement temperature range is again 30 ◦C...40 ◦C unless otherwise
noted. However, in order to identify which component, i.e. the SiC-
MOSFET or the JBS diode, is causing the CDL, two different types
of modules, a Co-Pack module containing a SiC-MOSFET with a JBS
diode and a module with only a JBS diode, are tested (cf. Fig. 3.12(b)
& (c) and Fig. 3.1(a) & (b)).

3.5.2 Measurement Results

In Fig. 3.15, the results of the CDL measurements obtained with the
Co-Pack module (denoted as CDL, 30...40 ◦C (MOSFET + Diode)) are
shown together with the results of the SSL measurements for DC-link
voltages of 4...7 kV and currents between 2.5 A and 15 A. Surprisingly,
at low currents the CDL and the SSL are almost identical and with
higher currents, the losses are drifting apart from each other as indicated
with the gray areas. This residual loss fraction, which is the loss differ-

88



3.5. Output Capacitance Charging and Discharging Losses

C
 [

pF
]

0 100 200 300 400 500 600

Crss

100

101

102

103

104

Vbias [V]

Ciss

Coss, Co-Pack

Coss,MOSFET

CDiode

Fig. 3.14: Measured capacitances of the 10 kV SiC devices as function of the
applied bias voltage Vbias. Note that the output capacitance of the MOSFET
chip (Coss,MOSFET) is obtained by subtracting the measured output capaci-
tance of the Co-Pack (Coss,Co−Pack) and the output capacitance of the JBS
diode (CDiode).

ence between the SSL and the CDL, should actually correspond to the
turn-off losses caused in the MOSFET-channel due to the overlapping
of the voltage and current transients. Unexpectedly, the residual losses
are increasing with decreasing DC-link voltage. Actually, the residual
losses should be independent from the applied DC-link voltage, since
on the one hand the MOSFET-channel losses are only generated in the
initial period of the switching transition where the MOSFET-channel
has not yet completely stopped conducting, and on the other hand the
du/dt only depends on the switched current, which consequently results
in the same overlapping of voltage and current transients. It is reason-
able that the MOSFET-channel losses increase with increasing switched
current, however, in this case typically the total SSL would not anymore
increase linearly but rather disproportionally as shown in Fig. 3.10 for
a turn-off resistor of Roff = 15Ω. Therefore, it is presumed that the
deviation between the measured SSL and the CDL is caused by the
introduced (and indispensable) damping resistor RD, which on the one
hand distorts the current waveform in the DUT - especially at higher
currents or du/dt-values - and on the other hand the voltage across RD
(worst-case is 20Ω · 15 A = 300 V) becomes more dominant at lower
DC-link voltages. This means that, due to the linear slope of the SSL
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with respect to the switched current and the fact that the CDL and the
SSL are equal at low current, the two measurements should effectively
be more or less equal at higher current ratings.

Notwithstanding the above, the key message of the measurement re-
sults is that the SSL are almost exclusively originating from the charg-
ing/discharging of the DUT’s output capacitance and not from the over-
lapping of the voltage and current transients. Consequently, the CDL
constitute a lower limit for the SSL, independently of the gate driver
performance and the packaging inductances of the device, which only
affect the already comparably low turn-off losses.

Additionally, the CDL would also directly affect the performance
of resonant DC-link inverters which achieve ZVS by forcing the drain-
source voltage of the MOSFETs to zero during the current commutation
by means of introducing a resonance to the DC-link capacitor [185–
187]. Thereby, although the commutation of the load current within
one MOSFET half-bridge is performed under zero voltage (and can be
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assumed as lossless), the output capacitances of the MOSFETs still
have to be charged and discharged, leading to certain du/dt-dependent
CDL, which have to be taken into account.

Furthermore, for the analysis of the temperature dependency of
the CDL, the measurements were also conducted at a higher brass
block temperature range of 50...60 ◦C (cf. Fig. 3.15, denoted as CDL,
50...60 ◦C (MOSFET + Diode)). As can be seen, the measurements
obtained at 30...40 ◦C and 50...60 ◦C are almost identical. Hence, the
CDL, and since these losses account for the majority of the SSL, also
the SSL can be assumed to be independent from the chip temperature,
as it is also the case for the HSL measured in [109,113,188].

In order to get a better idea about the resulting losses of the under-
lying application, the CDL, which in this case more or less correspond
to the SSL, are set in relation to the stored energy in the parasitic out-
put capacitance. For the tested 10 kV SiC Co-Pack modules, the SSL
approximately correspond to 5%− 10% of the stored energy within the
measured current and voltage range which underpins the outstanding
switching characteristics of these 10 kV SiC devices and enables the use
of comparably high switching frequencies in soft-switched applications.

It is now clear that the CDL of the 10 kV SiC Co-Pack modules at
hand are responsible for the largest share of the SSL. However, the ques-
tion in which component, i.e. the SiC-MOSFET or the JBS diode, the
CDL are generated, remains. Therefore, besides the Co-Pack module
also a separate discrete JBS diode in an identical package is tested (cf.
Fig. 3.12(c)). The corresponding CDL measurements are also shown
in Fig. 3.15 (denoted as CDL, 30...40 ◦C (Diode only)). For DC-link
voltages of 4...6 kV, the CDL of the diode are more or less equal to
the losses measured with the Co-Pack module. At a DC-link voltage of
7 kV, however, the measured CDL are slightly lower compared to the
losses of the Co-Pack module, which means that the MOSFET starts
to contribute to the CDL. Nevertheless, based on these measurements,
the majority of the CDL, and consequently also of the SSL, have to be
attributed to the JBS diode and surprisingly not to the SiC-MOSFET.
Unfortunately, the CDL and their distribution among the JBS diode
and the MOSFET cannot be estimated by the measurement of their
output capacitances, since, although the capacitance of the JBS diode
is only two times larger than the output capacitance of the MOSFET
(cf. Fig. 3.14 at higher voltages), almost the entire CDL are generated
by the JBS diode. Therefore, it has to be assumed that the CDL loss
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mechanisms are not the same in the JBS diode and the MOSFET.
As a consequence, to strongly reduce the SL in converter systems

employing soft-switching techniques, the JBS diode could be omitted
and instead the body diode of the SiC-MOSFET could be used. Even
though the body diode might have a much higher forward voltage drop,
the additional CL in the short dead time interval are relatively small
compared to the saved SSL. Unfortunately, since a module with a sepa-
rate SiC-MOSFET was not available, this statement could not be con-
firmed experimentally.

3.6 Comparison of SSL and HSL
For the selection of a power electronic converter topology, a fundamental
question is whether the switches should operate under hard-switching
or under soft-switching conditions. As a basis for a decision, switching
loss data for both operating modes is required. However, since the 10 kV
SiC MOSFETs at hand are prototype devices, the datasheet does not
contain any switching loss data yet. Therefore, besides the SSL, which
have been discussed in detail in this chapter, also HSL measurements
have been conducted. As shown in Section 3.2.1, the double-pulse test
is well suited for the measurement of HSL and hence, this method has
been employed for the determination of the HSL. Thereby, a turn-on
gate resistor of Ron = 20Ω and a turn-off gate resistor of Roff = 10Ω
have been used.

Fig. 3.16(a) & (b) show the switching energies Eon and Eoff ,
respectively, for different DC-link voltages and different switched cur-
rents. As can be seen, the turn-on energy Eon is a linear function of
the switched current and shows a voltage dependent offset and slope,
whereas the turn-off energy is almost constant for different currents but
shows a strongly voltage-dependent offset, since Eoff mainly consists of
the stored energy in the output capacitance Coss of the MOSFET mod-
ule.

Compared to the SSL in Fig. 3.10, the HSL are significantly higher.
The SSL within one switching cycle of a bridge-leg are 2EZVS, while
the HSL are Eon + Eoff . E.g. for a switched current of 10 A at a DC-
link voltage of 7 kV, the SSL per switching cycle are 2EZVS = 440 µJ,
whereas the HSL for the same conditions are Eon +Eoff = 14.25 mJ per
switching cycle, i.e. a factor of 32 higher. For example, with a switching
frequency of 10 kHz, the HSL would account for 142.5 W, whereas under
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soft-switching conditions, SSL of only 4.4 W would arise. Consequently,
the switching losses can be almost eliminated by applying soft-switching
techniques, which allows to improve both, the power density and the
efficiency of a converter employing the analyzed 10 kV SiC MOSFETs.

3.7 Summary
In this chapter, a novel accurate calorimetric method for the measure-
ment of SSL of 10 kV SiC MOSFETs has been developed. As shown in
literature, electrical measurement methods such as the double-pulse test
can lead to large measurement errors, and thus are unsuitable for the
characterization of the considered 10 kV SiC MOSFET and other fast-
switching devices. On the other hand, with calorimetric measurement
methods, the total semiconductor losses can be measured accurately.
However, the calorimetric methods presented in literature so far were
not able to separate the SL from the CL without calculations of e.g. the
CL which could result again in certain measurement errors. This dis-
advantage is eliminated by the proposed measurement method, where
an additional switch is introduced which in combination with a novel
modulation scheme enables to measure the CL and the SL separately.
The error analysis for the proposed measurement method shows that
the worst-case error is 15 %, which is a factor of 10 to 20 more accurate
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than the accuracy obtained with the double-pulse method. Based on
the proposed measurement method, the SSL of the 10 kV SiC MOSFET
are examined for different DC-link voltages, switched currents and gate
resistors.

Additional CDL measurements revealed that the charging and dis-
charging process of the output capacitances of the MOSFET and the
antiparallel JBS diode generate the largest part of the SSL. Further-
more, by testing a Co-Pack module (consisting of a 10 kV SiC-MOSFET
in combination with a 10 kV JBS diode) and a separate 10 kV JBS diode
module, it could be identified that the major part of the CDL and hence
a major part of the SSL surprisingly has to be attributed to the JBS
diode and not to the SiC-MOSFET.

Compared to the HSL, the SSL are almost 30 times lower, which
enables a higher converter performance. However, the SSL are still
relevant in comparison to the CL and therefore have to be considered in
the converter design, especially for applications utilizing high switching
frequencies.
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4
10kV SiC-Based ZVS Bidirectional

PFC Single-Phase AC/DC Stage

Due to their extremely high energy demand, data centers are di-
rectly supplied from the MV-AC grid. However, a significant

share of this energy is dissipated in the power supply chain, since the
MV is reduced step-by-step through multiple power conversion stages
down to the chip voltage level. In order to increase the efficiency of
the power supply chain, the number of conversion stages must be sub-
stantially reduced. In this context, SSTs are considered as a possible
solution as they could directly interface the MV-AC grid to a 400 V DC
bus, whereby server racks with a power consumption of several tens of
kilowatts could be directly supplied from an individual SST. With a
focus on the lowest system complexity, the SST ideally should be built
as simple two-stage system consisting of an MV AC/DC PFC recti-
fier stage followed by an isolated DC/DC converter. Accordingly, this
chapter focuses on the design and realization of a 25 kW, 3.8 kV single-
phase AC to 7 kV DC power factor corrected (PFC) rectifier unit based
on 10 kV SiC MOSFETs. A design example shows that the efficiency
and the power density would be significantly limited by the SL if a
conventional hard-switched topology was used. Therefore, by simply
adding an LC-circuit between the switch-nodes of the well-known full-
bridge-based PWM AC/DC rectifier, the integrated Triangular Current
Mode (iTCM) concept is developed, which only internally superim-
poses a large triangular current ripple on the AC mains current and
thus enables zero voltage switching (ZVS) over the entire AC mains pe-
riod. Besides the high achievable efficiency, thanks to ZVS also a high
switching frequency can be selected, resulting in a high power density.
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After the derivation of the iTCM topology and modulation, a theo-
retical analysis shows that the minimization of parasitic capacitances
is highly important for MV converters of this power class, and based
on this, the design of all main components with a focus on low par-
asitic capacitances is presented, whereby special attention is paid to
the realization of the MV inductors and their electrical insulation, the
AC-input LCL-filter to limit EMI emissions, and the challenges arising
due to cable resonances when connecting the SST to the MV-AC grid
via an MV cable. The calorimetric measurement methods used to ac-
curately determine the converter efficiency are discussed in detail and
their accuracy is evaluated with a theoretical error analysis. Despite
the large insulation distances required for MV, the realized 25 kW MV
PFC rectifier achieves an unprecedented power density and efficiency
compared to existing systems.

4.1 Introduction
The growing number of high-power DC loads such as data centers or
EV battery charging facilities but also DC sources such as large-scale
PV power plants require an MV-AC to LV-DC conversion to connect
them to the MV-AC grid. Compared to the state-of-the-art solution
consisting of an LFT and an AC/DC converter, SST technology is con-
sidered as a more efficient and more compact solution to provide the
interface between the MV-AC grid and e.g. a 400 V DC bus [33,40–42].
In case of data centers, each server rack (with a typical power rating of
20 . . . 40 kW [68, 73, 74]) could be supplied by an individual SST from
the MV distribution grid with the further advantage of lower cable cross
sections and/or lower losses compared to an LV distribution inside the
data center.
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Fig. 4.1: Single-cell realization of an MV-AC to 400 V DC SST. In this
chapter the AC/DC converter and the LCL-filter are realized.
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One possible solution to directly interface the MV-AC grid with
power electronics is to share the high voltage among several series-
connected converter modules, which are realized with commercially
available 1200 V . . . 1700 V SiC MOSFETs or IGBTs. Such a system
with five converter cells and a total power of 25 kW has been presented
by Fuji Electric [92] and achieves a full-load efficiency of 96 % from
2.4 kV AC to 54 V DC and a power density of 0.4 kW/L. With this
approach, the individual converter cells have to be isolated from each
other and also from the (typically metallic) enclosure due to the differ-
ent cell potentials. Furthermore, each converter cell contains an isolated
DC/DC stage, whose MF transformer also has to be isolated for the full
voltage (although the cells, which are on lower potential, could be de-
signed for a lower isolation voltage, it makes sense to dimension all cells
for the full voltage in order to improve manufacturability). However,
this means that the required isolation distances occur several times
within the multi-cell system, which is very space-consuming and hence
leads to a rather low power density [92].

To decrease the system volume and the system complexity, the num-
ber of components and the number of the space-consuming isolation bar-
riers has to be reduced, which leads to the concept of a single-cell con-
verter with only one isolation transformer. However, up to the present,
this approach has only been feasible for very high system powers in the
megawatt range, since the only available semiconductors with sufficient
blocking voltage were high-power MV GTOs, IGCTs, or IGBTs, which
show significant switching losses and are thus unsuitable for the com-
parably low power of 25 kW and the high switching frequency aimed for
in this work.

With the development of the new generation of 10 kV SiC MOS-
FETs, the approach to interface the MV-AC grid directly with a single-
cell converter becomes also feasible for systems with a comparably low
power due to the excellent switching behavior of these MV SiC MOS-
FETs (cf. Chapter 3), which allows very high switching frequencies
despite the high blocking voltage. Fig. 4.1 shows the block diagram of
a single-cell MV-AC to LV-DC SST consisting of a single-cell AC/DC
PFC rectifier followed by an isolated single-cell DC/DC converter. The
EMI noise is limited by an AC-side LCL-filter in front of the PFC recti-
fier, which is a typical filter structure used for MV converters [58]. Due
to the greatly reduced complexity compared to the multi-cell approach
and the fact that there is only one isolation barrier, a significantly
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Tab. 4.1: AC/DC converter specifications.

Parameter Symbol Value
Power P 25 kW
AC voltage (rms) ug 3.8 kV
DC voltage UDC 7 kV
Mains frequency fg 50 Hz
AC/DC target efficiency ηt,AC/DC 99 %

higher power density is expected. Furthermore, due to the outstanding
conduction characteristics of the 10 kV SiC MOSFETs, which are much
closer to the theoretical SiC limit than e.g. 1200 V SiC MOSFETs due
to the lower impact of the SiC MOSFET channel resistance compared
to the SiC bulk resistance in MV devices [189], also a higher efficiency
can be expected (i.e. a series connection of e.g. eight 1200 V SiC MOS-
FETs to achieve a blocking voltage of 10 kV would result in a higher
on-state resistance compared to a single 10 kV SiC MOSFET chip, if an
equal chip area is assumed).

Therefore, the bidirectional 25 kW, 3.8 kV AC to 400 V DC SST is
realized as a single-cell system employing 10 kV SiC MOSFETs, whereby
the focus of this chapter is on the bidirectional AC/DC converter stage,
the LCL-filter, and the challenges arising from interfacing the SST to
the MV grid via an MV cable, which could be subject to undesired
oscillations that need to be avoided by a termination network. The
specifications of the AC/DC converter are summarized in Tab. 4.1
and as can be seen, the targeted full-load efficiency is ηt,AC/DC = 99 %
in order to reach the target efficiency of ηSST = 98 % for the complete
SST in case a 50:50 distribution of the losses between the AC/DC and
the DC/DC converters is assumed.

Due to the high voltage blocking capability of the utilized 10 kV SiC
MOSFETs, a simple full-bridge-based PWM AC/DC converter topol-
ogy is selected. However, without further measures, hard-switching and
thus comparably high switching losses would occur [104, 109, 110, 190,
191]. Consequently, the achievable efficiency and power density would
be strongly restricted, since the switching losses are defining an upper
limit for the switching frequency, and hence inhibit a possible down-
sizing of passive components. The most effective strategy to reduce
the switching losses is to apply soft-switching techniques and to profit
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from the much lower soft-switching losses compared to hard-switching
(cf. Chapter 3). Additionally, EMI can be significantly reduced with
soft-switching, since the du/dt values are typically much lower than for
hard-switching.

Soft-switching can be achieved e.g. with the Triangular Current
Mode (TCM) concept [167, 168, 192, 193], where the boost inductance
value is reduced to such extent, that the large HF triangular current
ripple superimposed to the instantaneous LF grid current leads to a re-
versal of the current direction in the semiconductors in each switching
cycle and accordingly enables ZVS for each switching transition, result-
ing in extremely low switching losses compared to hard-switching. On
the other hand, however, with the TCM operation the boost inductor
design becomes more challenging since both, the HF and the LF cur-
rents are flowing through the same inductor. In order to keep the HF
losses in the inductor low, the employment of HF litz wire with thin
strand diameter and HF core materials (e.g. ferrite) is necessary. Un-
fortunately, litz wire features a low copper filling factor and also the
saturation flux density of HF core materials is typically low. However,
in order to keep also the LF losses low, a winding with a high copper
filling factor (i.e. solid copper wire) and a core material with a high
saturation flux density (e.g. amorphous iron, iron powder or nanocrys-
talline core material) would be needed. Hence, with TCM operation, a
reasonable trade-off between HF and LF losses has to be found in the
design of the boost inductor.

In order to overcome this disadvantage, the concept of the inte-
grated Triangular Current Mode (iTCM) operation is developed and
applied to the considered 25 kW, 3.8 kV single-phase AC to 7 kV DC
converter [194,195]. By adding an LC-circuit between the switch-nodes
of the full-bridge PWM AC/DC converter, the TCM current can be split
into HF and LF current components, which are then flowing through
two separate inductors. Advantageously, the large TCM ripple cur-
rent then does not flow towards the grid (as usual for TCM topologies)
but is kept internally in the circuit. Accordingly, this concept is called
integrated Triangular Current Mode (iTCM) operation. Since the su-
perposition of HF and LF current, i.e. the TCM current, is only needed
in the semiconductor devices to guarantee soft-switching, this current
separation enables a dedicated design of the two inductors, i.e. either
an optimization for an LF or an HF current, and thus results in an
expected efficiency improvement compared to the usual TCM opera-
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tion. A further advantage of the iTCM concept is that the well-known
PWM modulation scheme still can be applied and no additional con-
trol or measurement circuitry, e.g. current zero crossing detection, as
needed in TCM operation, is required.

This chapter is organized as follows: Section 4.2 shows that the
conventional hard-switched full-bridge AC/DC topology would be sub-
ject to high SL and thus would be significantly limited in performance.
Therefore, the iTCM converter topology and its modulation are devel-
oped and explained in detail. In Section 4.3, the design procedure of
the individual components of the converter is presented. Special atten-
tion is paid to the low-capacitive design of the MV inductors and their
insulation, as well as the connection of the SST to the MV-AC grid
without exciting oscillations in the supplying MV cable. Section 4.4
shows the experimental setup and explains the applied calorimetric loss
measurement methods in detail. In Section 4.5, the laboratory setup
is briefly discussed and Section 4.6 presents the experimental results,
including characteristic waveforms and the calorimetrically measured
converter efficiency and loss distribution. Finally, the chapter is sum-
marized in Section 4.7.

4.2 Integrated Triangular Current Mode
(iTCM) Concept

4.2.1 State-of-the-Art PWM AC/DC Converter
Operation

A very common topology to interface a single-phase AC grid to a DC
bus with bidirectional power flow capability is the full-bridge-based PFC
AC/DC converter topology shown in Fig. 4.2 (a). There, the switches
are typically operated with a constant switching frequency and a vari-
able duty cycle (i.e. with PWM) to generate the sinusoidal AC voltage.
In the following, it is assumed that only bridge-leg A is pulse-width
modulated, whereas bridge-leg B is operated as 50 Hz unfolder in order
to not generate a HF CM voltage at switch-node B, which is directly
connected to the AC grid, e.g. to an MV cable or an LFT. Without loss
of generality, the following would also hold for alternative modulation
schemes.

For the operation of this state-of-the-art converter, the boost induc-
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Fig. 4.2: (a) Circuit diagram of a bidirectional single-phase full-bridge
AC/DC converter. (b) Waveforms of the grid voltage ug and the boost
inductor current iLg over one grid period. (c) Detailed view of the current
iLg , the gate control signals, and the corresponding hard- and soft-switching
time instants.

tor Lg is typically selected relatively large in order to keep the current
ripple ∆iLg,pp small, e.g. within 10 %...40 % of the peak LF current.
In Fig. 4.2 (b), the grid voltage ug and the corresponding inductor
current iLg are shown over an entire mains period in case the converter
is operated as inverter with a 40 % peak-to-peak current ripple. To
analyze the converter operation in more detail, Fig. 4.2 (c) shows a
magnified view of the boost inductor current iLg and the corresponding
gate control signals. As can be noticed, due to the large inductance
value, the inductor current remains positive during the entire switching
cycle for the shown time section. Consequently, as indicated in Fig.
4.2 (c), soft-switching is only achieved in the transitions at the time
instants t = k · Tp (whereby k = [0, 1, 2, 3 . . .]), whereas hard-switching
occurs at the time instants t = T1 + k · Tp.

As can be seen in the results of the conducted switching loss mea-
surements in Chapter 3, the hard-switching loss energy of one bridge-
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leg consisting of the employed 10 kV SiC MOSFETs during a complete
switching cycle is Esw = Eon + Eoff = 11 mJ, if an average turn-on
current of 5 A (average of the lower envelope of the boost inductor
current in Fig. 4.2(b)) is considered. With this value and the rms cur-
rent through the MOSFETs, the semiconductor losses are calculated.
Furthermore, the losses and the volume of a suitable boost inductor
have been calculated and the performance of such a PWM converter is
estimated based on these values. Tab. 4.2 shows the resulting charac-
teristics of the PWM converter in case a switching frequency of 10 kHz
is assumed.

As can be seen, the switching losses are twice as high as the conduc-
tion losses of the MOSFETs and the required boost inductance value as
well as the volume of the boost inductor (consisting of an amorphous
core and a litz wire winding with 200 µm strand diameter) are compa-
rably large. Furthermore, the targeted efficiency of ηt,AC/DC = 99 %
cannot be reached, while the estimated power density is rather low at
the same time, since also the additional filter components to achieve a

Tab. 4.2: PWM Converter Characteristics.

Parameter Symbol Value
Switching frequency fsw 10 kHz
Switching energy (per cycle) Esw 11 mJ
Current ripple ∆iLg,pp 40 %
Boost inductance Lg 47 mH
Inductor volume VLg 3.25 L
DC-link volume VCDC 1.9 L
Filter volume Vfilt 1.6 L
Bridge volume Vbridge 2.9 L
Inductor losses PLg 127 W
MOSFET RDS,on, Tj = 125 ◦C RDS,on 600 mΩ
MOSFET rms current IFET,rms 4.7 A
Switching losses Psw 110 W
MOSFET conduction losses Pc 53 W
Aux. losses Paux 20 W
Filter damping losses Pd 10 W
Estimated efficiency ηPWM ≈ 98.7 %
Estimated power density ρPWM ≈ 2.1 kW/L
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smooth grid current would be relatively large. If the volume of passive
components such as the boost inductor should be decreased by increas-
ing the switching frequency, the switching losses increase even more, or
vice versa, if the switching losses should be decreased, the inductor vol-
ume increases. Hence, the performance (efficiency and power density)
of the conventional PWM AC/DC converter is mainly and significantly
limited by the HSL of the 10 kV SiC MOSFETs.

Therefore, a method for the reduction of the switching losses has to
be developed to increase the system performance. Considering again
the results of the switching loss measurements in Chapter 3, the mea-
sured soft-switching loss energies per switching cycle are approximately
a factor of 30 lower than the corresponding hard-switching losses, i.e.
2 · EZVS ≈ 1/30 · (Eon + Eoff). Consequently, if soft-switching can be
achieved throughout the entire grid period, the switching losses can be
almost eliminated (110 W/30 = 3.66 W).

In order to turn the hard-switching transitions at t = T1 and t =
Tp + T1 (cf. Fig. 4.2(c)) into soft-switching transitions, the induc-
tor current needs to reverse its direction during each switching cycle
and hence, a higher current ripple is required, as given for the TCM
modulation scheme [167, 168, 192, 193]. In the following, an alterna-
tive method to achieve soft-switching is developed and the topology is
derived step-by-step on the basis of the conventional PWM AC/DC
converter topology shown in Fig. 4.2(a).

4.2.2 Derivation of the iTCM Topology

As already mentioned, a higher current ripple is required to change the
sign of the inductor current in each switching cycle and to enable soft-
switching of the MOSFETs. This can e.g. be attained by connecting
an inductor Lb with a comparably low inductance value in parallel to
Lg, as shown in Fig. 4.3 (a). The grid current ig is now shared among
the two inductors according to the current divider rule and due to the
high current ripple in Lb, the grid current ig is now negative at the
time instants t = T1 and t = Tp + T1. In order to achieve complete
soft-switching, the grid current needs to reach the minimum required
turn-off current −IZVS, which can be calculated based on the effective
output chargeQOSS of the MOSFETs required to charge/discharge their
output capacitances COSS (and further parasitic capacitances), and the
maximum allowed duration of this resonant switching transition (i.e.

103



Chapter 4. 10 kV SiC-Based ZVS PFC Single-Phase AC/DC Stage

-IZVS

ig,LF

0

S11
S12
S21
S22

T10 Tp+T1 2TpTp

ib
ib= 0

= iLgig
iA
 iLg ΔiLg,pp

T10 Tp+T1 2TpTp

ib
ib= 0

= iLgig  iLg ΔiLg,pp

ig

T10 Tp+T1 2TpTp

ib

ib
ig

 iLg ΔiLg,pp

ig

iLg

u g

Lgig iLg

Lbib
Cf

S12

S11

A

S21

S22

B

U
D
C

CDC

u g

S12

S11
Lgig iLg

LbibCb
Cf

A

S21

S22

B

U
D
C

CDC

u g

Lgig iLg

Lb
ib

CbCf

S12

S11

iA A

S21

S22

B

U
D
C

CDC

Time

-IZVS

ig,LF

0

S11
S12
S21
S22

-IZVS

ig,LF

0

S11
S12
S21
S22

C
ur
re
nt

C
ur
re
nt

C
ur
re
nt

(a)

(b)

(c)

u
AB

u
AB

u
AB

Fig. 4.3: (a) Bidirectional full-bridge AC/DC converter with an addi-
tional inductor Lb in order to increase the current ripple and to obtain soft-
switching. The corresponding waveforms show the grid current ig as well as
the triangular HF current ib and the boost inductor current iLg. The average
values of the currents are indicated with dotted lines. (b) Splitting of the HF
and LF currents by adding an LF blocking capacitor Cb in series to Lb. (c)
HF bypassing of the AC grid by returning the current ib via Cb back into the
full-bridge. The grid current ig is now again equal to ig in the original circuit
shown in Fig. 4.2 (a). However, soft-switching operation of the MOSFETs
is achieved.

104



4.2. Integrated Triangular Current Mode (iTCM) Concept

the dead time duration Tdt). Hence, in order not to limit the duty
cycle range and/or to be able to control the input/output voltage in a
wide range, Tdt has to be small, e.g. c = 1 % of the switching period
Tp [168]. The minimum required current IZVS can roughly be calculated
as

IZVS = QOSS/Tdt = QOSS/ (c · Tp) (4.1)

and is set to IZVS = 4.5 A for the converter at hand.
The attained current waveforms in Fig. 4.3 (a) are now equal to

the current waveforms of a full-bridge converter operated with the usual
TCM modulation scheme. The only difference is that the total TCM
current is split into two separate currents. Since the same voltage ug−
uAB is applied to Lg and Lb, both inductors exhibit current wavevorms
of the same shape with LF and HF amplitudes only depending on the
ratio of Lg and Lb. Due to the much smaller inductance of Lb compared
to Lg, the HF but also the LF current is mainly flowing through Lb (cf.
Fig. 4.3 (a)).

In order to prevent any DC or LF current from flowing through Lb,
a capacitor Cb can be added in series to Lb, as shown in Fig. 4.3 (b).
Consequently, Lb now carries only the HF current and Lg conducts
the total LF current with a small superimposed HF ripple (cf. Fig.
4.3 (b)). As can be noted, even if Cb is added, the total grid current
remains unchanged (assuming that the mains frequency component of
uAB is adjusted such, that the mains frequency voltage drop across Lg
is increased accordingly).

Instead of connecting the Lb/Cb-branch directly in parallel to Lg,
it is also possible to connect it in parallel to the Lg/Cf -branch with the
purpose of bypassing the AC grid, i.e. guiding the HF current directly
back into the full-bridge [195], as shown in Fig. 4.3 (c). Thereby, Cf
embodies the typically needed filter capacitor. The two currents iLg
and ib are not affected by this modification, since Cb still prevents a
mains frequency current flow and/or represents a low impedance only
for switching frequency components of uAB, resulting in the same cur-
rents iLg and ib as obtained in Fig. 4.3 (b). Hence, soft-switching is
still achieved since the current iA (as the sum of the two inductor cur-
rents) flowing out of bridge-leg A still changes its sign in each switching
cycle. Even though the capacitor Cb now has to be designed to block
the full grid voltage ug, the advantage of this modification is that the
HF current ib is no more flowing into the grid (where an increased filter
effort would be necessary), but is kept internally in the circuit. There-
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fore, this concept is referred to as integrated Triangular Current Mode
(iTCM).

Compared to the initial full-bridge-based PWM AC/DC converter
(cf. Fig. 4.2 (a)), the grid current ig is not affected by the iTCM con-
cept and thus, the EMI filter effort towards the AC grid remains the
same. However, due to soft-switching in case of iTCM operation, the
switching losses are drastically reduced compared to the hard-switched
PWM converter. Hence, with the iTCM concept, a higher switching
frequency can be applied, which means that for the same current rip-
ple in Lg, a smaller inductance value Lg can be selected. Therefore,
even though an LC-branch has to be added for iTCM operation, the
power density can be increased compared to PWM operation if the ad-
ditional volume of the LC-branch is smaller than the saved volume of
the typically bulky boost inductor Lg. Consequently, compared to the
conventional PWM converter, a higher efficiency and a higher power
density are feasible at the same time by employing the iTCM concept.

For the operation of the AC/DC converter in an MV-AC grid, the
emission of current harmonics should be limited in order to not gen-
erate grid resonances. Therefore, an LCL-filter is added and the final
iTCM topology is shown in Fig. 4.4(a), whereby the LC-branch has
been drawn between the two bridge-legs for better visibility. It should
be noted that the additional filter stage does not affect the operating
principle and therefore the waveforms shown in Fig. 4.3(c) are still
valid.

4.2.3 iTCM Modulation
The derivation of the iTCM topology has shown that soft-switching can
be achieved on a switching-period timebase. However, for an efficient
operation of the converter, it is required that soft-switching is achieved
over the entire AC grid period.

Constant Switching Frequency Modulation

For the further investigations, it is still assumed that the bridge-leg B
of the iTCM converter (cf. Fig. 4.4(a)) is operated as unfolder with
mains frequency, i.e. 50 Hz and is therefore referenced as LF bridge-
leg, whereas the bridge-leg A is pulse-width modulated with a constant
switching frequency fsw and is referenced as HF bridge-leg. The corre-
sponding duty cycles dHF and dLF of the HF and the LF bridge-leg are
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bridge-legs. (c) Envelopes of the currents ib and iLg over a mains period in
case of a constant switching frequency.

shown in Fig. 4.4(b).
The critical point in the AC grid period where the highest current in

Lb is needed to achieve soft-switching, is located at the peak of the AC
grid current. Fig. 4.4(c) shows the resulting envelopes of the currents
iLg and ib in the inductors Lg and Lb, respectively, over an entire grid
period in case of a constant switching frequency. The inductance value
of Lb can be calculated as a function of the peak-to-peak current ripple
r (in % of the peak LF mains current) in the boost inductor Lg in such
a way, that a turn-off current of IZVS is achieved at the peak of the grid
current:

Lb =
û2

g

2P (2− r) + 2IZVSûg

(
1− ûg

UDC

)
1
fsw

, (4.2)
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where ûg denotes the peak AC grid voltage (ûg =
√

2 · ug), UDC the
DC-link voltage, and P the system power. Furthermore, the inductance
value of the boost inductor Lg, dimensioned for a maximum current
ripple r, can be found as

Lg =
û2

g

2rfswP

(
1− ûg

UDC

)
. (4.3)

In Fig. 4.4(c), for symmetrical currents, the switched current can
be seen as difference of the upper envelope of ib (ib,env+) and the lower
envelope of iLg (iLg,env−), i.e. isw = ib,env+ − iLg,env−, and as can
be seen, soft-switching is achieved over the entire grid period. How-
ever, instead of keeping the rather low switching frequency of 10 kHz
and (as already mentioned) reducing the switching losses by a factor
of 30 by operating under soft-switching conditions compared to hard-
switching, a compromise between power density and efficiency is made
and the switching frequency is increased to 35 kHz. Thereby, the ex-
pected switching losses are still very low and at the same time, the
volume of the passive components can be decreased significantly.

As can be seen in Fig. 4.4(c), with a constant switching frequency,
the switched current is not constant over the grid period but strongly
varies. Especially in the proximity of points in time where the duty
cycle dHF is equal to 0.5 and the current ripple reaches its maximum, the
switched current is much higher than the required value IZVS (indicated
by the green arrows). This results in higher rms currents in the inductor
Lb and the switches, thus causing higher conduction losses.

Variable Switching Frequency Modulation

In order to avoid these extra losses where |ib,env+ − iLg,env−| > IZVS,
the switching frequency can be shaped in such a way that the HF cur-
rent ripple of ib is locally reduced and in every switching transient the
desired turn-off current IZVS is achieved, i.e.

|ib,env+ − iLg,env−|
!= IZVS. (4.4)

The upper envelope of ib and the lower envelope of iLg can be expressed
as

ib,env+ = A (t) · ûg

2fswLb
, and (4.5)
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iLg,env− = 2P
ûg
|sin (ωg · t)| −A (t) · ûg

2fswLg
, (4.6)

with
A (t) = |sin (ωgt)| ·

[
1− ûg

UDC
· |sin (ωgt)|

]
, (4.7)

where ωg denotes the AC grid angular frequency, P the system power,
and fsw the switching frequency. By inserting (4.5) and (4.6) into (4.4)
and solving for fsw, the time-dependent switching frequency, which en-
sures a constant turn-off current IZVS, can be found as

fsw =
A (t) û2

g

4P |sin (ωgt)|+ 2ûgIZVS
·
(

1
Lg

+ 1
Lb

)
. (4.8)

The resulting switching frequency pattern fsw and the envelopes of
the currents iLg and ib are shown in Fig. 4.5. Since the inductance
values of Lg and Lb have been designed for the operating point at
the peak of the grid current, the switching frequency reaches its mini-
mum fmin = 35 kHz exactly at this point and is also artificially limited
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to fmin at the zero crossings. As can be seen, the switched current
|ib,env+ − iLg,env−| is now constant and equal to IZVS over the entire
grid period, as indicated with the green arrows in Fig. 4.5(b).

However, this function holds only for a grid current which is in
phase with the grid voltage (i.e. a purely sinusoidal current in this
case). Due to the capacitors Cb and Cf (cf. Fig. 4.4(a)), as well as
Ct, which will be introduced in Section 4.3.7, the converter has to
deliver a small amount of reactive power, i.e. small LF cosine currents
are superimposed on the inductor currents ib and iLg considered so far.
In order to still maintain a constant ZVS current, this deviation from
the ideal waveforms has to be compensated by the switching frequency,

fsw =
(

1
Lg

+ 1
Lb

)
·

A (t) û2
g

4P |sin (ωgt)|+ 2
(
ûgIZVS + û2

gωgCequ · cos (ωgt)
) , (4.9)

whereby Cequ = Cb + Cf is the equivalent capacitance causing the LF
cosine current.

Fig. 4.6 shows the simulated current waveforms for a peak-to-peak
ripple of r = 40 % in Lg together with the adapted switching frequency
pattern, whereby the capacitors Cb and Cf are taken into account. As
can be seen, the capacitive LF current if,50 Hz causes a slight phase-
shift between the grid current ig and the boost inductor current iLg.
Nevertheless, with the adapted switching frequency pattern, the turn-
off current IZVS can be kept constant as can be seen in the envelope of
the current iA = ib + iLg flowing out of the HF bridge-leg. The average
switching frequency is now 52.6 kHz, i.e. a factor of 5 higher than the
original switching frequency of the conventional PWM converter (cf.
Tab. 4.2).

It should be noted that the maximum switching frequency increases
with increasing reactive power, i.e. for excessive reactive power levels,
ZVS might be lost if e.g. due to efficiency reasons an upper limit for
the maximum switching frequency is defined. The converter at hand
is designed to handle reactive powers of approximately ±30 % of the
nominal power.
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frequency pattern becomes asymmetric within each mains half-period.

4.3 System Design
In the following, a theoretical analysis of the impact of parasitic in-
ductances and capacitances on the proper operation of power electronic
converters is given in dependency of their characteristic impedance.
Based on these findings, the individual components are designed and
optimized for high efficiency and power density.

4.3.1 General HV-SiC-Based Converter Design
Considerations

In the following analysis, the iTCM converter with its DC-link voltage
of 7 kV and its power rating of 25 kW is compared to a 400 V system with
the same power rating, in order to point out an important fundamen-
tal difference between the design of MV converters and LV converters
regarding parasitic inductances and capacitances.
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For each power electronic converter, a characteristic impedance, i.e.
the ratio between the switched voltage (the DC-link voltage) and the
switched current can be defined [196]:

Zsw = UDC/IL. (4.10)

This characteristic impedance is a useful quantity to analyze the impact
of parasitics on the switching behavior of a bridge-leg. For the analysis
of the impact of parasitic inductances, the schematic and the idealized
waveforms given in Fig. 4.7 are considered. If the low-side MOSFET
turns off the current IL in a fixed switching time ts, a certain volt-
age uσ occurs across the parasitic commutation loop inductance Lσ,
which represents the sum of the MOSFET package inductances, the
PCB inductances, and the parasitic inductance of the DC-link capaci-
tor. This voltage increases the low-side switch voltage uS and/or causes
a switching voltage overshoot, as shown in Fig. 4.7. If the impedance
of the parasitic commutation loop inductance Lσ is in the same order of
magnitude as the characteristic impedance Zsw, the magnitude of the
voltage overshoot across the switch is in the same range as the switched
voltage UDC. Consequently, to limit the voltage overshoot to a certain
value, e.g. ku = 10 % of the DC-link voltage, an upper limit for the
value of Lσ can be defined. The induced voltage overshoot and the
limiting condition can be expressed as

uσ = Lσ
IL
ts
≤ ku · UDC. (4.11)

Reformulating this equation by using (4.10) results in the maximum al-
lowed commutation loop inductance Lσ that leads to the maximum ad-
missible voltage overshoot in dependency of the characteristic impedance
Zsw and the switching time ts:

Lσ ≤ ku · ts · Zsw. (4.12)

To show the difference between an MV converter and an LV con-
verter from a parasitics point of view, the impedance Zsw of the iTCM
converter at hand and the impedance of a similar converter with 400 V
DC-link voltage are calculated. While the 7 kV system shows an imped-
ance of

Zsw,7kV = 7 kV/22.5 A = 311Ω (4.13)
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(in case of an AC/DC converter the maximum switched current is con-
sidered and can be read from Fig. 4.6), the 400 V system would show
an impedance of only

Zsw,400V =
(

400 V
7 kV

)2
· Zsw,7kV ≈ 1Ω. (4.14)

Furthermore, it has to be considered that for the 7 kV converter, the
typical switching time of a 10 kV SiC MOSFET bridge-leg is between
ts = 100 ns and ts = 500 ns [124], while typical switching times for a
400 V converter are in the range of ts = 10 ns and ts = 50 ns.

The graph in Fig. 4.7 shows the impact of Zsw on Lσ for the afore-
mentioned switching times and ku = 0.1. The impedances Zsw,400V
and Zsw,7kV are indicated with a blue and a red line, respectively. As
can be seen, the commutation loop inductance for a 400 V system has
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to be kept very low in the range of 1 . . . 5 nH, i.e. the parasitic in-
ductances of the MOSFET packages, the DC-link capacitor, and the
circuit layout have to be strictly minimized. In contrast, the allowed
commutation loop inductance for the 7 kV converter at hand is in the
range of 3 . . . 15 µH. This means that the PCB and busbar inductances
as well as the parasitic MOSFET package inductances (apart from the
gate loop inductance, which is not affected by these considerations and
should always be minimized) are relatively uncritical for this particular
converter due to its high characteristic impedance or in other words
due to its relatively low power considering the high input and output
voltages.

A similar analysis can be conducted in order to demonstrate the
impact of parasitic capacitances that are lumped into an equivalent
capacitance Cp connected between the switch-node of the bridge-leg
and ground, as shown in Fig. 4.8. Such capacitances are, besides the
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nonlinear output capacitances COSS of the MOSFETs, e.g. parasitic
capacitances from the MOSFET chips to the heat sink, parasitic capac-
itances of inductive components connected to the switch-node, and also
the coupling capacitance of the high-side gate driver supply and signal
transmission. If an ideal switching transition is assumed again, i.e. the
DC-link voltage UDC is switched within the time ts, as shown in the
waveforms in Fig. 4.8, the voltage slope across the parasitic capaci-
tance Cp causes a certain current ip and in case the impedance of Cp is
in the same order of magnitude as the impedance Zsw, the magnitude
of ip is in the same range as the switched current IL. However, for a
proper operation of the converter and to reduce EMI, this capacitive
current should be limited to e.g. ki = 20 % of the switched current,
which leads to

ip = Cp
UDC

ts
≤ ki · IL. (4.15)

By inserting (4.10) in this equation, the highest allowed parasitic capac-
itance Cp, which leads to the defined maximum admissible capacitive
current, is given in dependency on the characteristic impedance Zsw
and the switching time ts as

Cp ≤
ki · ts
Zsw

. (4.16)

The limits for the parasitic capacitance Cp are shown in Fig. 4.8,
again for the typical switching speeds of an equivalent 400 V system
(ts = 10 ns . . . ts = 50 ns) and the 7 kV system (ts = 100 ns . . . ts =
500 ns). As can be seen (blue line), a rather high capacitance in the
range of 2 . . . 10 nF can be allowed for the 400 V system, and therefore
parasitic capacitances are mostly uncritical for LV applications (apart
from an increased CM filter effort).

However, considering the 7 kV converter (red line), the maximum al-
lowed capacitance is only in the range between 65 pF . . . 320 pF, which
is a factor of 30 less than in case of a 400 V converter. Consequently,
it is very important to design the MV converter with the goal to mini-
mize parasitic capacitances, whereas parasitic inductances play a minor
role as shown above. E.g. for the PCB design, this means that copla-
nar tracks or coplanar polygons must be avoided (also due to the fact
that the PCB material would hardly be able to reliably insulate the
high voltages). Instead, PCB tracks on jumping potential should be
separated from other potentials as far as possible in order to minimize
parasitic capacitances.
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4.3.2 Inductor Design
As already mentioned, the triangular current iA flowing through the
full-bridge is the sum of the currents in the inductors Lb and Lg (as
shown in Fig. 4.4(a)), which in total has to reach a certain value
IZVS at the turn-off switching instant to guarantee soft-switching of
the MOSFETs. However, the sharing of the required current ripple
among the two currents ib and iLg to achieve IZVS is a free parameter,
which can be optimized e.g. regarding power density and losses of the
two inductors. A priori, it is not clear whether a high or a rather low
current ripple in Lg leads to the smallest overall volume and losses.
Therefore, optimizations of the inductors Lb and Lg regarding power
density and losses have been carried out with an arbitrary sweep over
the following parameters:

I peak-to-peak ripple r in Lg;

I core dimensions;

I ferrite, amorphous, and nanocrystalline core material;

I number of turns;

I litz wire / solid wire diameter;

I strand diameter,

whereby the insulation distances between the winding and the core are
fixed (cf. Section 4.3.2).

The results of the optimization indicate that the best Lb designs
consist of a ferrite core with HF litz wire windings, as expected for a
pure HF AC flux. On the other hand, however, the best Lg designs
utilize nanocrystalline core material and also HF litz wire windings
but with a rather thick strand diameter. Due to the HF ripple and
the high switching frequency, solid copper wire is subject to relatively
high HF losses (mainly due to the fringing field of the air gap) and
therefore inferior to HF litz wire. Fig. 4.9(a) shows the Pareto fronts
of the optimization results for inductor Lb, whereby the labels depict
the peak-to-peak current ripple r in Lg which is set between 20 % and
80 % of the peak grid current. As can be seen, the current ripple r
has almost no influence on the inductor losses and volume, which is
why the Pareto fronts for different ripples are very close to each other.
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This can be explained by the fact that the peak current in Lb, which is
given as îb = P

Ug
·
√

2−∆iLg,pp/2 + IZVS, decreases only from 12.9 A to
10.1 A when the ripple in the other inductor Lg is increased from 20 %
to 80 %. This means that it is possible to find a good design of Lb for
any current ripple ∆iLg,pp in Lg between 20 % to 80 %, whereby designs
with higher ripples in Lg are slightly beneficial.

As shown in the optimization results for inductor Lg in Fig. 4.9(b),
a clear trend towards more efficient and more compact designs can be
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Tab. 4.3: Realized inductors Lb and Lg.

Ind. Type Core mat. Core Turns HF litz
Lb E-core Ferrite N87 3xE65 3x17 270x0.071 mm
Lg C-core Finemet 4xF3CC-25 4x29 150x0.1 mm

seen for an increasing current ripple in Lg (also observed in [197]). From
this perspective, a large current ripple in Lg would be beneficial in terms
of power density and efficiency of both inductors Lb and Lg. However, a
large current ripple in Lg would also result in a higher filtering effort and
therefore in an increased size of the remaining input filter components
Cf and Lf of the LCL-filter. E.g. a current ripple of r > 200 % would
actually mean usual TCM operation (i.e. the LC-branch would not be
needed anymore), but the full triangular current ripple would then flow
towards the MV grid and would have to be attenuated by Cf/Lf or even
an additional filter stage to obtain a smooth grid current. The opposite
extreme, i.e. a very small current ripple of r ≤ 5 % would lead to a very
high inductance value Lg and therefore to a large volume of Lg. As a
trade-off, a current ripple in Lg of r = 40 % peak-to-peak is selected,
since the 40 % Pareto front shows a much better performance than the
designs with 20 % and 30 % current ripple, and at the same time it is
only slightly worse than the 50 % to 80 % Pareto fronts (only +15 % in
volume and losses compared to the Pareto-optimal designs). With the
selected ripple in Lg of r = 40 %, the inductance values of Lb and Lg
can be calculated with (4.2) and (4.3). For the system at hand, the
values are Lb = 1.49 mH and Lg = 9.55 mH.

For the realization of the inductors Lb and Lg, discrete designs with
available core shapes and HF litz wires have to be determined. There-
fore, instead of a continuous optimization sweep, an optimization with
available core shapes and available HF litz wires has been carried out
for a ripple of r = 40 %. The results for discrete Lb and Lg designs
are shown in Fig. 4.9(a) and (b), respectively. It can be seen that
the discrete designs come very close to the designs with freely swept
parameters. Both of the selected designs are located in the bend of
the Pareto fronts, i.e. they represent the best compromise between low
volume and low losses. Tab. 4.3 lists the parameters of the realized
inductors.
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Inductor Voltage Stresses

For the design of the electrical insulation of the two inductors Lb and
Lg, the voltage stresses between their terminals, as well as the volt-
age stresses between each of their terminals and ground have to be
determined in a first step. However, since the voltage stresses of Lb
and Lg are equal, the analysis is only carried out for Lb. Therefore,
Figs. 4.10(a) and (b) show the possible arrangements of Lb and Cb
between the HF switch-node A and the LF switch-node B of the full-
bridge from the iTCM topology shown in Fig. 4.4(a). Although Lb
and Cb are connected in series in both cases (forming the midpoint
T), there is a significant difference in the terminal voltage stress uT
of Lb depending on whether Lb is connected to switch-node A or B.
In practice, the voltage uT will be applied between one terminal of Lb
and its ferrite core, which is typically tied to ground potential. There-
fore, the electrical insulation between the core and the winding has to
be designed accordingly and it is important to select the configuration
which leads to the lowest terminal voltage stress in order to minimize
the occurring electrical fields and the insulation effort. Since Lb and Cb
form an LC-filter, the voltage uCb across Cb is (apart from the small
HF ripple) equal to the averaged PWM voltage, i.e. the grid voltage
ug (neglecting the small grid frequency voltage drop across Lg required
for impressing the grid current). Consequently, the terminal voltage uT
for the configuration shown in Fig. 4.10(a) can easily be identified as
uT = uCb +urec and is shown in Fig. 4.10(c). Since the LF bridge-leg
is switched at the zero crossing of uCb, uT is always positive and does
not exceed the DC-link voltage of UDC = 7 kV. However, the terminal
voltage uT in the configuration shown in Fig. 4.10(b) is now the differ-
ence of the HF switch-node voltage uSN and the line-frequency capacitor
voltage uCb, i.e. uT = uSN − uCb. As can be seen in Fig. 4.10(d),
uT reaches a peak value of UDC + ûg = 7 kV + 5.4 kV = 12.4 kV which
is almost twice the maximum value achieved in the configuration from
Fig. 4.10(a). Hence, the inductor Lb must be connected to the switch-
node of the HF bridge-leg in order to minimize its terminal voltage
stess. Furthermore, it is directly evident from the schematic that the
differential-mode (DM) voltage uLb does not exceed UDC. For this rea-
son, both the terminal and the DM voltage stresses of Lb and Lg are
below or equal to UDC = 7 kV. In order to guarantee its functionality
also in case of any undesired overvoltages, the terminal insulation and
the DM insulations are designed for 15 kV.
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Winding Arrangement for Low Parasitic Capacitances

As shown in Section 4.3.1, it is very important for the converter at
hand to achieve low parasitic capacitances of the magnetic components
connected to the switch-nodes in order to reduce the parasitic currents
and EMI during the switching transitions. Furthermore, in order to
achieve soft-switching of the MOSFETs over the entire grid period,
the output capacitances of the MOSFETs have to be charged and dis-
charged in each switching transition. According to (4.1), the required
ZVS current is proportional to the charge in the nonlinear parasitic
output capacitances of the commutating bridge-leg. However, any ad-
ditional capacitances, such as the layer-to-layer or winding-to-core ca-
pacitances of the inductors Lb and Lg connected to the switch-node also
have to be charged and discharged in each switching transition, slowing
down the rise and fall times. Therefore, besides the proper electrical
insulation, it is also important to minimize the parasitic capacitances
of the inductors. From the inductor optimization, the number of layers
and the number of turns for Lb and Lg is already given. However, the ar-
rangement of the windings within the winding window can be optimized
for low parasitic capacitances. Fig. 4.11 shows the electric field distri-
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bution (obtained from a FEM simulation) of four different winding ar-
rangements of Lb in combination with the list of the corresponding par-
asitic capacitances CCM (winding-to-core capacitance), CDM (terminal-
to-terminal capacitance), and the total capacitance Ctot = CCM +CDM.
As can be seen, the CM capacitance CCM stays constant, independently
of the winding arrangement. However, with a multi-chamber arrange-
ment (cf. Fig. 4.11(b)-(d)), the DM capacitance CDM can be re-
duced by more than a factor of three compared to the single-chamber
winding. However, comparing the total capacitance Ctot of the multi-
chamber arrangements, the arrangements in Fig. 4.11(c) & (d) do
not show significantly reduced capacitances compared to the arrange-
ment shown in Fig. 4.11(b), while being much more complicated in
construction. Hence, the arrangement in Fig. 4.11(b) is selected for
the final realization of Lb. Inductor Lg is realized with a four-layer,
two-chamber winding for the same reasons. Furthermore, the isolation
distances between the layers, the chambers, and to the core are given
in Fig. 4.11(b). The maximum electric field strength is 4 kV/mm (for
7 kV DM voltage), which is well below the 24 kV/mm breakdown field
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strength of the utilized silicone in order to be able to handle overvolt-
ages during fault conditions and to guarantee a high reliability of the
MV converter.

Selection and Application of the Insulation Material

Although the selection and application of the insulation material is
discussed in more detail in Chapter 5 for the insulation of the MF MV
transformer, the main reasons why an advanced insulation material is
required for the insulation of Lb and Lg are briefly discussed in the
following for a better readability.

Usually, epoxy resins are used for the dry-type insulation of induc-
tors and transformers in power electronic converters. In state-of-the-art
MV converters, the typical switching frequencies are in the lower kHz
range due to the significant switching losses of MV IGBTs, GTOs or
even hard-switched MV SiC devices [190]. However, with the new gener-
ation of 10 kV and 15 kV SiC MOSFETs combined with soft-switching
techniques, switching frequencies in the range of 75 kHz are possible.
Therefore, the dielectric losses Pins ∝ E2 · fsw · tan δ of the insulation
material start playing a role [154]. Additionally, the winding losses have
to be extracted through the rather thick insulation material layer, which
completely surrounds the winding. Consequently, an insulation mate-
rial with a high thermal conductivity, a low dissipation factor tan δ, and
a high electric breakdown field strength is required. Unfortunately, the
thermal conductivity of epoxy resins is rather low. Therefore, a two-
component silicone compound (containing thermally conductive parti-
cles) of type TC-4605 HLV from Dow Corning is used. The properties
of this material are listed in Tab. 5.3. An additional advantage com-
pared to epoxy resin is the mechanical flexibility of the silicone, which
prevents it from cracking during the curing process.

In order to attain a cavity-free insulation, a vacuum pressure potting
(VPP) process is applied. Thereby, the devolatilized silicone is pressed
into the 3D-printed coil former under vacuum (not lower than 30 mbar
in order to not vaporize any ingredients of the silicone). After the coil
former is completely filled, the pressure is slowly increased to atmo-
spheric pressure, compressing possible vacuum cavities. In a second
step, the silicone has to be cured for several hours with a temperature
of 120 ◦C in order to activate the adhesion to other materials. The best
results regarding adhesion are achieved when the temperature is ap-
plied directly after the VPP process, although the curing itself does not
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require an increased temperature. However, if the temperature is only
applied after the curing at room temperature, the silicone might detach
from the coil former, leading to vacuum or air cavities between coil
former and silicone, which are undesired considering insulation aspects.
More details on the VPP process are given in Section 5.3.4.

4.3.3 Dimensioning of the Capacitor Cb

The capacitor Cb in series to Lb is needed to block any LF-AC or DC
current flowing through the LC-branch. Since for low frequencies Cb is
quasi connected in parallel to the grid (the impedance of the inductors
is negligible at the mains frequency), Cb leads to an additional reactive
power consumption from the AC grid, resulting also in an asymmetric
switching frequency pattern, as already mentioned. For this reason,
and to minimize the volume of Cb, the capacitance value should be
kept small. On the other hand, in order to achieve soft-switching, a
certain minimum inductive current through the LC-branch is required.
Consequently, the capacitance of Cb has to be selected sufficiently large
such that the capacitor voltage ripple stays small, or in other words, the
LC-resonance frequency has to be well below the switching frequency
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range.
Fig. 4.12 shows the Bode diagram of the LCR transfer function

Y = ib
uAB

= sCb

s2LbCb + sRbCb + 1 , (4.17)

and the switching frequency range fsw. It can be seen that a selection
of the resonance frequency too close to the minimum effective switching
frequency would lead to a deviation from a purely inductive behavior,
indicated as 1/ωLb in Fig. 4.12. This would result in a strong increase
of the current amplitude for only small changes in the switching fre-
quency. Therefore, the influence of the capacitor Cb on the maximum
current amplitude îb (at the lowest switching frequency fmin) should
be kept small such that îb is not changed by more than e.g. d = 15 %
with respect to IZVS. This translates into the condition that the rela-
tive change in the impedance |Z| caused by Cb should be smaller than
d · IZVS

îb
at the lowest switching frequency fmin, i.e.

ωminLb −
(
ωminLb − 1

ωminCb

)
ωminLb

≤ d · IZVS

îb
, (4.18)

whereby îb = ûg
2fminLb

(
1− ûg

UDC

)
is the maximum amplidute of ib and

is obtained from (4.5) with sin(ωgt) = 1. The value Cb can now be
determined by solving (4.18) for Cb:

Cb ≥
îb

4π2f2
minLbIZVS · d

. (4.19)

For the converter at hand, the minimum required capacitance is
Cb ≥ 242 nF, while the (HF) rms current flowing through the LC-
branch is ib,rms = 5.3 A. Thus, for practical reasons (sufficient current
carrying capacity and appropriate voltage rating), a series connection
of four 1 µF film capacitors is used, resulting in a total capacitance of
Cb = 250 nF.

4.3.4 DC-Link
Due to the fact that the system at hand is a single-phase AC/DC con-
verter, the power fluctuation with twice the mains frequency has to
be buffered in the DC-link capacitor. Especially for MV applications,
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where electrolytic capacitors are not applicable due to their low voltage
rating, the DC-link capacitor is one of the physically largest hardware
parts. However, to keep the required volume to a minimum and to still
attain a highly compact converter, a peak-to-peak DC-link voltage rip-
ple of 10 % is selected, leading to a capacitance of CDC = 16.2 µF. For
the mentioned practical reasons, the DC-link is realized with a series
connection of six 100 µF film capacitors, whose voltages are passively
balanced with high-ohmic resistors (10 MΩ) in parallel to the capacitor.

4.3.5 Semiconductors
For the design of the iTCM converter, it is important to determine the
losses of the utilized 10 kV SiC MOSFETs (Wolfspeed CPM3-10000-
0350 ). Since there is one HF and one LF bridge-leg, only the HF
bridge-leg generates switching losses, while both bridge-legs generate
the same conduction losses due to the same rms currents. During full-
load operation, the rms current in the MOSFETs is IFET,rms = 6.3 A
which leads to Pc = 79.4 W of total conduction losses, if an on-state
resistance of RDS,on = 500 mΩ at a junction temperature of 100 ◦C
(datasheet value) is assumed.

In contrast to the conduction losses of the MOSFETs, the SSL have
to be determined by measurements, since these values are not avail-
able from the datasheet. Fig. 4.13 (for a better readability taken from
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Fig. 4.13: Calorimetrically measured SSL with an external turn-off gate
resistor of 10Ω. Figure taken from Chapter 3 and shown here for better
readability.
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Chapter 3 and depicted here again) shows the measured SSL of the
utilized 10 kV SiC MOSFETs for different voltages and switched cur-
rents. Since the switching frequency fsw and the switched current isw
are varying over time during the grid period according to Fig. 4.6, the
SSL of the MOSFETs are also time-dependent. The average SSL during
the positive half-period can be calculated as

Psw = 2
Tg

∫ Tg
2

0
fsw(t) · EZVS (isw(t)) dt, (4.20)

where Tg = 1/fg is the length of the grid period. Evaluating (4.20) for
both MOSFETs S11 and S12 employed in the HF bridge-leg leads to
Psw,S11 = 13.1 W and Psw,S12 = 10.1 W and results in total switching
losses of Psw,tot = Psw,S11 + Psw,S12 = 23.2 W.

4.3.6 LCL Input Filter Design
An important requirement of power electronic converters connected to
the grid is the compliance with grid harmonic standards in order to
guarantee a stable operation of all devices connected to the grid. How-
ever, up to now, existing standards such as the IEEE Std 519 [99] or
the BDEW guidelines [100] do not cover frequencies higher than 2.5 kHz
or 9 kHz, respectively, i.e. there are no official harmonic limits for MV
converters with high switching frequencies, since typically LFTs or con-
verters with low switching frequencies are used at MV level. Never-
theless, it is known from literature that voltages with high harmonic
content cause dielectric heating and aging of insulation materials or
could excite grid resonances [198, 199]. In [200], it is proposed to ex-
tend the IEEE 519 harmonic standard to higher frequencies. Hence,
the LCL-filter (which is a common filter type in MV applications [58])
of the iTCM converter is designed such that the current harmonics stay
within the limits defined in [200]. Since the inductance Lg = 9.55 mH
is already defined by the maximum current ripple (cf. Section 4.3.2),
the remaining components are Lf , Cf , and the filter damping resistor
Rd. Due to the fact that the filter capacitance causes reactive power
and results in an asymmetric switching frequency pattern over a grid
period (cf. Fig. 4.6), a small capacitor value Cf is desired. If it is
assumed that a reactive power of 5 % due to Cf is allowed, its value
can be calculated according to [201] and is equal to 274 nF, whereas
for practical reasons Cf = 250 nF is selected. The value of Lf is now
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Fig. 4.14: (a) Simulated and measured transfer functions of the imple-
mented LCL-filter |GLCL|. (b) Extended IEEE 519 harmonic standard limits
together with the grid-current spectrum of the iTCM converter.

varied until the current harmonics comply with the limits of the ex-
tended IEEE 519 standard, which results in Lf = 1 mH. Due to the
small current ripple, a core material with a high saturation flux density
(such as amorphous iron) and a solid wire can be used. Thus, Lf is
realized with one Metglas AMCC-4 tape-wound core and 3 layers of 21
turns with 1.2 mm solid copper wire. Since the DM voltage across Lf is
below 100 V, Lf is only insulated for the terminal voltage between the
winding and the core. Finally, in order to dampen the filter resonance
below −40 dB (cf. Fig. 4.14(a)), a damping resistor of Rd = 10Ω is
used, leading to PRd = 7.35 W of losses caused by the current ripple in
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Lg. Fig. 4.14(a) shows the simulated and measured transfer function
of the LCL-filter |GLCL| with shorted grid-side, i.e. the grid is assumed
with zero impedance. As can be seen, the measurement and the simula-
tion match very well apart from the fact that the utilized measurement
device Omicron Lab Bode 100 cannot measure attenuations lower than
≈ −100 dB. Furthermore, Fig. 4.14(b) shows the limits for the odd
and even harmonics of the extended IEEE 519 standard together with
the simulated spectrum of the grid current of the iTCM converter. Due
to the variable switching frequency, the spectrum does not show the typ-
ical discrete harmonics but is rather blurry, while it never exceeds the
extended IEEE 519 limits, as desired.

4.3.7 Connection to the MV Grid
Typically, the MV-AC distribution grid in cities is realized with MV-AC
cables. From a high-frequency point of view, MV cables can be seen as
practically undamped transmission lines [202]. Consequently, the cable
itself is an oscillatory system with distinct resonances, depending on
the length of the cable. Fig. 4.15 shows the frequency of the first cable
resonance of a 1x400 RM/35, Type N2XS2Y 6/10 kV cable [203] with
L′ = 290 µH/km and C ′ = 550 nF/km. Translated into transmission
line parameters, these values result in a characteristic impedance of
Zc = 23Ω and a propagation delay of tp = 6.3 µs for an assumed cable
length of 500 m. As can be seen in Fig. 4.15, there is a critical range
of the cable length, such that the first resonance frequency of the cable
is located within the switching frequency range of the iTCM converter.
Although the harmonics of the converter are, due to the LCL-filter,
only in the range of 10 mA (cf. Fig. 4.14(b)), it has to be ensured
that there is no oscillatory interaction of the iTCM converter and the
MV cable. In case of resonances in the cable, dielectric heating and
overvoltages might cause aging and destruction of the cable insulation,
as already mentioned.

Fig. 4.16(a) shows the schematic diagram of the LCL-filter and the
cable, together with the transfer functions |GCable| of the cable with a
length of 500 m, the LCL-filter |GLCL| (cf. Fig. 4.14(a)), and the total
transfer function |Gtot| =

∣∣∣ iguAB

∣∣∣ from the converter voltage to the grid
current, while the grid is assumed to be a short circuit. It can be seen
that the first cable resonance lies within the switching frequency range
of the iTCM converter and causes a resonance peak in the total trans-
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fer function as well. As a consequence, when the switching frequency
approaches the critical range fcrit., undesired oscillations in the grid
current can be observed, as shown in Fig. 4.16(b). This behavior can
be explained by wave reflections in the cable, since it is not terminated
with its characteristic impedance Zc on the input or output side.

The oscillations can e.g. be damped by another LC-filter stage, as
described in [204]. However, this does not change the behavior of the
cable, but only reduces the excitation, and in case several (different)
converters are connected to the same MV cable, interactions between
the filter stages might occur. Therefore, to completely circumvent wave
reflections and oscillations independently of the cable length and other
connected converters, an RC termination network (TN) is added be-
tween the LCL-filter and the MV cable, as shown in the schematic in
Fig. 4.17(a). Thereby, Ct = 400 nF acts as a blocking capacitor for
line frequency currents in order to not cause undesired low-frequency
losses. If now Rt is selected to be equal to Zc, for high frequencies
(where Ct is a quasi short circuit), the cable is terminated with its
characteristic impedance Rt = Zc, which prevents any wave reflections.

As can be seen in Fig. 4.17(a), the transfer function of the cable
with the TN is almost flat, i.e. the cable is not interfering anymore with
the converter and its LCL-filter, which results in a smooth total trans-
fer function. The grid current waveforms of the iTCM converter with
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Fig. 4.15: Frequency of the first resonance peak of an MV cable depend-
ing on its length together with the switching frequency range of the iTCM
converter.
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the switching frequency range of the iTCM converter, leading to oscillations
in the grid current ig when the switching frequency approaches the critical
range, as can be seen in (b). Cable parameters: l = 500 m, L′ = 290 µH/km,
C′ = 550 nF/km.

the TN are shown in Fig. 4.17(b) and as expected from the transfer
functions, the grid current ig is smooth and free of any oscillations. As
already mentioned, due to the additional capacitance Ct, the asymme-
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filter and the MV cable. The TN damps the cable resonances. (d) The
resulting grid current is now very smooth and free of oscillations. Cable
parameters as for Fig. 4.16.

try in the switching frequency pattern is slightly more pronounced, as
can be observed in Fig. 4.17(b). The reader should note that the hard-
ware demonstrated in this thesis does not contain the TN, since this is
not necessary in the laboratory where the load is directly connected to
the converter without an MV cable.
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4.3.8 iTCM Hardware Prototype
For the experimental verification of the iTCM concept, a hardware
prototype has been realized with the goal to achieve a highly compact
design, even though large distances for the electrical isolation of the MV
are required. These distances can be distinguished into creepage (short-
est path between two conductive parts, measured along the surface of
the insulation) and clearance distances (shortest distance between two
conductive parts, measured through air). According to the IEC 60950-1
International Standard [130], for a sustainable operation, the required
creepage distance for 7 kV is dcr = 32 mm, and the minimum clearance
distance is dcl = 17.5 mm. Consequently, during the PCB layout and
especially during the 3D CAD design, it has to be ensured that these
distances are respected, although a highly compact design is desired.

Fig. 4.18 shows the constructed iTCM converter seen from its left
side and its right side, respectively. It consists of a top-side PCB, which
interconnects the DC-link with the HF bridge-leg, and a bottom-side
PCB, which holds the LF bridge-leg as well as the filter capacitors Cb
and Cf , and the inductors Lb, Lg, and Lf . As explained in Section
4.3.1, the PCB layouts are optimized for the lowest possible parasitic
switch-node capacitance and as can be seen, the high-side gate driver
(on 7 kV, 35...75 kHz switched potential) is separated from the low-side
gate driver (GND potential) with a creepage slot in the PCB in order to
break the creepage path (which increases the breakdown voltage since
dcl < dcr). These creepage slots can also be found on the bottom PCB
and in the acrylic glass side walls, which together with the top and bot-
tom PCBs form an air channel for the cooling of the components. The
necessary air flow is provided by four 70 mm fans blowing through the
heat sinks of the four MOSFETs, from where the air stream continues
across the inductors and capacitors, leaving the converter through a
perforated acrylic plate. Since the base plates of the 10 kV SiC MOS-
FETs are on the respective drain potentials, the best solution for the
lowest parasitic capacitance (cf. Section 4.3.1) is to attach the four
heat sinks directly to the MOSFETs’ base plates instead of grounding
and isolating them with e.g. an aluminum nitride plate. Therefore, the
heat sinks are also on the same potential as the drain terminal of the
respective MOSFETs and have to be separated from each other and
the surrounding parts such as the fans, the DC-link capacitors, and the
inductors, as shown in Fig. 4.18. Only the heat sinks of the two high-
side MOSFETs (visible in the lower picture) are on the same potential
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Fig. 4.18: Photos of the realized iTCM converter. Despite the large required
isolation distances for 7 kV, a highly compact design with a power density of
3.28 kW/L (54 W/in3) is achieved, whereby all clearance and creepage dis-
tances comply with the IEC 60950-1 International Standard [130].
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UDC and do not have to be separated from each other. Although the
fans are separated from the heat sinks for the aforementioned reason,
they are shielded from the HF electric field of the heat sinks with a steel
net tied to GND in order not to disturb the fan motor electronics.

Additionally, the iTCM converter is equipped with Hall-effect cur-
rent sensors for the measurement of ib and iLg, as well as MV dividers
for the measurement of UDC and ug. The measurement is performed
on each gate driver with floating source potential and the measurement
signals as well as the gate signals are transferred via optical fibers to
a control PCB (with a Texas Instruments TMS320F28335 DSP). Fur-
thermore, the gate drivers developed in Chapter 2 are used and feature
an ultra-fast OCP, which in case of a fault reacts within 22 ns and turns
off all MOSFETs safely. The ultra-compact gate driver auxiliary iso-
lation transformers with an isolation rating of 20 kV enable a highly
compact converter design.

Given the fact that the realized converter shown in Fig. 4.18 is a
7 kV single-phase AC/DC converter, it features an unprecedented power
density of 3.28 kW/L (54 W/in3).

4.4 Experimental Setup
To test the functionality and to measure the efficiency of the realized
iTCM converter, an appropriate experimental setup is required. Due
to the bidirectionality of the converter, the power can basically be sup-
plied either from the AC-side or the DC-side, whereby the efficiency
is equal for both directions. Therefore, as shown in Fig. 4.19, the
iTCM converter is supplied from the bidirectional isolated 400 V to
7 kV DC/DC converter treated in Chapter 5, which is fed from its

RL
AC

DC

DC

DC
7 kV3.8 kV

AC
400 V
DC

Lg

Cf
Rd

Lf

Fig. 4.19: Block diagram showing the experimental setup for the operation
of the realized iTCM converter. For the laboratory operation, the power is
fed into the 400 V DC side of the SST and dissipated in a resistive load RL
on the MV-AC side.
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400 V side by two parallel 0...500 V, 0...40 A power supplies (Regatron
TopCon Quadro TC.P.16.500.400.S). This means that for the testing of
the iTCM converter, the complete SST (including the isolated DC/DC
converter) is in LV-DC to MV-AC operation.

During the tests, the iTCM converter is operated in open loop (apart
from a feed-forward term to compensate for the DC-link voltage ripple)
in order to demonstrate the simplicity of the iTCM concept, i.e. no ad-
ditional control is required. During operation, the currents and the HF
switch-node voltage are measured with Pearson current transformers
and LeCroy PPE 20 kV voltage probes, whereby the 50 Hz AC out-
put voltage is measured with a LeCroy HVD3605 differential voltage
probe. To obtain a high measurement quality and accuracy, a LeCroy
HDO4054A 12-bit oscilloscope is used.

One of the key performance indicators of a power electronic con-
verter is its efficiency, which is especially important in data center ap-
plications, where energy losses directly translate into elevated operating
costs. For this reason, an accurate measurement of the iTCM converter
efficiency is essential. In the following, it is shown that an electrical effi-
ciency measurement achieves only a low and insufficient accuracy. Thus,
a calorimetric measurement of the loss components with a much higher
accuracy is presented and applied to the converter at hand.

4.4.1 Electrical Efficiency Measurement
Error Analysis

Typically, converter efficiencies are measured electrically by measuring
the input and the output power: η = Pout

Pin
. However, for an expected

efficiency of ηexp = 99 %, already very small errors ep in the input and
output power measurements cause significant errors in the measured
efficiency value ηmeas. If an efficiency measurement error of eeff ≤ 0.1 %
is desired (i.e. for a converter efficiency of 99 %, the measured efficiency
should be in the range of 98.9 % . . . 99.1 %), the input and output powers
have to be measured with an accuracy of ep = 0.05 % each [205], as can
be calculated with (4.21) and is illustrated in Fig. 4.20 (a),

eP = eeff

2 · ηexp + eeff
≈ eeff

2 . (4.21)

Even a high precision power analyzer, such as the Yokogawa WT3000,
is unable to reach this accuracy. According to the datasheet, the error
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of the power analyzer is eY,DC = 0.05 % of the reading Y plus eX,DC =
0.1 % of the power range X (voltage range multiplied by the current
range) for DC power measurements and eY,AC = 0.02 % of the reading
plus eX,AC = 0.04 % of the power range for AC power measurements.
However, the voltages would have to be divided by e.g. a div = 1 :
100 voltage divider, which is accounted with an error of ediv = 0.1 %.
Furthermore, on the AC-side, since both AC terminals are on potential,
a differential voltage measurement is required, leading to an error of
already 2 · ediv = 0.2 %. In addition, for the same reason, the AC
current would have to be measured with a current transformer which
provides galvanic isolation and is accounted with eCT = 0.1 %. On
both sides, the voltage range must be set to XU = 100 V (due to the
voltage division by a factor of 100). For the DC-side, a current range
of XI,DC = 5 A is sufficient, while the AC current has to be measured
with a range of XI,AC = 10 A. These values lead to the following AC
and DC power measurement errors:

PDC,m = (UDC · div · (1± ediv) · IDC)
· (1± eY,DC) +XU ·XI,DC · eX,DC (4.22)

eDC,m = 1−
(

PDC,m

div · PDC

)
= ±0.35 % (4.23)

PAC,m = (UAC · div · (1± 2ediv) · IAC · (1± eCT))
· (1± eY,AC) +XU ·XI,AC · eX,AC (4.24)

eAC,m = 1−
(

PAC,m

div · PAC

)
= ±0.48 %. (4.25)

Thus, the total worst case efficiency measurement error is
± (|eDC,m|+ |eAC,m|) = ±0.83 %, (4.26)

which for a 99 % efficient converter would lead to a measured efficiency
in the range of 98.17 . . . 99.83 %. Even without the errors caused by the
MV dividers and the current transformer (e.g. for a 99 % efficient 400 V
system), the measurement error (only caused by the power analyzer) is
±0.43 %, which is totally unacceptable.

4.4.2 Calorimetric Efficiency Measurement
Due to the large measurement errors in case of an electrical efficiency
measurement, a more accurate measurement method is required. In-
stead of measuring the input and output powers and relating them to
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Fig. 4.20: (a) Allowed power measurement error eP as a function of the
desired efficiency measurement error eeff in case of an electrical efficiency
measurement. (b) Achieved efficiency measurement error eeff as a function
of the converter loss measurement error eloss for different input power mea-
surement errors eP,in in case of a calorimetric efficiency measurement.

each other, the converter losses can be measured directly in a calori-
metric manner, leading to a much higher accuracy. The efficiency can
then be calculated by only measuring the DC input power electrically
and deducing the output power from the electrical input power and the
calorimetrically measured losses. Fig. 4.20(b) shows the achieved ef-
ficiency measurement error eeff depending on the error of the converter
loss measurement eloss for different errors eP,in in the electrical DC in-
put power measurement. If the DC input power can be measured with
an error of eP,in = 1 %, the losses of the converter need to be measured
with an accuracy of eloss = 10 % in order to achieve an efficiency error
of eeff = 0.1 %.

Typically, for the calorimetric measurement of the converter losses,
the converter could e.g. be operated inside a calorimeter, which mea-
sures the dissipated heat. However, the time constant of such a calorime-
ter to reach steady-state is in the range of several hours. Moreover, only
the total converter losses can be measured and no information about
the loss distribution can be given. To measure also the loss distribu-
tion among the components in an even shorter measurement time, the
losses of the MOSFETs and the inductors are measured separately with
calorimetric methods, as shown in Figs. 4.21 & 4.22 and explained
in the following sections. The remaining loss components, such as the
auxiliary power for the gate drives, the DSP, the fans, and the filter
damping resistor Rd can be measured electrically. Furthermore, the
losses of the grid-side filter inductor Lf are very small and are taken
from the inductor simulations, since even a large error on these small
losses would not influence the accuracy of the total loss measurement
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significantly. For the capacitors, it can be calculated from the dissipa-
tion factor that the losses are smaller than 1 W, and hence these losses
are neglected.

Calorimetric Inductor Loss Measurement

In order to measure not only the converter efficiency, but also the loss
distribution among the individual components (whereby the inductors
Lb and Lg, as well as the MOSFETs are the main contributors), the
inductors Lb and Lg were separated from the converter setup shown
in Fig. 4.18 and are operated outside the converter to measure the
pure inductor losses. The measurement of inductor losses under real
operating conditions is a difficult task, especially when a high accuracy
is desired. Therefore, several calorimetric measurement methods have
been developed in literature [28, 206, 207]. Thereby, steady-state mea-
surement methods [28, 197] and transient measurement methods [206]
are used. For the sake of a short measurement time, a transient mea-
surement method is preferred in order not to dissipate the system power
of 25 kW into the laboratory for several hours. Therefore, the induc-
tors Lb and Lg are externally placed in separate oil calorimeters, i.e.
thermally insulated oil tanks equipped with a stirrer (to ensure a ho-
mogeneous temperature in the oil) and an NTC temperature sensor.
Fig. 4.21(a) gives an insight into the oil calorimeter. The silicone oil
(Bluesil Fluid 604V50 usually used for transformer insulation) fulfills
two tasks in the calorimeter: On the one hand, it extracts the losses out
of the core and the winding such that the inductor and the oil are at the
same temperature, and on the other hand it provides electrical insula-
tion. Due to the thermal insulation of the oil calorimeter towards the
ambient, adiabatic conditions can be assumed. From calibration mea-
surements with constant DC power injection into the inductor winding,
the thermal capacitance CTh of the calorimeter can be determined. Fi-
nally, for the measurement of the inductor losses, the oil temperature
is measured during the operation of the iTCM converter, as shown in
Fig. 4.21(b). As can be seen, after a certain settling time (converter
operation starts at time = 300 s), a linear temperature profile can be
observed, as expected for constant inductor losses and a constant ther-
mal capacitance CTh. The total inductor losses can thus be determined
as

Pind = CTh ·
∆ϑ
∆τ . (4.27)
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As can be seen in Fig. 4.21(b), the temperature slightly increases
before the converter operation is started. This can be explained by the
losses of the stirrer motor (6.77 W in the Lb calorimeter and 7.53 W in
the Lg calorimeter) which are measured electrically and are subtracted
from the calorimetrically measured losses in order to obtain the pure
inductor losses.
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Fig. 4.21: (a) Calorimetric measurement setup for the determination of
the losses of the MV inductors Lb and Lg. The inductors are placed in
oil-filled and thermally insulated boxes and dissipate their losses into the
homogeneously mixed oil whose temperature is measured via NTCs. (b)
Measured temperature profile of the oil during full-power operation of the
iTCM converter for the determination of the losses of inductor Lb. The
losses are determined from the temperature rise ∆ϑ/∆τ in combination with
the thermal capacitance of the entire calorimeter known from calibration
measurements with constant power.
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With a temperature measurement resolution of eNTC = 0.1 K (mainly
limited by EMI noise during converter operation) and a temperature
difference of ∆ϑ = 2.8 K (cf. Fig. 4.21(b)), the measurement error is
7.1 %, if a perfect time measurement is assumed. During the calibration
with DC, no EMI noise is present and the resolution of the tempera-
ture measurement is 0.05 K. Therefore, the error in the measurement
of the thermal capacitance CTh is 3.5 % which leads to a total worst
case measurement error of eoil = 10.6 % for the oil calorimeters. The
conducted experiments show that the difference between the highest
and the lowest measured losses of Lb (which are independent of the
processed power, cf. Fig. 4.28) diverge by 6.75 %. This value matches
well with the predicted 7.1 % from above.

Calorimetric Semiconductor Loss Measurement

The loss measurement of the utilized 10 kV SiC MOSFETs has been ex-
tensively described in Chapter 3, where brass blocks have been used
as adiabatic heat sinks with a defined thermal capacitance in order to
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Fig. 4.22: (a) Calorimetric setup for the measurement of the semiconductor
losses. Each of the four utilized 10 kV SiC MOSFET modules is mounted on
a separate heat sink whose temperature is measured via a fiber-optic tem-
perature measurement system (Optocon FOTEMPMK-19”). (b) Measured
temperature profiles during 25 kW operation of the converter. With the mea-
sured temperature difference ∆ϑ and the thermal resistance RTh,HS of the
heat sink (known from calibration measurements with constant power), the
losses of the 10 kV SiC module can be determined.

140
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measure the transient temperature response for the loss determination,
similar to the oil calorimeter described above. However, the MOSFETs
are now placed on separate and actively cooled heat sinks, as can be
seen in Fig. 4.18. The thermal system is thus dominated by the con-
vective cooling instead of the thermal capacitance of the heat sinks.
Furthermore, the thermal time constant of the heat sinks together with
the 10 kV MOSFETs is in the range of only 100 s, i.e. the time for
the heat sinks to reach steady-state is approximately 10 min. For these
reasons, the semiconductor losses are measured via the steady-state
temperature difference ∆ϑss between the heat sink and the ambient.
Fig. 4.22(a) shows the basic setup with a single 10 kV module mounted
on a heat sink which is actively cooled by the air flow of a fan. As al-
ready mentioned, the heat sinks in the constructed iTCM converter (cf.
Fig. 4.18) are on the respective drain potential, which is why the fans
are separated from the heat sink in reality. However, for the explana-
tion of the loss measurement concept, this is not shown in the schematic
drawing in Fig. 4.22(a). The (switched) potentials on the heat sinks
imply that the heat sink temperature measurement sensors must be
galvanically isolated. Hence, a fiber optic temperature measurement
system (Optocon FOTEMPMK-19”), which measures the temperature
at the tip of up to 10 non-conductive optical fibers, is used. As shown
in Fig. 4.22(a), one optical fiber is placed on the heat sink and one in
front of the fan for the measurement of the air temperature. The ther-
mal resistances RTh,HS of the four heat sinks are measured separately
by injecting a constant DC-power into each MOSFET and measuring
the difference between the temperature of the respective heat sink and
the air temperature in front of the associated fan. Thereby, the system
must be in exactly the same conditions as in case of the converter op-
eration (e.g. the fan voltage must be kept constant and the geometry
must not be changed, i.e. the side walls must remain closed and the
temperature sensor position must not change). This ensures that the
measured thermal resistances of the heat sinks are exactly the same
during the calibration and the efficiency measurements. The reader
should note that the cross-coupling between the different heat sinks has
been analyzed and can be neglected.

Fig. 4.22(b) shows the measured ambient and heat sink temper-
ature profiles ϑamb and ϑHS together with the temperature difference
∆ϑ during the converter operation at 25 kW. The converter operation
is started at time = 300 s, as can be seen from the temperature increase.
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Due to the fact that the converted power is dissipated in the laboratory,
the room temperature also rises slowly. However, the time constant of
the heat sink is much shorter than the time constant of the room, which
can be seen at time = 1200 s where the converter is turned off and the
heat sink temperature decreases much faster than the ambient temper-
ature. For this reason, the temperature difference ∆ϑ between the heat
sink and the ambient reaches a steady-state value ∆ϑss, and the losses
of the semiconductor modules can be determined as

Psemi = ∆ϑss

RTh,HS
. (4.28)

For a resolution of 0.2 K of the fiber optic temperature measure-
ment and a steady-state temperature difference of ∆ϑss = 12.4 K, the
measurement error is 3.2 %. Together with an assumed deviation of
the thermal resistance of 5 %, the maximum expected error (for this
operating point) is eHS = 8.2 %.

Calorimetric Efficiency Measurement Accuracy

In order to determine the total accuracy of the applied efficiency mea-
surement, the errors of the individual measurement methods are weight-
ed with the respective measured losses and are summed up to calculate
the worst case error. If the following errors are assumed for the losses
(LF: 15 % since the losses are calculated; Rd: 10 % due to 5 % error of
the current measurement and Rd · I2; Auxiliary: 0.5 % due to low volt-
age, low current DC power measurement with multimeters), the total
weighted loss measurement accuracy is 9 %. Combined with a converter
DC input power measurement error of 2 % due to the measurement of
the MV DC-link voltage, a total efficiency measurement error of 0.11 %
is obtained from Fig. 4.20(b).

4.5 SST Laboratory Setup
Fig. 4.23 shows the SST laboratory setup, which has been used to
test the functionality of the SST and to measure its efficiency. The
iTCM converter can be seen on the right side together with the oil
calorimeters in the center to measure the losses of the inductors Lg
and Lb. As indicated in Fig. 4.19, to test the iTCM converter, the
SST system is transferring power from the LV-DC bus to the MV-AC
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Fig. 4.23: Photograph of the 3.8 kV AC to 400 V DC SST laboratory setup
with the isolated DC/DC converter on the left and the iTCM AC/DC con-
verter on the right. The setup is located inside an MV cage for safety reasons
and the communication between the control unit and the converters as well as
the communication to the measurement devices is entirely via optical fibers.

side. The isolated DC/DC converter (cf. Chapter 5) on the left side
provides the 7 kV DC-link voltage from the 400 V DC bus.

For safety reasons, the SST setup is located inside an MV cage
without any galvanic connections between the SST and the outside of
the cage, i.e. the gate signals and the fault signals of the converters as
well as the communication between the PC (outside of the cage) and the
measurement equipment is provided via optical fibers. Furthermore, all
cables on MV potential are covered by silicone tubes to provide electrical
insulation from other parts of the SST.

To guarantee a safe system shutdown in case of a power outage in
the laboratory e.g. due to external factors such as other persons in the
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laboratory pressing the emergency stop button, which would cut off the
power, the auxiliary supplies for the gate drivers and the DSP/FPGA
control unit are backed up with a UPS.

In operation, the voltage and current waveforms of the DC/DC stage
and the iTCM AC/DC stage are monitored with separate oscilloscopes
in order to have a sufficient amount of channels. Furthermore, the tem-
peratures of the floating heat sinks and the oil inside the oil calorimeters
are measured with a fiber-optic temperature measurement device and
NTCs (cf. Fig. 4.23) for the determination of the losses of the semi-
conductors and the magnetic components. For the determination of the
losses of the LV-side 1200 V SiC full-bridge, its heat sink temperature is
measured with high-precision NTC thermistors and an analog to digital
measurement card.

Since the transferred power of the SST is dissipated in a resistive
load, which is also located inside the cage for safety reasons, large fans
provide an airflow through to the load resistors away from the SST
system in order to mitigate the temperature rise in proximity of the
SST and hence to minimize the impact on the calorimetric efficiency
measurements.

4.6 Experimental Results
In order to verify the proper operation of the iTCM converter and to
determine its performance, the converter has been operated at different
power levels, while the current and voltage waveforms and the efficiency
have been measured. For the iTCM converter at hand, it is especially
interesting to see whether or not soft-switching is achieved over the
whole grid period in open loop operation.

4.6.1 Measured Waveforms
Fig. 4.24 shows the measured waveforms of the switch-node voltage
uSN of the HF bridge-leg together with the AC output voltage ug, the
currents ib, iLg, ig, and the current iA flowing out of the HF switch-
node A (cf. Fig. 4.4(a)) during full-power (25 kW) operation. As can
be seen, the AC output voltage ug and the AC output current ig are
nicely sinusoidal and in phase to each other, as desired. Furthermore,
it can be observed in the envelope of iA, that the switched current is
almost constant at ≈ −4.5 A during the positive, and ≈ +4.5 A during
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Fig. 4.24: Measured current and voltage waveforms over a full grid period
during full-power (25 kW) operation of the iTCM converter. A smooth si-
nusoidal output voltage and current is achieved, while the MOSFETs are
soft-switching over the full grid period, as can be seen from the current iA
flowing out of bridge-leg A and showing an almost constant turn-off value of
IZVS = 4.5 A.

the negative half period of the grid voltage, respectively. This means
that soft-switching is achieved over the whole grid period and proves
that the iTCM concept is working nicely, even without any feedback
control.

For a better insight into the waveforms, the two most interesting
points, namely the region around the peak and the zero crossing of the
grid voltage, are shown in more detail in the following. The measured
waveforms around the peak of the grid voltage are plotted in Fig. 4.25.
It can be observed that the waveforms are very smooth and symmetric,
which is a result of a careful design of the converter (i.e. low commuta-
tion loop inductance in the HF path and low parasitic capacitances of
the inductors). Furthermore, the ZVS current −IZVS = −4.5 A proves
that the converter is operated under soft-switching conditions.

The second interesting point within the grid period is the zero cross-
ing of the grid voltage, where the LF bridge-leg commutates and the
duty cycle of the HF bridge-leg changes abruptly from 1 to 0, as shown
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Fig. 4.25: Measured current and voltage waveforms at the peak of the grid
voltage at full-power (25 kW) operation of the iTCM converter. It can be
seen that both, the rising and the falling voltage transitions are soft-switched.
Furthermore, the current iA reaches a value of −IZVS = −4.5 A to guarantee
soft-switching.

in Fig. 4.26. Thereby, it is of high importance that the commutation
of the HF and the LF bridge-legs are synchronized precisely in order to
avoid undesired current spikes. However, due to the different switching
speeds of the HF and LF bridge-legs (the LF bridge-leg is hard-switched
with a rather high gate resistance of 47Ω in order to achieve smooth
transitions), a negative current builds up in Lb, followed by an oscil-
lation between Lb and Cb for approx. 100 ns until the HF bridge-leg
starts switching again. Nevertheless, the amplitude of this oscillation is
small and the grid current is not affected. As can be seen in the current
iA, apart from the ZCS transition at the time instant t = 0 ms, all other
switching transitions are soft-switched.

4.6.2 Efficiency Measurements

As already mentioned, the efficiency of power electronic converters op-
erated in data centers or battery charging applications is of high im-
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Fig. 4.26: Measured current and voltage waveforms during the zero crossing
of the grid voltage at full-power (25 kW) operation of the iTCM converter.
Both duty cycles of the HF and the LF bridge-legs are changing from 1 to
0, i.e. the local average value of the switch-node voltages change from 7 kV
to 0 V. Except for the switching transition at t = 0 ms, all other switching
transitions are soft-switched as can be seen from the current iA.

portance due to environmental and economical aspects and it is desired
that the efficiency is high for a wide power range. Fig. 4.27 shows
the calorimetrically measured efficiency curve of the iTCM AC/DC
converter, whereby the applied calorimetric loss measurement methods
have been explained in detail in Section 4.4.2. As can be seen, the
efficiency increases with increasing power, reaching a peak efficiency of
99.1 % at full load. At 50 % load, the efficiency is still 98.8 %, mak-
ing the converter also suitable for partial load operation. Comparing
these values to existing 10 kV or 15 kV SiC MOSFET-based topolo-
gies [104,109,110,190,191], a significantly higher efficiency and switch-
ing frequency and thus power density is achieved by the iTCM converter
due to ZVS.

Finally, in Fig. 4.28 the loss distribution among the different com-
ponents is shown, whereby the losses of the inductive components and
the semiconductor devices have been measured calorimetrically (cf. Sec-
tion 4.4.2), while the auxiliary and fan powers were measured electri-
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Fig. 4.27: Calorimetrically measured efficiency of the realized iTCM con-
verter. A peak efficiency of 99.1 % is achieved at full load. Furthermore, also
a high partial load efficiency is achieved, which makes the converter suitable
for applications where it is operated under partial load conditions. The effi-
ciency of the total SST (including the isolated DC/DC converter) is shown
in Chapter 6.

cally and the comparably small losses of the filter inductor Lf are taken
from the inductor optimization. It can be observed that (besides the
constant filter damping and auxiliary losses, which include the control
board and the gate drivers etc.) the losses of Lb are constant, as ex-
pected. Furthermore, at full power, the difference between the losses of
the HF MOSFETs (S11 and S12) and the LF MOSFETs (S21 and S22),
i.e. the switching losses, is 27.3 W. This is in good agreement with
the 23.2 W of switching losses calculated in Section 4.3.5 (especially
considering that the HF and LF bridge losses also include conduction
losses of MOSFETs with strong variations in RDS,on from device to de-
vice). According to the calculation in Section 4.3.5, the total conduc-
tion losses should sum up to 79.4 W, whereby the measured conduction
losses (twice the LF bridge losses) are 87.4 W. Given the fact that not
all MOSFETs are on the same junction temperature, the error of 9 %
between measurement and calculation is acceptable. Furthermore, for
the inductor Lb, a good agreement of the measured losses (29 W in av-
erage) and the calculated losses (32.4 W, cf. Fig. 4.9(a)) can be noted.
For Lg, the difference between the measured losses (57 W) and the cal-
culated losses (48 W, cf. Fig. 4.9(b)) is slightly higher but within 16 %

148



4.7. Summary

Power [kW]

Lo
ss

es
 [W

]

5 10 15 20 25 30
0

50

100

150

200

250

0

Aux + Fans

HF MOSFETs

LF MOSFETs

Lb

Lg

Lf

Filter
Damping

Fig. 4.28: Measured loss distribution of the iTCM converter in dependency
of the processed power.

which is still very accurate, given that the parameter uncertainties of
e.g. the core material are already in this range [208].

4.7 Summary
In this chapter, a bidirectional 25 kW, 3.8 kV AC rms to 7 kV DC PFC
AC/DC converter based on the the integrated Triangular Current Mode
(iTCM) concept has been developed. The iTCM concept is a simple
method to achieve soft-switching over the entire AC grid period by
adding an LC-circuit to the well-known full-bridge PWM AC/DC con-
verter. It is demonstrated that a constant ZVS current and therewith
soft-switching over the whole grid period can be achieved even in open
loop operation, i.e. no current zero crossing detection, as in case of
using the TCM approach, is required.

With the help of a characteristic impedance definition, the impact of
parasitic inductances and capacitances on the design of MV converters
is analyzed and compared to the impact on LV converters. Thereby,
an elementary difference can be observed, namely that parasitic induc-
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tances play a minor role for MV converters, whereas it is very important
to minimize parasitic capacitances. Therefore, e.g. coplanar PCB lay-
outs should be avoided in MV applications and the tracks should be
separated as far as possible from each other to minimize parasitic ca-
pacitances.

The design of all main power components of the converter is pre-
sented, whereby the focus is set on the low-capacitive design of the MV
inductors and their electrical insulation. Pareto-optimizations show
that a 40 % peak-to-peak current ripple in the boost inductor is a rea-
sonable trade-off ensuring high efficiency and high power density and
requiring only moderate input filter effort. Different winding arrange-
ments are analyzed to minimize the electric field stress and the para-
sitic capacitances of the inductors. Furthermore, the selection of the
insulation material and the vacuum pressure potting of the windings is
described.

For a proper integration of the SST into the MV-AC grid, an LCL-
filter is designed in order to comply with the extrapolated IEEE 519
harmonic standard and the connection of the converter to an MV cable
is analyzed. It is shown that, without further measures, oscillations
due to cable resonances, which are excited by the remaining converter
harmonics, would occur. These oscillations can be avoided by adding
a simple RC termination network between the LCL-filter and the MV
cable.

Furthermore, the performed efficiency measurement error analysis
shows that electrical efficiency measurements are not suited for con-
verter efficiencies ≥ 99 %, whereas calorimetric efficiency measurement
methods show much higher accuracies. Therefore, calorimetric methods
for the measurement of the converter loss distribution and the efficiency
are presented. The measured full-load efficiency of the realized iTCM
converter reaches a value of 99.1 %, which in combination with a power
density of 3.28 kW/L (54 W/in3) demonstrates an unprecedented per-
formance for an MV PFC single-phase AC/DC converter.
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5
10kV SiC-Based Isolated
Bidirectional 7 kV/400V

DC/DC Converter

The power supply chain of data centers from the MV-AC utility
grid down to the chip level voltage consists of many series con-

nected power conversion stages and accordingly shows a relatively low
efficiency. SSTs could improve the efficiency by substantially reduc-
ing the number of power conversion stages and/or directly interfacing
the MV-AC grid to a 400 V DC bus, from where server racks with
a power consumption of several tens of kilowatts could be supplied.
The recent development of SiC MOSFETs with a blocking voltage of
10 kV enables the realization of a simple and hence highly reliable two-
stage SST topology, consisting of an AC/DC PFC rectifier and a sub-
sequent isolated DC/DC converter. In this context, an isolated 25 kW,
48 kHz, 7 kV to 400 V series resonant DC/DC converter based on 10 kV
SiC MOSFETs is realized and tested. To achieve ZVS for all MOS-
FETs, a special modulation scheme to actively control the amount of
the switched magnetizing current on the MV-side and the LV-side is
implemented. Furthermore, the design of all main components and es-
pecially the electrical insulation of the employed MF MV transformer
is discussed in detail. Calorimetric efficiency measurements show that
the realized isolated DC/DC converter achieves a full-load efficiency of
99.0 %, while it features a power density of 3.8 kW/L (63 W/in3).
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5.1 Introduction
SST technology is considered as a highly interesting concept to increase
the efficiency of the power supply chain from the MV-AC utility grid
down to the chip voltage level in data centers by directly interfacing
the MV-AC grid to a 400 V DC power distribution bus [33,41,42,116].
Thereby, the number of cascaded conversion stages is substantially re-
duced, resulting in a lower complexity, higher reliability, higher power
density, and higher efficiency of data center power supplies.

Up to the present, voltages in the 10 kV-range had to be interfaced
by multi-cell converters based on ISOP-connected modules rated for
a fraction of the total MV-side voltage, where each module is com-
prising an AC/DC [82, 92, 119, 209, 210] and an isolated DC/DC con-
verter [30, 211, 212]. However, the recent development of 10 . . . 15 kV
SiC MOSFETs with outstanding switching behavior [122,124,190,213]
enables the construction of single-cell SSTs avoiding the series connec-
tion of several modules, and therefore resulting in a simple and reli-
able converter structure. Due to the reduced complexity, also a higher
power density can be expected. Therefore, a 10 kV SiC MOSFET-
based single-cell two-stage 25 kW, 3.8 kV single-phase AC to 400 V DC
SST (cf. Fig. 5.1) is implemented, whereby this chapter provides a
detailed analysis and experimental verification of the isolated 7 kV to
400 V DC/DC converter stage.

The efficiency goal of the SST has been set to ηt,SST = 98 %. Since
the iTCM AC/DC front end converter (cf. Chapter 4) achieves an ef-
ficiency of 99.1 %, the target efficiency of the isolated DC/DC converter
is set to ηt,DCDC = 99.0 % at full load considering a certain margin. Fur-
thermore, the DC/DC converter should achieve a power density of at
least 3 kW/L (50 W/in3), comparable to the power density of the iTCM
AC/DC stage. In literature, a 15 kV SiC MOSFET-based isolated
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Fig. 5.1: Single-cell realization of an MV-AC to 400 V DC SST. In this
chapter the isolated DC/DC converter is realized.
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DC/DC converter with similar specifications (10 kV to 340 V, 20 kW)
has been presented, achieving an extrapolated full-load efficiency of
97.3 % and a power density of roughly 1.5 kW/L (25 W/in3) [214]. In
contrast, considering the defined goals, the DC/DC converter at hand
should generate only a third of the relative losses and should reach at
least twice the power density.

To achieve such a compact converter, a relatively high switching
frequency has to be selected, while to obtain the high efficiency, the
switching losses have to be minimized by the operation of all MOSFETs
under ZVS conditions. Since the front end PFC AC/DC stage controls
the DC-link voltage, it is sufficient to realize the DC/DC converter with
a fixed voltage transfer ratio and galvanic isolation. For this reason, a
series resonant converter (SRC) operated at resonance frequency and
therefore acting as ”DC transformer”, tightly coupling its input and
output voltages according to the primary-side and secondary-side turns
ratio, is selected [215]. Due to the significantly different rise times of
the MV-side and the LV-side switch-node voltages, a special modulation
scheme has to be used for the system to achieve ZVS for all MOSFETs.

Due to the combination of the high switching frequency and the high
voltage stress, dielectric losses in the transformer insulation material
start playing a role. It has been shown in [154] that a thermal runaway
and a destruction of the transformer could occur, if epoxy resin was
selected as insulation material. The reasons are the relatively high
dissipation factor and the low thermal conductivity of epoxy resins,
which makes them unsuitable for the insulation of MF MV transformers.
Therefore, a special two component silicone compound is selected as
insulation material and the vacuum pressure potting (VPP) process
used to insulate the winding package is described in detail.

Section 5.2 describes the isolated DC/DC converter topology and
its modulation scheme to achieve ZVS conditions over the complete
power range. In Section 5.3, the design of all main converter com-
ponents is explained in detail, with the focus on the MF transformer
and its electrical insulation, as well as the MV-side and LV-side power
electronic interfaces. Section 5.4 presents the experimental setup and
measurement results including the obtained voltage and current wave-
forms, and the calorimetrically measured efficiency and loss distribution
for different power levels. Finally, a summary of the chapter is provided
in Section 5.5.
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5.2 Topology and Modulation
For the isolated DC/DC converter stage, an LLC SRC topology is se-
lected, mainly for the reason of clamped switch voltages, the simple op-
eration without closed-loop control, and the possibility to achieve ZVS
for all semiconductors. Hence, a high switching frequency of 48 kHz
can be selected, which results in a high power density. Furthermore,
the SRC features sinusoidal transformer currents, which are beneficial
in terms of reduced HF effects in the windings while the currents show
a low rms value, which is only π/

(
2
√

2
)

= 1.11 times higher than the
corresponding DC current (magnetizing current neglected). The circuit
diagram of this topology is shown in Fig. 5.2(a). It consists of a split
DC-link and a 10 kV SiC MOSFET-based half-bridge on the MV-side,
a 52 : 6 MF MV transformer providing the galvanic isolation, and a
1200 V SiC MOSFET-based full-bridge on the LV-side. The half-bridge
configuration is selected due to its rather simple construction and the
associated voltage division by a factor of two, which is beneficial for the
MF transformer design [174]. Although the LV-side DC-link voltage
is only 400 V and therefore devices with 650 V or 900 V rating could
be employed, 1200 V, 25 mΩ SiC MOSFETs are used due to their out-
standing performance and to keep the flexibility to adapt the SST for
800 V applications by just changing the transformer turns ratio.

5.2.1 Modulation Scheme of the SRC
As already mentioned, the main task of the DC/DC converter is to pro-
vide the galvanic isolation and the constant 7 kV/400 V voltage transfer
ratio, as the DC-link voltage level is controlled to a constant value
by the AC/DC front end of the SST realized in Chapter 4. There-
fore, the SRC is operated at its resonance frequency, where it pro-
vides a quasi load-independent voltage transfer ratio and acts as a ”DC
transformer” [215]. Furthermore, incorporating a certain transformer
magnetizing current iµ allows the ZVS operation of all MOSFETs and
hence, due to the typically low SSL, a downsizing of passive components
such as the MF transformer and the DC-link capacitors is enabled by
increasing the switching frequency, which is finally selected as 48 kHz
considering the results of a power density/efficiency Pareto optimization
(see Section 5.3.4).

Fig. 5.2(b) shows the simulated voltage and current waveforms
together with the gate signals of all MOSFETs. For the ”DC trans-
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former” operating mode of the SRC, both the MV-side and the LV-side
MOSFET bridges apply rectangular voltages with 50 % duty cycle to
the resonant tank, i.e. the transformer’s leakage inductance Lσ and the
resonance capacitor Cr, resulting in sinusoidal currents on both sides
of the transformer. However, in order to achieve soft-switching, the
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Fig. 5.2: (a) Circuit diagram of the SRC consisting of a 10 kV SiC MOSFET
half-bridge, an MF MV transformer for the galvanic isolation and the voltage
step-down, a resonance capacitor Cr, and a 1200 V SiC MOSFET full-bridge.
(b) Simulated voltage and current waveforms of the SRC together with the
corresponding gate control signals. It can be seen that the major part of the
magnetizing current iµ is switched on the MV-side.
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Fig. 5.3: Magnified view of the MV-side and the LV-side voltages and cur-
rents uMV, iMV and uLV, iLV during (a) the rising and (b) the falling voltage
edge together with the gate control signals. Due to the much larger QOSS of
the MV-side MOSFETs (relative to the corresponding current), the voltage
on the MV-side uMV rises/falls much slower than the LV-side voltage uLV.
With the phase shift td between the MV-side and the LV-side gate control
signals, the switching transitions can be center-aligned, whereby the different
rise/fall times create a current spike in the transformer which is utilized as
ZVS current for the LV-side MOSFETs. The magnetizing current is used to
a large extent as ZVS current for the MV-side MOSFETs.

MOSFETs must turn off a certain remaining inductive current

IZVS = QOSS/Tdt, (5.1)

which depends on the effective output charge QOSS of the switching
MOSFETs and the maximum duration of the resonant switching tran-
sition, i.e. the dead time duration Tdt. Since the effective output charge
QOSS of the 10 kV SiC MOSFETs on the MV-side is much larger than
the effective output charge of the 1200 V SiC MOSFETs on the LV-side
(considering the turns ratio of the transformer and/or the corresponding
current), the available transformer magnetizing current should mainly
flow on the MV-side to guarantee ZVS of all MOSFETs. This can be
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achieved by introducing a comparably small phase shift td between the
MV-side and the LV-side gate control signals. Fig. 5.3 shows a magni-
fied view of the voltages and currents during the rising and the falling
voltage edge, respectively. As can be seen, the phase shift td is selected
such, that the MV-side bridge switches the major part of the magne-
tizing current iµ. Furthermore, due to the phase shift td, the voltage
transitions of the MV-side and the LV-side are aligned symmetrically,
i.e. the much faster LV-side voltage transition is located in the middle
of the MV-side voltage transition. Consequently, this leads to a cer-
tain voltage-time-area which is applied to the leakage inductance Lσ of
the transformer, resulting in small current spikes on both sides of the
transformer. As can be seen in Fig. 5.3, these current spikes lead to a
reduction of the ZVS current on the MV-side, whereas on the LV-side
the absolute value of the current iLV is increased. By proper selection of
the phase shift td, now the LV-side switches exactly at the peak of these
current spikes and hence, ZVS is also enabled for the LV-side. Further-
more, it is shown in [216] that the ZVS mechanism is automatically
center-aligning the voltage transitions and therefore is self-stabilizing.
In practice, a compromise between the amount of (magnetizing) current
switched on either side has to be found in dependency of the QOSS mis-
match of the MV-side and the LV-side by selecting a suitable phase shift
td. In the system at hand, it has been observed that this modulation
works very well over the whole load range (0 kW to 25 kW) and is highly
robust against changes in the switching frequency, the voltage level and
even the phase shift td. For the experimental analysis td = 300 ns has
been selected (cf. Tab. 5.1).

5.3 System Design
In the following, the design of the individual main components of the
isolated DC/DC converter is described. Tab. 5.1 shows the specifica-
tions of the SRC, together with the values of the switched currents, and
the rms current stresses of the individual components as a basis for the
converter design.

5.3.1 MV-Side 10 kV SiC MOSFET Half-Bridge
On the MV-side, a 10 kV SiC MOSFET-based half-bridge comprising
Wolfspeed CPM3-10000-0350 devices in combination with a split DC-
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Tab. 5.1: Specifications and characteristics of the isolated DC/DC converter.
MOSFET on-state resistances given for Tj = 75 ◦C (MV-side) and Tj = 100 ◦C
(LV-side).

Parameter Symbol Value
Nominal power PN 25 kW
Switching frequency fsw 48 kHz
MV-side DC-link voltage UDC,MV 7 kV
LV-side DC-link voltage UDC,LV 400 V
MV-side DC-link capacitance C1, C2 500 nF
LV-side DC-link capacitance C3 70 µF
Resonance capacitance Cr 3.8 µF
Transformer leakage inductance Lσ 195 µH
Transformer magnetizing inductance Lh 4.1 mH
Transformer turns ratio n 52 : 6
MV-side transformer rms current IMV,rms 8.6 A
LV-side transformer rms current ILV,rms 70.6 A
Nominal phase shift td 300 ns
MV-side ZVS current IZVS,MV 4 A
LV-side ZVS current IZVS,LV 16 A
MV-side DC-link rms current IC1,C2,rms 4.8 A
LV-side DC-link rms current IC3,rms 30.9 A
MV-side switch rms current IS,MV,rms 6.0 A
LV-side switch rms current IS,LV,rms 50.0 A
MV-side switch resistance RDS,on,MV 400 mΩ
LV-side switch resistance RDS,on,LV 11.3 mΩ

link is used. For the determination of the semiconductor losses, the
conduction and the switching losses are calculated in the following.
With the on-state resistance and the rms current given in Tab. 5.1,
the total conduction losses of both MOSFETs are Pc,MV = 28.8 W
during full-load operation. Furthermore, although the MOSFETs are
operated under ZVS conditions, certain SSL arise as shown in Chap-
ter 3. Therefore, the calorimetrically measured SSL in Fig. 5.4(a),
taken from Chapter 3 and depicted again for a better readability,
are used to determine the switching losses. For a DC-link voltage of
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Fig. 5.4: (a) Calorimetrically measured soft-switching losses (SSL) of the
10 kV SiC MOSFETs for different DC-link voltages and currents (taken from
Chapter 3). (b) Calorimetrically measured SSL of one C2M0025120D
1200 V SiC MOSFET for different currents and a DC-link voltage of 400 V. To
verify the applied calorimetric SSL measurement method, the indicated point
is measured with constant conduction losses Pc and two different switching
frequencies.

UDC,MV = 7 kV and a switched current of IZVS,MV = 4 A, the en-
ergy loss per switching cycle and per MOSFET is EZVS,MV = 191 µJ.
Therefore, the MV-side switching losses at a switching frequency of
fsw = 48 kHz are Psw,MV = 18.3 W and together with the conduction
losses, the total MV-side semiconductor losses are 47.1 W at full load.

For the realization of the MV-bridge, the goal is to achieve a highly
compact design, despite the fact that large distances for the electrical
isolation are necessary for voltages in the MV range. According to the
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IEC 60950-1 International Standard [130], for a sustainable operation,
the required creepage distance for 7 kV is dcr = 32 mm, and the mini-
mum clearance distance is dcl = 17.5 mm. Therefore, during the design
of the PCB-based MV-bridge, possible creepage paths have to be iden-
tified and interrupted by creepage slots, which increase the breakdown
voltage since dcl < dcr.

Fig. 5.5 shows the realized MV bridge. The PCB interconnects
the DC-link capacitor with the low-side and the high-side MOSFETs,
whereby busbars (not visible) are used for the connection of the drain
terminals (i.e. the base plates) of the MOSFETs. Since both MOS-
FETs are mounted on one PCB, the full (switched) DC-link voltage
of UDC,MV = 7 kV occurs between the low-side and the high-side cir-
cuits on the PCB. In order to still achieve a highly compact design
despite the large required creepage distances, a creepage slot separates
the high-side from the low-side circuits. Furthermore, the gate driver
circuit developed in Chapter 2 with its highly compact 20 kV-rated
isolation transformers is used. These transformers are fed from driver
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m
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Insulation
transformer

Silicone tube

10 kV SiC
module

Fiber
optics

Current
transformer

Power supply
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Fig. 5.5: 10 kV SiC MOSFET-based half-bridge with DC-link capacitors and
gate driving circuitry including an ultra-fast OCP circuit, and 20 kV isolation
voltage rated (and tested) gate driver power supplies.
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circuits which are separated from the MV, whereby the required creep-
age distance is provided by silicone tubes that are enclosed in the in-
sulation material of the transformers. In order to protect the 10 kV
SiC MOSFETs against harmful overcurrents in case of e.g. an isola-
tion breakdown or an operational fault, the gate drivers are equipped
with the ultra-fast OCP circuit developed in Chapter 2, which reacts
within 22 ns and safely turns off all MOSFETs in case of a fault.

The 10 kV SiC modules are directly mounted on separate heat sinks
without any electrical insulation in order to achieve a low parasitic
switch-node capacitance compared to the solution of grounding the
heat sink and isolating it from the module with e.g. an aluminum
nitride plate. However, since the base plates of the modules are not
isolated (i.e. the base plates act as drain terminals), the heat sinks
(not shown) are floating on the respective drain potential such that the
fans have to be separated from them by a clearance distance of at least
dcl = 17.5 mm, as similarly done for the iTCM AC/DC converter in
Chapter 4. Although a certain part of the air flow is bypassing the
heat sinks, a thermal resistance of Rth,MV = 0.125 K/W per heat sink
is achieved and the expected heat sink temperature increase is less than
5 K, which is beneficial in terms of a low RDS,on and consequently low
conduction losses of the 10 kV SiC MOSFETs.

5.3.2 LV-Side 1200 V SiC MOSFET Full-Bridge

The LV-side of the isolated DC/DC converter is realized with 1200 V,
25 mΩ SiC MOSFETs C2M0025120D from Wolfspeed, since they of-
fer a low on-state resistance and a certain flexibility for future, e.g.
800 V, applications. However, in order to handle the high current on
the LV-side and to reduce the conduction losses, each switch of the
LV-side full-bridge consists of three parallel-connected C2M0025120D
MOSFETs. With the intention of a symmetric current distribution
among the three parallel MOSFETs per switch, the current path from
the DC-link capacitor through the bridge-legs to the AC-terminals must
be symmetric for all MOSFETs. Fig. 5.6 shows the realized layout of
the full-bridge. The MOSFETs of each half-bridge are lined up be-
tween the DC-link capacitors on the left side and the AC terminals on
the right side. This ensures an equal current path length through all
MOSFETs and guarantees a symmetric current distribution. Further-
more, the high-side MOSFETs (HS1...HS3) and the low-side MOSFETs
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Fig. 5.6: Bottom-view of the full-bridge layout for symmetrical current path
arrangement and/or equal current path lengths through the individual MOS-
FETs in the parallel connection. PCB current path only indicated for high-
side MOSFETs of half-bridge 1 (HB1), cf. S11 in Fig. 5.2(a), and low-side
MOSFETs of half-bridge 2 (HB2), i.e. S22 in Fig. 5.2(a). Each switch is
composed of three parallel-connected TO247 devices.

(LS1...LS3) in each half-bridge are placed alternately in order to mini-
mize the commutation loop inductance. Inductive switching tests show
that currents of up to 100 A can be switched without oscillations or
an asymmetric current distribution, as the homogeneous temperature
distribution observed on thermal images of the MOSFET cooling pads
prove.

For an estimation of the LV-side semiconductor losses, the con-
duction and the switching losses of the LV-side full-bridge are calcu-
lated. With the LV-side MOSFET rms current IS,LV,rms and the equiv-
alent on-state resistance RDS,on,LV of the parallel connection of three
C2M0025120D MOSFETs given in Tab. 5.1 (specified for Tj = 100 ◦C),
the conduction losses are Pc,LV = 113 W.

LV-Side SSL Measurements

Similar to the MV-side MOSFETs, also the SSL of the 1200 V SiC MOS-
FETs are not given in the datasheet. Therefore, calorimetric SSL mea-
surements with C2M0025120D MOSFETs are carried out for a drain-
source voltage of 400 V and different switched currents. Thereby, an
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inductor is connected to the AC terminals of the full-bridge, which is
soft-switched with a duty cycle of 50 %, leading to symmetrical tri-
angular current in the inductor. The switched current can be varied
via the switching frequency or the inductance value, where the MOS-
FETs always turn off the peak value of the triangular current under
ZVS conditions [124,217]. Besides the conduction losses during the on-
state of the MOSFETs, each turn-off event generates a certain amount
of SSL in the MOSFETs. The total LV-side semiconductor losses are
measured via the temperature increase of the heat sink and its ther-
mal resistance Rth (similar as shown in Section 4.4), which is known
from calibration measurements with constant DC power. In order to
extract the SSL out of the total losses, at the same time the conduc-
tion losses are determined by measuring the current and the on-state
voltage of the MOSFETs with a special on-state voltage measurement
circuit (OVMC) [218] during operation. For these SSL measurements,
the full-bridge is equipped with only one C2M0025120D MOSFET per
switch. Fig. 5.4(b) shows the resulting SSL per switching cycle for
a DC-link voltage of 400 V and different switched currents, measured
with a turn-off gate resistor of Roff = 2Ω. As can be seen, the SSL
increase approximately linearly with the current for low currents and
start increasing disproportionally for currents beyond 20 A.

To verify the measured SSL, a different measurement method is
applied. Thereby, the intention is to keep the conduction losses Pc con-
stant (by keeping the peak of the triangular current and therewith the
switched current isw constant) and to measure the total semiconductor
losses Psemi1 and Psemi2 (again calorimetrically via the temperature in-
crease and the Rth of the heat sink) at different switching frequencies
fsw1 and fsw2 [181]. Consequently, to keep the peak current constant
when the switching frequency is changed, the inductance value has to
be adapted accordingly. By taking the difference between the two mea-
sured loss values, the conduction losses cancel out and the SSL for the
switched current isw can be calculated as

EZVS,LV (isw) = Psemi2 − Psemi1

fsw2 − fsw1
. (5.2)

This method has been applied for a switched current of isw = 32.5 A
and as can be seen in Fig. 5.4(b), the obtained SSL match very well
with the curve obtained with the OVMC, which proves a high accuracy
of the measurement method.
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With the measured SSL of the LV-side MOSFETs, the SSL during
operation of the DC/DC converter can now be determined. Assuming
a symmetric current distribution among the three parallel MOSFETs
per switch of the full-bridge and a ZVS current of IZVS,LV = 16 A
(cf. Tab. 5.1), each MOSFET turns off a current of IZVS,LV/3 =
5.33 A. Consequently, the total LV-side switching losses of the four
power switches each consisting of 3 parallel MOSFETs are

Psw,LV = 4fsw · 3EZVS (IZVS,LV/3) = 1.56 W, (5.3)

whereby the the switching loss curve in Fig. 5.4(b) is extrapolated
towards lower currents in order to obtain the SSL value for a switched
current of 5.33 A. As can be noted, the SSL of the LV-side are very low,
considering the system power rating of 25 kW. However, in e.g. a DAB
topology operated with conventional phase shift modulation, where the
MOSFETs would be turned off at the peak of the current [219,220], the
SSL would become significant.
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Fig. 5.7: Picture of the LV-side 1200 V SiC-based full-bridge with three
parallel C2M0025120D MOSFETs per switch.
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LV-side Full-Bridge Hardware

Fig. 5.7 shows a picture of the realized 1200 V SiC-based LV-side full-
bridge. It consists of a 4-layer power PCB (140 µm outer and 105 µm
inner copper thickness), which holds the MOSFETs, the DC-link ca-
pacitors, the heat sink as well as the fans, and two gate drive PCBs
with isolated auxiliary supplies, each driving one half-bridge. The gate
signals are received via optical fibers from a central DSP-board. Fur-
thermore, current and voltage measurement circuits are implemented
for control and monitoring purposes. As can be seen, the bridge is
highly compact with dimensions of only 156× 100× 46 mm.

5.3.3 Resonance Capacitor
As shown in Fig. 5.2(a), the resonance capacitor Cr is connected in
series to the LV-side winding of the transformer and it not only acts
as resonance capacitor but also as DC-blocking capacitor in case the
voltage applied from the LV-side full-bridge contains a small DC offset,
e.g. due to incorrect switching times resulting from discretization errors
in the DSP. Further reasons not to place the resonance capacitor on the
MV-side are the split DC-link on the MV-side, which already takes
care of the DC-blocking, and the fact that no MV-insulation of the
resonance capacitor is required on the LV-side. The capacitance of
Cr can be calculated via the leakage inductance of the transformer
(as well as the additional stray inductance of the busbars) and the
desired resonance frequency, which is equal to the switching frequency
fsw and results in Cr = 3.8 µF. Care must be taken when the DC-link
capacitors are comparably small and start influencing the resonance
[221]. Due to the high transformer LV-side rms current of 70.6 A (cf.
Tab. 5.1), which also flows through the resonance capacitor Cr, a low-
loss capacitor with a high current rating is required. Therefore, and
with the purpose of offering a high flexibility regarding the value of Cr,
a parallel connection of 38 C0G ceramic capacitors in a 2220 package
(5.7× 5.0× 2.8 mm) with 100 nF each and a voltage rating of 450 V is
selected. With the dissipation factor of tan δ = 0.05 %, the capacitor
losses can be determined as PCr = 2.17 W at full-load operation. The
capacitor array is soldered between two copper plates for the connection
to the transformer and the PCB terminal. At full-load operation of the
converter, the capacitor temperature under natural convection is only
45 ◦C, which means that no additional cooling is required.
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5.3.4 MF MV Transformer
One of the key components of the isolated DC/DC converter at hand
is the MF MV transformer, which is responsible for the voltage step-
down and the galvanic isolation between the MV-side and the LV-side.
Although it is well-known in power electronics how to design MF trans-
formers (for voltages below 1 kV) and it is well-known from power sys-
tems how to design the electrical insulation of MV or even HV 50/60 Hz
transformers, the combination of MF and MV in a transformer is very
challenging in many aspects. Only the recent development of SiC MOS-
FETs with blocking voltages of 10 . . . 15 kV and their outstanding soft-
switching capabilities allow for the combination of switching frequen-
cies around 50 kHz and switched voltages in the 5 . . . 10 kV range. With
these conditions and the aim for a highly compact design (which directly
excludes oil as insulation and cooling medium for this power level due
to the required oil-expansion tank and dehydration breather), two ma-
jor problems arise. Due to the MV, the insulation material layer, which
encapsulates the MV winding and isolates it from the LV winding and
the core, has to be designed rather thick. However, the losses of the MV
winding have to be extracted by heat conduction through the insulation
material, which typically features only a very low thermal conductiv-
ity. Furthermore, in a highly compact transformer, the surface area
for the heat extraction is small and consequently, the cooling of the
MV winding is very challenging. Secondly, due to the combination of
the high switching frequency and the high switched voltage, dielectric
losses inside the insulation material can lead to local hotspots, to ther-
mal degradation and even to a thermal runaway [154]. Consequently, it
is important to select a suitable insulation material and to consider the
dielectric losses during the design process of the MF MV transformer.

Transformer Pareto Optimization

With the purpose of achieving a highly compact and efficient trans-
former, an optimization with respect to power density and efficiency
is performed. For the high targeted efficiency and power density, only
ferrite core material, litz wire and shell-type windings are considered.
While the magnetizing inductance, the core material (BFM8) and the
isolation distances are fixed, a sweep over the following parameters is
carried out and the winding, the core, and the dielectric losses within
the transformer operated at nominal power are determined by coupled
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FEM simulations:

I operating frequency;

I core shape (U-core or E-core);

I core dimensions;

I number of layers and chambers on the MV-side;

I number of turns on the MV and the LV-side;

I litz wire diameter and number of strands;

I strand diameter.

The simulations include HF effects in the litz wire [222–224], the
fringing field of the air gap [225], and the effects of the non-sinusoidal
magnetic flux by calculating the core losses using the iGSE [226]. Dur-
ing the simulation, transformer designs which exceed a certain current

F
re

qu
en

cy
 [

kH
z]

20

30

40

50

60

70

99.2

99.4

99.6

99.8

100

5 10 15 20

E
ff

ic
ie

nc
y 

[%
]

Power density [kW/L]

Effective volume

terminations 
including fan and

Meas. efficiency

Selected design
without fan and terminations

Fig. 5.8: Power density/efficiency Pareto optimization of the MF MV trans-
former for different operating frequencies (color-coded). The optimization
does not include the volume of the fan and the terminations. Therefore,
these volumes are added separately and the effective volume of the selected
design is indicated in the figure. Additionally, the measured efficiency, which
is slightly lower than the simulated efficiency (99.64 % compared to 99.69 %,
i.e. 0.05 % difference), is shown.
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Tab. 5.2: Key parameters of the realized MF MV transformer.

Parameter Value
Nominal power 25 kW
Operating frequency 48 kHz
Terminal voltages ±3.5 kV/± 400 V
Winding 52:6 turns, litz wire, shell-type
MV litz winding 630× 71 µm, three layers, two chambers
LV litz winding 2500× 100 µm, single layer
Core type U-core, BFM8 ferrite, 2500 mm2

Air gap 2× 1.1 mm
Insulation 4.0 mm thickness, designed for 15 kV

density in the windings, a certain core loss density, or a certain di-
electric loss density in the insulation material are discarded in order
to avoid designs which would cause a thermal runaway of the trans-
former. Fig. 5.8 shows the results of the Pareto optimization of the
transformer for different operating frequencies. As can be seen, there
is a trend towards higher possible efficiencies and power densities for
an increasing operating frequency. However, the efficiency gain be-
tween 50 kHz and 70 kHz is rather insignificant and a selection of a high
switching frequency would also lead to an increase of the soft-switching
losses and hence to a decrease of the total converter efficiency. In order
to reach the DC/DC converter’s full-load efficiency goal of 99.0 %, the
maximum allowed transformer losses are 75 W, given the fact that the
MV-side and the LV-side bridges, the resonance capacitor, the auxiliary
supplies, and the fans together generate around 175 W of losses. There-
fore, a design with a calculated efficiency of 99.69 % and an operating
frequency of 48 kHz is selected. The selected transformer is a U-core
design, which features a larger exposed area of the winding package for
the forced convective cooling and an easier construction of the litz wire
terminations compared to E-core designs. The selected transformer de-
sign is indicated in Fig. 5.8; if the volumes of the fan and the litz
wire terminations are included, a slight reduction of the power density
results. Furthermore, the design point of the realized transformer with
its calorimetrically measured efficiency (cf. Section 5.3.4) is shown in
the Pareto plot and as can be noted, the simulated and the measured
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Fig. 5.9: FEM simulation of the electric field distribution (rms values) of
the transformer for a ±3.5 kV/400 V excitation.

efficiencies (99.69 % and 99.64 %, respectively) are very close, which in-
dicates an accurate simulation as well as an accurate measurement of
the transformer losses.

Tab. 5.2 lists the key parameters of the realized transformer design
and as can be noted, a two-chamber winding is selected on the MV-
side in order to reduce the electric field stress between the three layers
of the MV winding, which increases the reliability of the electrical in-
sulation. For a deeper analysis of the electric field strength inside the
transformer winding package and the surrounding air, the result of a 2D
FEM simulation is shown in Fig. 5.9, whereby the insulation material
has been modeled with its permittivity given in Tab. 5.3. As can be
seen, the maximum rms electric field is 15 kV/cm and the peak value is
more than 10 times below the electric breakdown field strength of the
utilized insulation material. It has to be noted that a higher electric
field would lead to quadratically higher dielectric losses

Pins ∝ E2 · fsw · tan δ, (5.4)

and possibly to partial discharges, which both would enhance the mate-
rial’s ageing process due to local hot spots and degradation. As will be
shown by calorimetric measurements in Section 5.3.4, the dielectric
losses account for a significant part of the total transformer losses and
cannot be neglected as in case of MF LV transformers.

169



Chapter 5. 10 kV SiC-Based Isolated Bidirectional 7 kV/400 V
DC/DC Converter

MV windingLV windingChamber walls

Coil
formers

LV termination

Isolation
distance

Core
spacer

Fig. 5.10: Picture of the MV and LV transformer windings on their 3D-
printed coil formers. The isolation distance between the MV and the LV
windings, as well as the chamber walls separating the two MV winding cham-
bers can be seen.

A more detailed analysis of the optimization of this MF MV trans-
former as well as a description of the underlying models is given in [79].

Construction of the Transformer Windings

Due to their different electric potentials, the MV and LV windings have
to be isolated from each other by an electrical insulation material. In
order to guarantee that the insulation material thickness between the
MV and the LV windings is constant at a value of 4.0 mm, the MV
and the LV windings are wound on individual 3D-printed coil form-
ers (material: polycarbonate) and assembled concentrically, as shown
in Fig. 5.10. For the cooling of the windings, the LV coil former is
equipped with core spacers (cf. Fig. 5.10), which separate the core
from the winding package by a certain distance and allow an air flow
to pass in between. Furthermore, polypropylene spacers are used be-
tween the three layers of the MV winding in order to keep a distance of
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0.8 mm between the individual layers, such that the insulation material
can flow into the interspaces during the subsequent potting process.
Additionally, for the monitoring of the winding temperature, several
NTC temperature sensors are placed close to the LV windings. Once
the windings are assembled, the HF litz wires are soldered into the
intended copper terminations to guarantee a low contact resistance.

Vacuum Pressure Potting of the Transformer Windings

For the potting of the windings, the coil formers are closed with an-
other 3D-printed part, resulting in a sealed winding package which is
then filled up with the insulation material. As already mentioned, stan-
dard insulation materials such as Epoxy resins are unsuitable for MF
MV applications due to their typically low thermal conductivity and/or
high dielectric losses. Therefore, a two-component silicone compound
(containing thermally conductive particles) of type TC-4605 HLV from
Dow Corning is used. The properties of this material are listed in
Tab. 5.3. An additional advantage compared to epoxy resin is the
mechanical flexibility of the silicone, which prevents it from cracking
during the curing.

The utilized silicone shows outstanding dielectric and thermal prop-
erties but reacts highly sensitively to amines, amides, nitriles, and al-
cohols etc. during the curing process. These substances might be con-
tained e.g. in adhesives used for the mechanical fixing of the turns
during the construction of the windings. When the still liquid silicone
comes in contact with one of these substances, it might not cure prop-
erly, preventing it from developing its dielectric properties [227]. There-
fore, the compatibility of the silicone to any adhesives or in general to
any materials contained in the winding package has to be verified. It has

Tab. 5.3: Properties of the utilized silicone Dow Corning R© TC-4605 HLV.

Property Value
Dielectric strength 24 kV/mm
Dielectric constant εr < 4.1 for f > 50 kHz
Dissipation factor tan δ < 0.8 % for f > 50 kHz
Thermal conductivity 1 W/(m K)
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Fig. 5.11: (a) Schematic drawing and (b) picture of the silicone vacuum
pressure potting (VPP) process of the transformer winding package. Both
vessels are evacuated (30 mbar) to devolatilize the liquid silicone. Then, the
pressure in the right vessel is increased, pressing the silicone through the
tubes into the sealed winding package, from where the excessive silicone flows
into a collecting tray. After the filling process, the pressure is increased to
atmospheric pressure again, in order to compress possible vacuum cavities.
Finally, the silicone is cured at 120 ◦C.
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been found that e.g. cyanoacrylate-based instant adhesives and UV ad-
hesives are unsuitable, whereas two-component instant adhesives, such
as LOCTITE 3090, for example, have been used successfully.

To guarantee a high reliability of the MV-insulation, the insulation
material must be free of cavities or other imperfections, which can lead
to partial discharges. To achieve this, a vacuum pressure potting (VPP)
process, as shown in Fig. 5.11(a), is used. Thereby, the already mixed
liquid two-component silicone and the winding package are placed in
two separate vessels. With a vacuum pump, both vessels are evacu-
ated down to a pressure of 30 mbar while valves 1 , 3 , 4 and 6 are
open. Since there is no silicone yet in the collecting tray, the tubings
and the sealed winding package are evacuated as well. After a certain
time, when the liquid silicone is devolatilized, valves 4 and 6 are
closed. The pressure in the right vessel is then slightly increased by
shortly opening valve 2 , which presses the liquid silicone into the tub-
ings and from bottom to top through the winding package. To remove
possible cavities inside the winding package, this process is not stopped
before approximately 300 mL of the liquid silicone have flown through
the winding package into the collecting tray. For the further steps, it is
important that both ends of the tubings are located below the surface
of the liquid silicone, such that no air can enter. Now, valve 1 is closed
and both vessels are pressurized again to atmospheric pressure, com-
pressing possible vacuum cavities inside the winding package. Finally,
the tubes entering and leaving the winding package are clamped to
avoid any further flow of the silicone and the winding package is cured
for several hours at a temperature of 120 ◦C in order to activate the
adhesion of the silicone to other materials. The best results regarding
adhesion are achieved when the temperature is applied directly after the
VPP process, although the curing itself does not require an increased
temperature. However, if the temperature is only applied after the cur-
ing at room temperature, the silicone might detach from the coil former,
leading to undesired vacuum or air cavities between the coil former and
the silicone. Fig. 5.11(b) shows a picture of the VPP setup with the
two vacuum vessels and the sealed winding package. The covers of the
vacuum vessels are made out of acrylic glass and each vessel is equipped
with a pressure gauge to enable the monitoring of the process by eye.
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Transformer Prototype

The assembled transformer consisting of the winding package and the
ferrite cores is shown in Fig. 5.12. As can be seen, the core spacers
of the winding package separate it from the core by a certain distance,
forming an air channel for the forced convection cooling of both, the
core and the windings. However, since the insulation between the LV
winding and the inner wall of the winding package is not designed for
MV but only for LV (cf. Fig. 5.9) and since the core spacers represent
a direct creepage path between the winding package and the cores, the
cores must be tied to ground potential. For this reason, a grounding
bar is attached to the ferrite cores with the help of a conductive silver
adhesive.

In operation, the transformer is cooled by a fan (not shown), which
provides an air flow onto the cores, the winding package and through

Core

LV terminations

MV terminations

Winding
package

Grounding bar

170 mm

96
 m

m

60 m
m

123
m

m
12

5 
m

m

Fig. 5.12: Picture of the realized 25 kW MF MV transformer consisting of
three BFM8-ferrite U-core sets and the winding package with the mounted
MV-side and LV-side terminations.
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the air channel in between. The dimensions of the transformer are
indicated in Fig. 5.12 and the boxed volume of the transformer itself
is 2.6 L and the volume is 3.4 L when also the terminations and the
fan are included. Therefore, the 25 kW MF MV transformer achieves a
power density of 7.35 kW/L (including the fan and the terminations).

Transformer Measurements

To characterize the efficiency of the transformer as one of the key com-
ponents of the isolated DC/DC converter at hand, electrical or calori-
metric measurement methods can be applied. However, it has been
shown that electrical efficiency measurements of highly efficient systems
(either converters or individual power components) are inaccurate, even
in case the input and output voltages and currents are DC or 50 Hz AC
(cf. Section 4.4.1). Consequently, even larger measurement errors can
be expected in case of an electric efficiency measurement of an MF MV
transformer operated with switched voltages due to skews between the
voltage and current measurements and the limited bandwidth of the
measurement devices. Therefore, instead of electrically measuring the
input and output power of the transformer to determine its efficiency,
its losses are directly measured calorimetrically. With the aim of not
only determining the total losses of the transformer but also the loss
distribution among the windings, the core, and the insulation material,
these loss components are measured independently in a highly accurate
two-chamber calorimeter [228].

Fig. 5.13(a) shows the measurement setup for the determination of
the winding losses. For this purpose, the LV winding of the transformer
is shorted, and since the currents during the operation of the DC/DC
converter are quasi-sinusoidal, a sinusoidal current with a frequency of
48 kHz (which is the operation frequency of the DC/DC converter) is
impressed into the MV winding. Due to the short circuit on the LV-
side, the magnetic flux in the core is nearly zero and no core losses
but only winding losses PCu,load in the equivalent resistance RCu of
both windings caused by the sinusoidal load current occur and can be
measured calorimetrically for different amplitudes (i.e. different loads).

Furthermore, the circuit for the measurement of the core losses is
shown in Fig. 5.13(b). Thereby, the MV-side of the transformer is left
open, while a rectangular voltage is applied to the LV winding, creating
a triangular magnetizing current and magnetic flux with equal values as
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during real operation of the DC/DC converter. Besides the actual core
losses Pcore, also the small part of the ohmic and air gap fringing-field-
related winding losses PCu,mag generated by the magnetizing current
during DC/DC operation is measured, but together with the (orthogo-
nal) losses from the winding loss measurement with the sinusoidal load
current (cf. Fig. 5.13(a)) add up to the correct total winding losses,
i.e. PCu = PCu,load + PCu,mag. Furthermore, in this arrangement, the
dielectric losses in the insulation material are present as well. How-
ever, the dielectric losses are measured individually (as shown below)
to separate them from the core losses.

Since the losses of ferrite material are typically strongly temperature
dependent, the core temperature during the core loss measurement must
be equal to the core temperature during the operation of the DC/DC
converter. Due to the air channel between the winding package and
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Fig. 5.13: Calorimetric measurement setups for (a) the winding losses, (b)
the core losses, and (c) the dielectric losses Pins in the insulation material of
the transformer.
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the ferrite cores of the transformer, their thermal coupling is extremely
low. Accordingly, the core temperature and hence the core losses are
not significantly influenced by the winding temperature during the con-
verter operation. For this reason, the core temperature and therewith
the core losses can be assumed as constant over the whole power range,
since always the same voltage time area is applied to the transformer
independently of the transferred power.

As already mentioned, due to the combination of the high voltage
and the high frequency, dielectric losses occur in the insulation material.
To determine these losses by measurement, the circuit in Fig. 5.13(c)
is used. As can be seen, the transformer is shorted on both sides and
grounded on the LV-side. The MV-side is excited by a rectangular volt-
age generated by the MV-side bridge-leg (cf. Section 5.3.1) with the
same frequency (48 kHz), rise time (600 ns), and amplitude (±3.5 kV)
as during real converter operation. Thereby, the parasitic CM capac-
itances CCM between the MV and the LV windings are charged and
discharged, which in combination with a certain dissipation factor tan δ
causes dielectric losses that are measured calorimetrically. As can be
noticed, with this pure CM excitation, only the CM-component of the
dielectric losses are included. However, in converter operation, there is
also a differential-mode (DM) voltage across the MV winding, which
causes dielectric losses in the inter-layer insulation as well. To also in-
clude these losses, the electric field FEM simulation (cf. Fig. 5.9) is
calibrated in such a way that the pure CM insulation losses match with
the measurement, before the simulation is extended to also include the
DM losses.

The distribution of the calorimetrically measured transformer losses
is shown in Fig. 5.14 together with the efficiency curve over a load
range from 5 kW to 30 kW. Besides the winding, core and dielectric
losses, the losses caused by the fan for the cooling of the transformer
are also included. As can be seen, at full load (25 kW), the mea-
sured efficiency reaches 99.64 %. Furthermore, with a loss distribu-
tion of PCu = 34.8 W (winding losses), Pcore = 43.2 W (core losses),
Pins = 8.0 W (dielectric losses), and Pcooling = 5.8 W (cooling losses),
it can be noted that the dielectric losses account for 9 % of the total
transformer losses and therefore indeed have to be considered in MF MV
transformer designs, especially regarding a possible thermal runaway.

If for the calorimetric transformer loss measurement the following
measurement errors are assumed: 25 % for the core losses (due to the
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Fig. 5.14: Calorimetrically measured distribution of the transformer losses
together with the transformer efficiency curve. At the rated converter power
of 25 kW, the transformer efficiency reaches 99.64 %.

strong temperature dependency), 20 % for the winding losses, 40 % for
the dielectric losses (since only the CM part is measured and the DM
part is determined by a re-calibrated simulation), and 2 % for the cool-
ing power, a total efficiency measurement error of ±0.08 % results for
the transformer, i.e. its efficiency is in the range of 99.64 %± 0.08 % =
(99.56 % . . . 99.72 %).

5.4 Experimental Setup and Results
For the experimental verification and the efficiency evaluation of the
realized DC/DC converter, an appropriate test setup is required. Due
to its bidirectionality, the converter can either be supplied from the
LV-side or the MV-side, whereby the transferred power is dissipated in
a variable load resistor in order to be able to operate the converter at
different power levels. In this case, the converter is supplied from the
400 V-side by two paralleled 0...500 V, 0...40 A power supplies (Rega-
tron TopCon Quadro TC.P.16.500.400.S). During converter operation,
the voltages and currents at the transformer terminals are measured
especially in order to see whether or not the converter operates under
ZVS conditions on both sides. For this purpose, a LeCroy HDO4054A
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oscilloscope in combination with Pearson current transformers and dif-
ferential voltage probes (LeCroy HVD3605 ) is used.

For the measurement of the complete system efficiency, the losses
of all main power components have to be measured. As already men-
tioned, calorimetric measurement methods achieve a much higher accu-
racy compared to electrical measurement methods. Since the efficiency
curve of the transformer is already characterized calorimetrically (cf.
Fig. 5.14), the remaining main sources of losses are the 10 kV SiC
MOSFETs on the MV-side and the 1200 V SiC MOSFETs on the LV-
side. The power demand of the auxiliary supplies for the gate drivers
and the cooling system can easily be measured electrically, whereby the
relatively small losses of the resonance capacitor Cr are taken from the
calculation in Section 5.3.3.

For the accurate measurement of the semiconductor losses, the steady-
state temperature increase of their heat sinks is measured and together
with the thermal resistances of the heat sinks, which are known from cal-
ibration measurements with constant power, the semiconductor losses
can be determined accurately (cf. Section 4.4.2). While high precision
NTCs are used for the measurement of the heat sink temperature on
the LV-side, a fiber-optic measurement system (Optocon FOTEMPMK-
19”), which measures the temperature at the tips of up to 10 non-
conductive optical fibers, is used to determine the temperature of the
floating heat sinks on the MV-side. Due to the relatively small tem-
perature increase of the MV-side heat sinks of ∆ϑss = 4 K at full-load
and a resolution of 0.2 K of the fiber optic temperature measurement,
the measurement error is 10 %. Together with an assumed deviation
of the thermal resistance of 5 %, the maximum expected error (for the
full-load operating point) is eHS,MV = 15 %. On the LV-side, however,
the resolution of the NTCs used for the temperature measurement is
0.1 K and leads together with a steady-state temperature increase of
16.5 K at full-load to a measurement error of ±1.2 %. With an assumed
deviation of the thermal resistance of ±5 %, the worst case error of the
LV-side semiconductor loss measurement is eHS,LV = ±6.2 %.

5.4.1 Measured Waveforms

Fig. 5.15(a) shows the measured voltage and current waveforms at
the MV-side and the LV-side transformer terminals during full-load
operation (25 kW) of the DC/DC converter, together with the magne-
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tizing current obtained by taking the difference between the MV-side
and the transformed LV-side current. As can be seen, the waveforms
are smooth and are free of any oscillations, which verifies the careful
design of the converter. In Figs. 5.15(b) & (c), a magnified view of
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Fig. 5.15: (a) Measured voltage and current waveforms during 25 kW op-
eration of the converter. The magnetizing current iµ is determined as the
difference between the MV-side current iMV and the transformed LV-side
current iLV. (b) & (c) Magnified views of the voltages and currents during
the rising and falling voltage transition, respectively. Practically the total
magnetizing current iµ is available for ZVS on the MV-side, whereas the
current spikes are utilized for achieving ZVS on the LV-side.
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the waveforms in the vicinity of the rising and falling voltage transi-
tions is shown. It can be seen that the MV-side bridge switches almost
the entire magnetizing current, whereby the LV-side bridge switches
the current peak generated by the different rise/fall times of the MV-
side and the LV-side voltage transitions. This means that both, the
MV-side and the LV-side are operated under ZVS conditions and since
the magnetizing current is load-independent, ZVS is achieved over the
complete load range without a need for adjusting any parameters such
as e.g. the phase shift or the switching frequency. During the mea-
surements at different power levels, the robustness of the SRC against
small changes in the switching frequency and the phase shift has been
tested, especially regarding whether or not all semiconductors operate
under ZVS conditions. Thereby, it has been found that the modulation
is extremely robust due to its self-stabilizing effect (cf. Section 5.2.1),
and ZVS is maintained even for changes in these parameters of up to
±10 %. Comparing the measured waveforms in Fig. 5.15 to the sim-
ulated waveforms in Figs. 5.2 & 5.3, an almost perfect matching can
be noticed.

5.4.2 Efficiency Measurements

One of the most important key characteristics of a power electronic con-
verter is its efficiency, since the related energy losses are closely coupled
to the operating costs of the converter during its lifetime. Therefore, the
efficiency of the DC/DC converter is characterized for different loads be-
tween 5 kW and 25.6 kW. The calorimetrically measured efficiency curve
is shown in Fig. 5.16. As can be seen, an efficiency of 99.0 % in the
power range between 13 kW and 25 kW is achieved. This means that, in
contrast to similar converters described in literature [214,229,230], the
realized DC/DC converter not only achieves three times lower (relative)
full-load losses, but is also well suited for partial load operation, e.g. in
a redundant system, where two converters in parallel supply a critical
load and are therefore operated at 50 % of their rated power [231]. With
the given accuracy of the individual calorimetric measurements, the ac-
curacy of the total DC/DC efficiency is ±0.08 %, i.e. the efficiency is
between 98.92 % and 99.08 %.
For a deeper analysis of the individual loss components of the DC/DC
converter, Fig. 5.17 shows the calorimetrically measured loss distri-
bution. As can be seen, the LV-side MOSFETs and the transformer
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ter 6.

are responsible for the largest share of the losses, whereby the MV-side
MOSFETs, the auxiliary supply power, and the resonance capacitor
losses account for only a minor loss contribution. Whereas the trans-
former losses cannot be improved significantly any more (due to the
given material properties), the LV-side MOSFET losses of 116 W (which
match very well with the calculated losses of 113.8 W) could easily be
decreased by a factor of two by replacing the 2nd generation 1200 V,
25 mΩ SiC MOSFETs with the latest 3rd generation 900 V, 11.5 mΩ
SiC MOSFETs. However, even then the LV-side MOSFET conduction
losses would still be significantly higher compared to the MV-side MOS-
FET conduction losses. To obtain equal conduction losses in both, the
MV-side and the LV-side MOSFETs, the following conditions would
have to be fulfilled, whereby the factor of two arises from the half-
bridge/full-bridge configuration (magnetizing current neglected):

2RDS,on,LV ·
(

P

UDC,LV

)2
= RDS,on,MV ·

(
2P

UDC,MV

)2
, (5.5)

RDS,on,LV = 2RDS,on,MV ·
(
UDC,LV

UDC,MV

)2
= RDS,on,MV

153 . (5.6)
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Fig. 5.17: Measured loss distribution of the DC/DC converter’s main com-
ponents over the power range from 5 kW to 25.6 kW.

Consequently, based on an MV-side on-state resistance of RDS,on,MV =
400 mΩ, the LV-side on-state resistance would have to be RDS,on,LV =
2.6 mΩ according to (5.6) for equal MV-side and LV-side conduction
losses. Such a low on-state resistance could be achieved by using e.g.
5 parallel 900 V, 11.5 mΩ SiC MOSFETs per switch. However the to-
tal SiC chip area on the LV-side would be 4.8-times higher than the
total SiC chip area on the MV-side in this case. This underpins the ex-
tremely good performance of the 10 kV SiC MOSFET technology, or in
other words, as long as the RDS,on does not scale better than quadrat-
ically with the blocking voltage for the same chip area (cf. (5.6)), the
MV-MOSFETs will always outperform the LV-MOSFETs. This can
be explained by the fact that the SiC MOSFET channel resistance be-
comes much less significant compared to the SiC bulk resistance with
increasing blocking voltage, therefore the total RDS,on is closer to its
theoretical limit for MOSFETs with higher breakdown voltage [189].

Furthermore, comparing the measured full-load MV-side MOSFET
losses of 36.5 W to the calculated losses of 47.1 W, a significant differ-
ence can be noticed. This can be explained by the antiparallel SiC
JBS diode chip (CPW3-10000-Z020B) contained in the 10 kV modules.
With a forward voltage threshold of 1 V and a differential resistance of
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300 mΩ, circuit simulations show that the JBS diode conducts a sig-
nificant part of the load current during full-load converter operation
with a power flow from the LV-side to the MV-side. This results in
an equivalent RDS,on of 232 mΩ and total MV-side conduction losses of
16.7 W instead of 28.8 W calculated with the RDS,on,MV of 400 mΩ of
the MOSFET chip itself. Thus, together with the MV-side switching
losses of Psw,MV = 18.3 W, the total MV-side semiconductor losses sum
up to 35 W, which is very close to the measured value. For a power flow
from the MV-side to the LV-side, where the antiparallel JBS diodes do
not conduct any current, conduction losses of 28.8 W would appear and
would lead to a slight decrease (< 0.05 %) of the converter efficiency
compared to a power flow from the LV-side to the MV-side.

5.5 Summary
In this chapter, the bidirectional isolated 25 kW, 48 kHz, 7 kV to 400 V
DC/DC back end converter of the SST employing 10 kV SiC MOSFETs
on the MV-side has been realized and tested. Due to its tight coupling
of the input and output voltages and the ability to achieve ZVS in all
semiconductors, an SRC topology operated at resonance frequency and
therefore implementing a ”DC transformer” is selected. Due to the sig-
nificantly higher parasitic output capacitances COSS of the 10 kV MV-
side SiC MOSFETs and the consequently much slower voltage transi-
tions compared to the LV-side, a special modulation scheme is required.
A small phase shift between the gate control signals of the MV-side and
the LV-side bridge-legs is introduced, which allows an active sharing of
the magnetizing current between the MV and the LV-side and therefore
enables ZVS on both sides.

The design of all main power components of the DC/DC converter
is presented in detail with a focus on the MF MV transformer and
its electrical insulation. It is highlighted that the proper selection of
the insulation material is extremely important, since a material with
a low dissipation factor and a high thermal conductivity is required to
avoid a thermal runaway and hence the destruction of the transformer
insulation material. Therefore, a thermally highly conductive silicone
compound is selected and the vacuum potting process (VPP) of the
winding package is described in detail. For a deeper analysis, the dis-
tribution of the transformer losses among the core, the winding, and
the insulation material is measured calorimetrically and it is found that
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the dielectric losses account for 9 % of the total transformer losses and
have to be considered in MF MV transformer designs. The transformer
reaches a measured efficiency of 99.64 % at 25 kW transferred power.

Measurements at different power levels show that all switches are
operated under ZVS and that the modulation scheme is highly ro-
bust against changes in e.g. the switching frequency and/or the phase
shift. Finally, the converter efficiency is measured calorimetrically in
the power range between 5 kW and 25.6 kW, achieving an efficiency of
99.0 % between 13 kW and 25.6 kW, at a power density of 3.8 kW/L
(63 W/in3, referenced to 25 kW). Due to the extremely flat efficiency
curve, the realized DC/DC converter is also well suited for partial load
operation. Furthermore, from the calorimetrically measured loss distri-
bution, it can be seen that the LV-side conduction losses account for
the largest part of the converter losses. Accordingly, by simply replac-
ing the 1200 V LV-side SiC MOSFETs with latest generation 900 V SiC
MOSFETs, the LV-side conduction losses could be decreased by a factor
of two, resulting in a total DC/DC converter efficiency beyond 99.2 %.

Compared to 10 . . . 15 kV SiC MOSFET-based isolated DC/DC con-
verters with similar specifications, the realized converter in this work
generates three times less (relative) losses and achieves a 2.5 times
higher power density.
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6
Conclusion & Outlook

The conspicuous consequences of the climate change have led to an
increased environmental awareness of society, industry, and poli-

tics. To limit the effects of the climate change, a significant reduction
of the greenhouse gas emissions and hence a drastic decrease of the fos-
sil fuel consumption is necessary especially in the transportation and
the electricity generation sectors. On the other hand, one of the main
goals of the modern society is economic growth, which is, however,
closely linked to an increasing energy consumption. To enable both,
a decrease of the greenhouse gas emissions and a growth of the global
economy, renewable energy sources have to replace fossil fuels in the
future. Accordingly, PV power and wind power generation have grown
significantly in the past decade and together reached an installed ca-
pacity of 1 TW by 2018.

At the same time, to utilize the electricity generated by renewable
sources, an electrification of the transportation sector is necessary. This
means that passenger cars, public buses, freight trucks, and in future
even ships and aircrafts have to be electrified. Furthermore, other large-
scale DC-loads such as data centers are assumed to increase their (highly
energy-demanding) computational power significantly over the coming
years. For these reasons, a substantial increase in the consumption of
electric energy can be expected in the near future and a large share of
the consumed energy will be provided via LV-DC (e.g. 400 V DC) buses,
e.g. for data centers and EV battery charging applications. Further-
more, on the generation-side, PV-power plants and wind turbine gen-
erators with subsequent rectifiers represent DC-sources. Accordingly,
since the distribution grid is implemented as MV-AC grid, MV-AC to
LV-DC conversions are required on the load-side and LV-DC to MV-AC
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conversions are required on the generation-side.
In this context, SSTs are considered as a more efficient, more com-

pact, and more flexible solution to interface an LV-DC bus to the MV-
AC grid compared to the state-of-the-art solution employing an LFT
and an AC/DC converter. With the goal to increase the efficiency of
the power supply chain of data centers and to supply single server racks
directly from the MV-AC grid, a 25 kW, 3.8 kV AC to 400 V DC SST
has been realized and tested in this thesis.

In contrast to multi-cell SSTs consisting of several series-connected
converter cells to interface the high voltage on the MV-side, a single-cell
approach consisting of a single-cell AC/DC front end and an isolated
DC/DC converter, both based on latest generation 10 kV SiC MOS-
FETs, has been implemented.

6.1 Results and Conclusions
The two main performance indicators for an SST are its efficiency and
its power density. In Chapter 4 and Chapter 5, these performance
indicators are separately given for the iTCM AC/DC converter and
the isolated DC/DC converter, respectively. To finally demonstrate the
performance of the total SST system, Fig. 6.1 shows the efficiency of
both individual converters and of the total SST, i.e. the product of
both efficiency curves. As can be seen, the the full-load efficiency of the
3.8 kV AC to 400 V DC SST reaches a value of 98.1 % and hence even
surpasses the full-load target efficiency of ηSST = 98 %.

Additionally, Fig. 6.1 shows the achieved efficiency of the SST
proposed by Fuji Electric, which is used as a benchmark system to
compare the performance of the realized SST to an existing SST with
similar specifications. As can be seen, the SST treated in this the-
sis shows a significantly higher efficiency over the entire power range
and with its 98.1 % full-load efficiency exceeds the full-load efficiency
of the Fuji Electric SST by 2.1 %, or in other words, generates less
than half the losses. Furthermore, with the achieved power densities of
ρAC/DC = 3.28 kW/L and ρDC/DC = 3.8 kW/L for the iTCM AC/DC
stage and the isolated DC/DC converter, respectively, a total power
density of ρSST = 1.76 kW/L results. Compared to the power density
of 0.4 kW/L of the system of Fuji Electric, the realized SST is more
than four times smaller. This shows that the single-cell approach with
10 kV SiC MOSFETs is superior to the much more complex multi-cell
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Fig. 6.1: Calorimetrically measured efficiency of the realized iTCM AC/DC
converter and the isolated DC/DC converter as well as the total efficiency
of the SST. The full-load efficiency of the SST reaches 98.1 % and thus even
surpasses the full-load target value of 98 %. Additionally, the efficiency of the
multi-cell SST of Fuji Electric [92] (used as benchmark) is given and as can
be seen, the SST developed in this thesis outperforms the multi-cell approach
by more than 2 % at full load, i.e. generates less than half the losses.

approach.
To achieve this unprecedented performance, many different aspects

have been addressed and improved in this thesis compared to state-
of-the-art solutions. Thereby, a complete technology-package for the
implementation of highly efficient AC/DC and isolated DC/DC con-
verters based on 10 kV SiC MOSFETs has been developed and the most
important findings are listed in the following.

I To enable a highly compact design of MV converters of this power
class, not only the main power components but also the auxiliary
hardware such as the isolated gate drivers have to be realized as
compact as possible. Contrary to the most prominent approach
in literature, which is to isolate the auxiliary transformers of the
gate drivers with air as insulation medium, a proper insulation
material as well as a special transformer design, which features
only one isolation barrier, are employed in order to decrease the
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volume of the isolated gate drivers. Due to the very low volume of
the developed isolation transformers, it is possible to integrate the
entire gate driver circuit into future intelligent MV SiC modules,
which allows to further improve the switching behavior of the de-
vices due to the lower achievable gate loop inductance and at the
same time significantly simplifies the design process of MV con-
verters, since no external isolation measures are required anymore
for the gate drivers. The achieved coupling capacitance of the iso-
lation transformer is only 2.6 pF and tests have shown that it can
reliably withstand a 20 kV DC voltage and the voltage stresses oc-
curring during operation in MV AC/DC and DC/DC converters
with DC-link voltages of 7 kV and switching frequencies beyond
125 kHz.

I In MV converters, so-called flashover faults (FOF) can occur e.g.
due to an insulation failure of one of the switches in a bridge-leg
configuration or an insulation failure in the main transformer. To
protect the 10 kV SiC devices from destruction due to the result-
ing overcurrents, it is of high importance to provide a reliable
and robust overcurrent protection (OCP) circuit which is able
to withstand the extremely high voltage and current transients
during an FOF and to safely turn off the device. The realized
ultra-fast OCP features a reaction time of only 22 ns and it has
been experimentally proven that it can safely clear a HSF and an
FOF within less than 200 ns at a DC-link voltage of 7 kV.

I An analysis of the accuracy of electrical measurement methods
for determining the soft-switching losses (SSL) such as the dou-
ble pulse test show that large measurement errors can occur due
to the limited accuracy of the measurements of the voltage and
current transients during the switching process of the 10 kV SiC
MOSFETs. To achieve a higher measurement accuracy, a novel
calorimetric SSL measurement method has been developed, where
the 10 kV SiC MOSFETs are continuously operated under soft-
switching conditions while the generated losses are directly deter-
mined from the temperature increase of a brass block attached
to the cooling pad of one of the devices. To split the total losses
into switching losses and conduction losses, an additional switch
is inserted in series to the device under test, which in combination
with a special modulation scheme allows the accurate determina-
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tion of the SSL. The conducted measurements show that the SSL
are mainly depending on the DC-link voltage and are a factor of
30 lower compared to the HSL of the 10 kV SiC MOSFETs. Ad-
ditional measurements prove that the SSL arise to a large extent
purely from the charging and discharging of the nonlinear output
capacitances of the MOSFET and especially of the antiparallel
SiC JBS diode.

I Due to the fact that the 10 kV SiC MOSFETs show 30 times lower
SSL compared to their HSL, all devices employed in the SST
should be operated under ZVS conditions to achieve a higher effi-
ciency and a higher power density. Therefore, a novel bidirectional
AC/DC converter topology, which enables soft-switching over the
entire AC grid period, as well as a novel modulation scheme for the
isolated LLC series resonant DC/DC converter which guarantees
soft-switching for all devices under all load conditions have been
developed. Especially in case of the front end AC/DC converter,
the application of soft-switching techniques leads to a significant
increase in the achievable efficiency and power density compared
to hard-switched topologies.

I A theoretical analysis has shown that there is a fundamental dif-
ference between LV converters and MV converters regarding par-
asitic inductances and capacitances, which leads to completely
different design rules. While in LV converters parasitic induc-
tances should be minimized, MV converters of this voltage and
power class require a minimization of the parasitic capacitances
of e.g. the PCB layout and the magnetic components for a proper
operation.

I A detailed error analysis shows that electrical efficiency measure-
ments feature an insufficient accuracy in case of highly efficient
power electronic converters. Especially for MV converters, where
the voltages have to be scaled down by means of voltage dividers
in order to be in a reasonable range for standard high-precision
measurement equipment, the achievable measurement accuracy is
very low and therefore, calorimetric measurement methods should
be employed. With the applied methods, it is possible to measure
the converter efficiencies with an accuracy of ±0.1 % and ±0.08 %
in case of the AC/DC converter and the isolated DC/DC con-
verter, respectively. Compared to electrical measurement meth-
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ods, these accuracies are roughly a factor of 10 better and at the
same time, the calorimetric measurement methods allow the de-
termination of the loss distribution among the individual power
components.

I Despite the implemented LCL-filter on the AC-side of the SST,
undesired oscillations might occur when the SST is connected to
an MV cable. However, it has been found that a simple RC ter-
mination network between the LCL-filter and the MV cable elim-
inates the oscillations independently of the cable length in a quasi
lossless manner.

I Due to the combination of a high switching frequency and a high
switched voltage, which in this extent is only possible with MV
SiC devices operated under soft-switching conditions, dielectric
losses in the electrical insulation material used to insulate e.g.
the MF MV transformer start playing a role and could even lead
to a thermal runaway. Therefore, the insulation material has to
be selected carefully with regard to a low dielectric dissipation
factor and a high thermal conductivity to enable the extraction
of the losses by heat conduction through the insulation material.

6.2 Future Research Areas
The main objective of this work is to present solutions for the main
challenges arising during the design and realization of a 10 kV SiC-based
SST. Based on the obtained results, the following topics are suggested
as future research areas:

I From a grid operator’s or data center operator’s point of view,
the reliable operation of the power supply equipment is proba-
bly the most important aspect with an even higher significance
than the efficiency and/or the power density. While it is claimed
that multi-cell SSTs can achieve a high reliability by incorporat-
ing redundant cells, the probability of a failure of a component
within the system is much higher in the first place, since the com-
plexity and the number of components is much higher compared
to a single-cell SST. Therefore, it is not clear which of the two
approaches features the highest reliability and the longest life-
time with a minimum cost of ownership. Consequently, a future
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research topic could be to compare the failure probabilities of
single-cell and multi-cell SSTs under consideration of the total
cost of ownership.

I In case of multi-cell SSTs or multi-cell applications where a high
control bandwidth and therefore a high switching frequency is
required, it would be possible to apply the iTCM modulation
individually to each of the converter cells in order to achieve soft-
switching and hence to enable higher efficiencies and/or higher
power densities compared to hard-switched converter cells. Fur-
thermore, a reduction of EMI would result.

I In case of the 10 kV SiC modules utilized in this thesis, it has
been found that the antiparallel SiC JBS diode is responsible for
the majority of the SSL, although it never conducts any current
apart from the charging/discharging current during the switching
transients. By omitting this antiparallel diode and using the body
diode of the MOSFET instead, a significant reduction of the SSL
is expected. Due to the lack of 10 kV SiC modules with a single
MOSFET chip, these measurements could not be conducted but
would be an interesting future research topic.

I The switching frequency pattern of the realized iTCM AC/DC
converter is calculated in such a way that soft-switching is achieved
over the full power range. However, for power levels below full-
load, the generated triangular current ripple is actually higher
than required, since the switching frequency pattern is hard coded
at the moment. To improve the partial load efficiency, the switch-
ing frequency pattern could be adapted to the instantaneous power
level by using the measured AC current as a variable in the switch-
ing frequency function. Since the switching frequency would in-
crease for lower power levels, the switching losses might at some
point start dominating, i.e. the switching frequency could be op-
timized to achieve the lowest total losses.

I The intended application of the realized SST is the supply of
single server racks in a data center. Therefore, many of these
SSTs would be connected to the same MV-AC grid. In case of a
failure of one SST, the faulty unit has to be disconnected from
the MV-AC grid by means of a circuit breaker in order to not
cause a short circuit. However, MV circuit breakers are typically
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designed for significantly higher currents and are very large, such
that the volume of the SST could be dominated by the circuit
breaker. Circuit breakers could, e.g., also be realized as solid-
state breakers by incorporating the same 10 kV SiC devices, which
would on the other hand cause significant conduction losses and
additional high costs. Therefore, future research could evaluate
the different possibilities for (hybrid) MV circuit breakers for this
power range regarding their cost, volume, and losses.

Since the main enabling technology for the realized SST are the
10 kV SiC MOSFETs, a further development of their current carrying
capability or even a further increase of the blocking voltage will poten-
tially unveil entirely new research fields and/or enable even higher per-
formances in the future. However, as shown from the loss distributions
of the AC/DC and the DC/DC converters, the 10 kV SiC MOSFETs
are not the limiting elements to achieve even higher performances, but
rather the passive components. Therefore, to fully utilize the poten-
tial of the MV SiC technology, also the performance of magnetic and
dielectric materials has to be improved.
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López, and A. R. Hefner, “High-Voltage Isolated Gate Drive Cir-
cuit for 10 kV, 100 A SiC MOSFET/JBS Power Modules,” in
Proc. IEEE Industry Appl. Society (IAS) Annual Meeting, Ed-
monton, Canada, 2008. DOI: 10.1109/08IAS.2008.365

[112] S. Moballegh, S. Madhusoodhanan, and S. Bhattacharya, “Eval-
uation of High Voltage 15 kV SiC IGBT and 10 kV SiC MOS-
FET for ZVS and ZCS High Power DC-DC Converters,” in
Proc. IEEE Int. Power Electron. Conf. (IPEC-ECCE ASIA), Hi-
roshima, Japan, 2014, pp. 656–663.

208

http://dx.doi.org/10.1109/TED.2014.2357812
http://dx.doi.org/10.1109/08IAS.2008.363
http://dx.doi.org/10.1109/08IAS.2008.365


Bibliography

[113] K. Vechalapu, S. Bhattacharya, E. V. Brunt, S.-h. Ryu, and
D. Grider, “Comparative Evaluation of 15 kV SiC MOSFET and
15 kV SiC IGBT for Medium Voltage Converter Under Same
dv/dt Conditions,” in Proc. IEEE Energy Conversion Congr. and
Expo. (ECCE USA), Montreal, Canada, 2015, pp. 927–934.

[114] J. B. Casady, E. Van Brunt, G.-Y. Wang, J. Richmond, S. T.
Allen, and D. Grider, “New Generation 10 kV SiC Power MOS-
FET and Diodes for Industrial Applications,” in Proc. Int. Conf.
on Power Conversion and Intelligent Motion (PCIM Europe),
Nuremberg, Germany, 2015, pp. 96–103.

[115] J. Schuderer, U. Vemulapati, and F. Traub, “Packaging SiC
Power Semiconductors - Challenges, Technologies and Strate-
gies,” in IEEE Workshop on Wide Bandgap Power Devices and
Appl. (WiPDA), Knoxville, TN, USA, 2014, pp. 18–23. DOI:
10.1109/WiPDA.2014.6964616

[116] D. Rothmund, T. Guillod, D. Bortis, and J. W. Kolar, “99.1%
Efficient 10kV SiC-Based Medium Voltage ZVS Bidirectional
Single-Phase PFC AC/DC Stage,” Special Issue of the IEEE
J. Emerg. Sel. Topics Power Electron. on Resonant and Soft-
Switching Techniques with Wide Bandgap Devices (Early Access),
2018.

[117] D. Rothmund, T. Guillod, D. Bortis, and J. W. Kolar, “99%
Efficient 10kV SiC-Based 7 kV/400V DC-Transformer for Future
Data Centers,” Special Issue of the IEEE J. Emerg. Sel. Topics
Power Electron. on Resonant and Soft-Switching Techniques with
Wide Bandgap Devices (Early Access), 2018.

[118] J. Lu, L. Zhu, G. Liu, and H. K. Bai, “Device and System-Level
Transient Analysis in a Modular Designed Sub-MW EV Fast
Charging Station Using Hybrid GaN HEMTs + Si MOSFETs,”
IEEE J. Emerg. Sel. Topics Power Electron. (Early Access), pp.
1–13, 2018. DOI: 10.1109/JESTPE.2018.2834483

[119] S. Srdic, X. Liang, C. Zhang, W. Yu, and S. Lukic, “A SiC-
Based High-Performance Medium-Voltage Fast Charger for Plug-
in Electric Vehicles,” in 2016 IEEE Energy Conversion Congress
and Exposition (ECCE USA). Milwaukee, WI, USA: IEEE, sep
2016, pp. 1–6. DOI: 10.1109/ECCE.2016.7854777

209

http://dx.doi.org/10.1109/WiPDA.2014.6964616
http://dx.doi.org/10.1109/JESTPE.2018.2834483
http://dx.doi.org/10.1109/ECCE.2016.7854777


Bibliography

[120] J. Casarin, P. Ladoux, and P. Lasserre, “10kV SiC MOSFETs
versus 6.5kV Si-IGBTs for Medium Frequency Transformer Ap-
plication in Railway Traction,” in Int. Conf. on El. Systems for
Aircraft, Railway, Ship Propulsion and Road Vehicles (ESARS),
2015.

[121] N. H. Doerry, “Next Generation Integrated Power Systems for the
Future Fleet,” in Proc. IEEE Electric Ship Technologies Sympo-
sium, Baltimore, MD, USA, 2009.

[122] A. N. Lemmon, R. C. Graves, R. L. Kini, M. R. Hontz, and
R. Khanna, “Characterization and Modeling of 10-kV Silicon
Carbide Modules for Naval Applications,” IEEE J. Emerg. Sel.
Topics Power Electron., vol. 5, no. 1, pp. 309–322, 2017. DOI:
10.1109/JESTPE.2016.2626305

[123] B. Sarlioglu and C. T. Morris, “More Electric Aircraft: Review,
Challenges, and Opportunities for Commercial Transport Air-
craft,” IEEE Trans. Transport. Electrific., vol. 1, no. 1, pp. 54–64,
2015. DOI: 10.1109/TTE.2015.2426499

[124] D. Rothmund, D. Bortis, and J. W. Kolar, “Accurate Transient
Calorimetric Measurement of Soft-Switching Losses of 10kV SiC
MOSFETs and Diodes,” IEEE Trans. Power Electron., vol. 33,
no. 6, pp. 5240–5250, 2018. DOI: 10.1109/TPEL.2017.2729892

[125] S. Guo, L. Zhang, Y. Lei, X. Li, W. Yu, and A. Q. Huang, “Design
and Application of a 1200 V Ultra-Fast Integrated Silicon Car-
bide MOSFET Module,” in Proc. IEEE Appl. Power Electronics
Conf. (APEC), Long Beach, CA, USA, 2016, pp. 2063–2070. DOI:
10.1109/APEC.2016.7468151

[126] A. B. Jorgensen, S. Beczkowski, C. Uhrenfeldt, N. H. Petersen,
S. Jorgensen, and S. Munk-Nielsen, “A Fast-Switching Inte-
grated Full-Bridge Power Module Based on GaN eHEMT De-
vices,” IEEE Trans. Power Electron. (Early Access), 2018. DOI:
10.1109/TPEL.2018.2845538

[127] N. Fichtenbaum, M. Giandalia, S. Sharma, and J. Zhang, “Half-
Bridge GaN Power ICs: Performance and Application,” IEEE
Power Electron. Mag., vol. 4, no. 3, pp. 33–40, 2017. DOI:
10.1109/MPEL.2017.2719220

210

http://dx.doi.org/10.1109/JESTPE.2016.2626305
http://dx.doi.org/10.1109/TTE.2015.2426499
http://dx.doi.org/10.1109/TPEL.2017.2729892
http://dx.doi.org/10.1109/APEC.2016.7468151
http://dx.doi.org/10.1109/TPEL.2018.2845538
http://dx.doi.org/10.1109/MPEL.2017.2719220


Bibliography

[128] K. Sharifabadi, L. Harnefors, H. P. Nee, S. Norrga, and R. Teodor-
escu, Design, Control and Application of Modular Multilevel Con-
verters for HVDC Transmission Systems, 1st edition. Wiley,
2016. DOI: 10.1002/9781118851555

[129] J. Kim, H.-S. Kim, Y. Cho, and J.-Y. Kim, “Highly Isolated Power
Supply Design for Gate Drivers of the Solid State Transformer,”
in Proc. IEEE Asian Conf. on Energy, Power and Transp. Elec-
trification, Singapore, 2017, pp. 1–5.

[130] IEC, “International Standard IEC 60950-1,” 2005.

[131] J. Gottschlich, M. Schafer, M. Neubert, and R. W. De Don-
cker, “A Galvanically Isolated Gate Driver with Low Coupling
Capacitance for Medium Voltage SiC MOSFETs,” in Proc. Eu-
ropean Conf. on Power Electron. and Appl. (EPE), 2016. DOI:
10.1109/EPE.2016.7695608

[132] C. Marxgut, J. Biela, J. W. Kolar, R. Steiner, and P. K.
Steimer, “DC-DC Converter for Gate Power Supplies with an
Optimal Air Transformer,” in Proc. IEEE Appl. Power Elec-
tron. Conf. and Expo. (APEC), 2010, pp. 1865–1870. DOI:
10.1109/APEC.2010.5433487

[133] K. Kusaka, M. Kato, K. Orikawa, J.-I. Itoh, I. Hasegawa, and
K. Morita, “Galvanic Isolation System for Multiple Gate Drivers
with Inductive Power Transfer,” in Proc. IEEE Energy Conv.
Congress and Expo. (ECCE USA), Montreal, Canada, 2015, pp.
4525–4532.

[134] K. Kusaka, K. Orikawa, and J.-I. Itoh, “Isolation System with
Wireless Power Transfer for Multiple Gate Driver Supplies of a
Medium Voltage Inverter,” in Proc. Int. Power Electron. Conf.
(ECCE Asia), Hiroshima, Japan, 2014, pp. 191–198.

[135] R. Steiner, P. K. Steimer, F. Krismer, and J. W. Kolar, “Con-
tactless Energy Transmission for an Isolated 100 W Gate Driver
Supply of a Medium Voltage Converter,” in Proc. Annual Conf.
of the IEEE Ind. Electron. Society (IECON), 2009, pp. 307–312.
DOI: 10.1109/IECON.2009.5414939

[136] X. Zhang, H. Li, J. A. Brothers, L. Fu, M. Perales, J. Wu,
and J. Wang, “A Gate Drive with Power Over Fiber-Based

211

http://dx.doi.org/10.1002/9781118851555
http://dx.doi.org/10.1109/EPE.2016.7695608
http://dx.doi.org/10.1109/APEC.2010.5433487
http://dx.doi.org/10.1109/IECON.2009.5414939


Bibliography

Isolated Power Supply and Comprehensive Protection Func-
tions for 15-kV SiC MOSFET,” IEEE J. Emerg. Sel. Top-
ics Power Electron., vol. 4, no. 3, pp. 946–955, 2016. DOI:
10.1109/JESTPE.2016.2586107

[137] MH GoPower Company Limited, “Laser Source LSM-010
Datasheet.”

[138] H.-G. Eckel and L. Sack, “Experimental Investigation on the Be-
haviour of IGBT at Short-Circuit During the On-State,” in Proc.
Annual Conf. of the IEEE Ind. Electron. Society (IECON), 1994,
pp. 118–123. DOI: 10.1109/IECON.1994.397762

[139] Z. Wang, X. Shi, Y. Xue, L. M. Tolbert, F. Wang, and B. J.
Blalock, “Design and Performance Evaluation of Overcurrent Pro-
tection Schemes for Silicon Carbide (SiC) Power MOSFETs,”
IEEE Trans. Ind. Electron., vol. 61, no. 10, pp. 5570–5581, 2014.

[140] C. DiMarino, J. Wang, R. Burgos, and D. Boroyevich, “A High-
Power-Density, High-Speed Gate Driver for a 10 kV SiC MOSFET
Module,” in Proc. IEEE Electric Ship Technologies Symposium
(ESTS), Arlington, VA, USA, 2017, pp. 629–634.

[141] K. Sun, J. Wang, R. Burgos, D. Boroyevich, Y. Kang, and
E. Choi, “Analysis and Design of an Overcurrent Protection
Scheme Based on Parasitic Inductance of SiC MOSFET Power
Module,” in Proc. IEEE Appl. Power Electron. Conf. and Expo.
(APEC), San Antonio, TX, USA, 2018, pp. 2806–2812. DOI:
10.1109/APEC.2018.8341415

[142] D. Gerber, T. Guillod, and J. Biela, “IGBT Gate-Drive with PCB
Rogowski Coil for Improved Short Circuit Detection and Current
Turn-Off Capability,” in Proc. IEEE Pulsed Power Conf., 2011,
pp. 1359–1364.

[143] Power Integrations, “Datasheet 2SC0535T2G0-33 Isolated Gate
Driver,” pp. 1–8, 2016.

[144] CT-Concept Technologie AG, “Datasheet IGD515EI-34 Isolated
Gate Driver Core,” pp. 1–19, 2009.

212

http://dx.doi.org/10.1109/JESTPE.2016.2586107
http://dx.doi.org/10.1109/IECON.1994.397762
http://dx.doi.org/10.1109/APEC.2018.8341415


Bibliography

[145] X. Song, A. Q. H. X. Ni, and L. Zhang, “Comparative Evaluation
of 6kV Si and SiC Power Devices for Medium Voltage Power Elec-
tronics Applications,” in Proc. IEEE Workshop on Wide Bandgap
Power Devices and Appl. (WiPDA), Blacksburg, VA, USA, 2015,
pp. 150–155. DOI: 10.1109/WiPDA.2015.7369289

[146] Mornsun, “DC/DC Converter for IGBT Driver,” Device
Datasheet, pp. 1–3, 2017.

[147] O. Knecht, R. Bosshard, and J. W. Kolar, “High-Efficiency Tran-
scutaneous Energy Transfer for Implantable Mechanical Heart
Support Systems,” IEEE Trans. Power Electron., vol. 30, no. 11,
pp. 6221–6236, 2015. DOI: 10.1109/TPEL.2015.2396194

[148] S. Bhattacharya, T. Zhao, G. Wang, S. Dutta, S. Baek, Y. Du,
B. Parkhideh, X. Zhou, and A. Q. Huang, “Design and Devel-
opment of Generation-I Silicon Based Solid State Transformer,”
in Proc. IEEE Appl. Power Electron. Conf. and Expo. (APEC),
2010, pp. 1666–1673. DOI: 10.1109/APEC.2010.5433455

[149] T. Guillod, F. Krismer, and J. W. Kolar, “Electrical Shielding of
MV/MF Transformers Subjected to High dv/dt PWM Voltages,”
in Proc. IEEE Appl. Power Electron. Conf. and Expo. (APEC),
Tampa, FL, USA, 2017, pp. 2502–2510.

[150] O. Knecht, R. Bosshard, J. W. Kolar, and C. T. Starck, “Opti-
mization of Trancutaneous Energy Transfer Coils for High Power
Medical Applications,” in Proc. IEEE Workshop on Control and
Model. of Power Electron. (COMPEL), Santander, Spain, 2014.

[151] J. Biela, “Optimierung des elektromagnetisch integrierten Serien-
Parallel-Resonanzkonverters mit eingeprägtem Ausgangsstrom
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