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Abstract

In recent years, the bearingless slice motor pump has become well ac-
cepted in the semiconductor industry as well as for blood pumps in med-
ical applications. Due to its unique design and the absence of mechanical
friction and wear it has gained significant market share in these appli-
cation areas. Following this development, new markets with higher cost
pressure will be targeted in the upcoming years. To do so, the complexity
of the overall system including the power electronics and the bearingless
slice motor of a next generation bearingless pump system must be re-
duced and as a consequence of that it has to become economically more
attractive. Thereby, the goal is to reduce the number of components and
thus the volume of the configuration.

In this work, a novel inverter topology for the control of a two–phase
bearingless slice motor pump. This topology has a reduced number of
semiconductor devices compared to conventional topologies for bearing-
less slice motors.

In chapter 1 a short introduction on magnetic bearing technology
in general and more specifically on the bearingless slice motor concept is
given. Also, the market potential for complexity reduced next generation
bearingless pump systems is shown in this chapter along with the specific
requirements arising in the different markets.

Chapter 2 deals with the topology selection for the control of the
two–phase bearingless slice motor with the aim of reducing the number
of semiconductor switches. Based on this analysis the current and voltage
stresses of the semiconductors in the chosen topology are evaluated. Fur-
thermore, an integrated power module is analysed and with the thereby
obtained switching loss data the design and thermal analysis of the heat



sink is accomplished.

A major cost driver in today’s bearingless pump systems are the sen-
sors for the measurement of the drive and bearing currents. In chapter 3
an alternative concept is investigated which employs current sensors with
lower bandwidth at an economically more attractive price. The influence
of the lower bandwidth along with the delay times in the system on the
current control is analysed in this chapter. Based on that, the selection
of the switching frequencies for the power semiconductors is shown.

In chapter 4 different modulation methods and their applicability
for the control of the two–phase bearingless slice motor pump are derived
in order to achieve full performance when employing today’s pumps with
the novel converter topology. Furthermore, an analysis of the maximum
achievable phase voltage as well as drive power based on the applied
modulation scheme is carried out. In addition to that, investigations are
carried out whether the higher harmonics in the drive current influence
the stable operation of the pump or not.

In order to attract new markets, not only the power electronics but
also alternative concepts of the bearingless slice motor itself must be
taken into consideration. Thus, in a comprehensive comparison five slice-
motor configurations are comparatively evaluated to each other in con-
junction with the presented power electronics converter in chapter 5.
The analysis is carried out based on the losses arising in each system, the
power electronics requirements, manufacturability and hardware effort.

The influence on the size of the input filter in the case that long power
cables are used for the connection of the converter and the bearingless
slice motor is analysed in chapter 6. The design of the common mode
input filter is shown based on a model of the common mode noise emission
of the slice motor pump system. The input filter is designed so that it
ensures full compliance with the standards concerning common mode
and differential mode conducted emissions. It is shown that a volume
optimised filter design can be performed based on this model.

Finally, in chapter 7 the experimental analysis of the system is car-
ried out on a laboratory prototype of the investigated power electronics
converter. The modulation methods shown in chapter 4 are implemented
on a digital signal processor and their feasibility is verified with a bear-
ingless pump. It is shown that the presented modulation methods allow
full performance of the bearingless pump system.
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Kurzfassung

In den letzten Jahren wurden lagerlose Scheibenläufermotoren immer
häufiger zum Pumpen von Prozessflüssigkeiten in der Halbleiterindustrie,
wie auch als Blutpumpen in der Medizinaltechnik eingesetzt. Vor allem
der reibungsfreie Betrieb, der keine Partikelbildung verursacht, ist eine
herausragende Eigenschaft des lagerlosen Pumpenkonzeptes, welches zu
einer stetigen Vergrösserung des Marktanteils in den genannten Gebieten
geführt hat.

Damit in den kommenden Jahren auch Märkte mit einem erhöhten
Kostendruck erschlossen werden können, ist es notwendig die Gesamtkom-
plexität bestehender Systeme, einschliesslich der Leistungelektronik und
dem lagerlosen Motor zu reduzieren, um ein betreffend Material– und
Herstellungskosten attraktiveres System realisieren zu können. Das Ziel
dabei ist es, die Anzahl der Komponenten zu reduzieren, um damit ein
geringeres Volumen des Systems zu erhalten.

Der Hauptfokus dieser Arbeit liegt auf einer neuartigen Schaltungs-
topologie für den Betrieb zweiphasiger lagerloser Scheibenläuferpumpen.
Diese Topologie weist im Vergleich zur herkömmlichen Variante eine ver-
minderte Anzahl von Leistungshalbleitern auf.

Nach einer kurzen Einführung in die Theorie der Magnetlagertechnik
wird in Kapitel 1 spezifisch auf die Topologie der lagerlosen Scheiben-
läuferpumpe eingegangen. Im weiteren Verlauf wird dann das Markt-
potenzial für zukünftige volumen- und kostenoptimierte Pumpsysteme in
Verbindung mit den spezifischen Anforderungen in den jeweiligen Märk-
ten gezeigt.

Kapitel 2 beinhaltet die Untersuchung möglicher Konvertertopolo-
gien mit einer reduzierten Anzahl von Halbleiterelementen für den Be-



trieb zweiphaser lagerloser Motoren. Basierend auf dieser Analyse er-
folgt anschliessend die Untersuchung der Strom- und Spannungsbelas-
tungen der einzelnen Leistungshalbleiter. Als Grundlage zur Ermittlung
der Schalt– und Leitverluste im System wird das gewählte Halbleit-
ermodul nachfolgend mit Hilfe von Schaltverlustmessungen analysiert.
Im Anschluss daran wird basierend auf diesen Verlustbetrachtungen die
Auslegung und Verifikation des Kühlkörpers gezeigt.

Ein grosses Potential zur Kostenreduktion heutiger Systeme liegt im
Bereich der Stromsensoren zur Erfassung der Lager– und Antriebsströme.
Auf diese Thematik wird im Kapitel 3 mit der Untersuchung eines alter-
nativen Strommesskonzeptes eingegangen. Hierzu wird der Einfluss der
verringerten Messbandbreite dieser alternativen Stromsensoren und die
zusätzlich auftretenden Verzögerungszeiten auf die Stabilität der Rege-
lung analysiert. Basierend auf diesen Überlegungen werden die Schaltfre-
quenzen der Leistungshalbleiter definiert.

Im Kapitel 4 werden verschiedene Modulationsverfahren hergeleitet
die es ermöglichen, die Leistungsfähigkeit der lagerlosen Pumpe beim
Betrieb mit der in dieser Arbeit vorgestellten Leistungselektronik zu
steigern. Weiter wird die Analyse der maximal zur Verfügung stehenden
Klemmenspannung und der damit verbundenen Antriebsleitung in Ab-
hängigkeit des gewählten Modulationsverfahrens gezeigt. Anschliessend
wird der Einfluss höherer Stromharmonischer auf das Betriebsverhalten
der Pumpe untersucht.

Damit mit dem Konzept der lagerlosen Pumpe neue Märkte erschlossen
werden können, müssen neben der Leistungelektronik auch die Möglich-
keiten der Komplexitätsreduktion des Scheibenläufermotors an sich un-
tersucht werden. Im Kapitel 5 wird eine Analyse von fünf möglichen
Motortkonzepten durchgeführt. Die Topologien werden dabei hinsichtlich
der Verluste im Motor und der Leistungselektronik, der erreichbaren
Drehzahl des Motors, den Anforderungen an die Leistungsleketronik be-
treffend maximal benötigter Spannung bzw. Strom, sowie dem Materi-
alaufwand, Herstellbarkeit und Anwendbarkeit in spezifischen Anwen-
dungsgebieten untersucht.

Der Einluss der Länge des Leistungskabels zwischen dem Motor und
der Leistungselektronik auf die Dimensionierung des Eingangsfilters wird
in Kapitel 6 untersucht. Basierend auf einem Gleichtaktstörmodell des
leistungselektronischen Systems wird ein Eingangsfilter entworfen, welches
die Einhaltung der Vorschriften bezüglich der leitungsgebundenen Gleich–



und Gegentaktstöraussendung im Bereich 150 kHz bis 30 MHz sicher-
stellt. Es wird gezeigt, dass basierend auf diesem Modell ein volumenop-
timiertes Eingangsfilter ausgelegt werden kann.

Abschliessend wird in Kapitel 7 die Realisierung eines hochkompak-
ten Hardware–Prototypen des Systems gezeigt. Die Implementierung der
in Kapitel 4 gezeigten Modulationsverfahren erfolgt auf einem digitalen
Signalprozessor. Es wird gezeigt, dass mit Hilfe dieser Verfahren die volle
Leistungsfähigkeit zweiphasiger lagerloser Pumpen erreicht werden kann.
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Notation

Symbols

A surface area
ACu copper wire cross area
B flux density
Bi bearing phase
BPM permanent magnet flux density
Cdc dc–link capacitor
d impeller diameter
dFe thickness of iron sheets
Dk diode
Di drive phase
fe electrical frequency
fm mechanical frequency
Eoff turn–off loss energy
Eon turn–on loss energy
Err reverse recovery loss energy
ESw switching loss energy
fc cut–off frequency
fI interrupt frequency
Fres resulting force
Fr force acting on the rotor
fs switching frequency
Fs force acting on the rotor by the stator field



H magnetic field intensity
Iavg average current
iCB current in the common bridge–leg
id control current
iin input current of a power module
IL inductor current
Irms rms current
irr reverse recovery current
Js current density distribution on the stator sur-

face
kF force–current constant
kM current–torque constant
kp proportional gain
kR,B radial bearing stiffness
kU,ind drive winding constant
k0,k, k1,k, k2,k switching loss coefficients
k1 linear loss factor
k2 square loss factor
Lc cable inductance
Lm motor inductance
L inductor
lw average winding length
lr rotor length
m number of phases
mFe iron mass
mI impeller mass
M modulation index
n rotor speed
Tr torque acting on the rotor
Ts torque acting on the stator
tsample sampling time
nc number of coils per phase
N number of windings
NP neutral point



p number of pole pairs
PCu copper losses
PD drive power
PDR rated drive power
Pe electrical power
PEd eddy current losses
PFe iron losses
PHy hysteresis losses
PL,B,tot total losses in the bearing module
PL,D,tot total losses in the drive module
Pm mechanical power
PFw forward losses
PPE power electronics losses
PSw switching losses
PSw,off turn–off switching losses
PSw,on turn–on switching losses
Phydr hydraulic power
p1 number of pole pairs drive system
p2 number of pole pairs bearing system
Q output flow of centrifugal pump
R resistor
Rc cable resistance
Rm motor resistance
Rth,J−C,IGBT thermal resistance per IGBT
Rth,J−C,Diode thermal resistance per Diode
Rth,C−HS thermal resistance module case – heat sink
rr rotor radius
T torque
TA ambient temperature
tauM mechanical time constant
tauE electrical time constant
tauCS rise time current sensor
THS heat sink temperature
Tk transistor



TI interrupt time
TJ junction temperature
TM maxwell stress tensor
TP pulse interval
tμ pulse interval
Toffset temperature offset
TR rated torque
trise rise time
ū average voltage
uCE collector–emitter voltage
uCM common–mode voltage
Ucl,max maximum clamp voltage at the drive or bear-

ing phase
Udc dc–link voltage
Umax,SC maximum output voltage of the SC-topology
Uind induced voltage
uL voltage across an inductor
utri triangular voltage signal
Y output pressure of centrifugal pump
α rotor angle
δ duty cycle
λCu specific resistance of copper
μ permeability
ξ winding factor
ϕ phase angle
ΦPM magnetising flux

Abbreviations

AUX Auxiliary Task Controller Software Routine
BNG Bearing Controller Software Routine
BSM Bearingless Slice Motor
BW Bandwidth
CB Common Bridge



CBL Common Bridge–Leg
CC Current Controller
CS Current Sensor
CCM Constant Common Bridge–Leg Modulation
CM Common Mode
DM Differential Mode
DRV Drive Controller Software Routine
EMC Electromagnetic Compatibility
EMF Electromagnetic Force
EUT Equipment Under Test
FB Full–Bridge
FBM Full–Bridge Modulation
HS Heat Sink
IGBT Insulated Gate Bipolar Transistor
IHB Interleaved Half–Bridge Topology
LISN Line Impedance Stabilisation Network
LV AD Left Ventricular Assist Device
MTTF Mean Time to Failure
PM Permanent Magnet
RPM Speed Controller Software Routine
SCM Sinusoidal Common Bridge–Leg Modulation
THM Third Harmonic Modulation
TQM Third Harmonic and Square Common Bridge–

Leg Modulation
QCM Square Common Bridge–Leg Modulation
SBL Separate Bridge–Leg
SC Split–Capacitor Topology
V A Volt Ampere requirement
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Chapter 1

Introduction

This chapter addresses the research field in which this work is inserted
and gives an overview about the motivation of this work. In recent years,
bearingless slice motor (BSM) pumps have become well accepted in the
semiconductor industry as well as for medical applications. The therein
employed temple motor design provides a means of levitating an impeller
completely without any physical contact. Due to its unique design and
absence of mechanical friction and wear this motor concept has gained
significant market share in the area of the delivery of process fluids in
the semiconductor industry as well as in medical applications. There it
is used specifically as a Left Ventricular Assist Device (LVAD) to assist
a weak heart during the time until the heart transplantation can take
place (bridge to transplant).

This introduction chapter does not enter deeply into the theory of
magnetic bearing technology. The purpose of the following sections within
this chapter is to give an overview of the magnetic levitation technology
to the reader and to briefly outline the achievements gained in the area of
the bearingless slice motor so far. The subsequent chapters of this theses
along with the referenced literature will then provide the reader a more
detailed insight into the topic of bearingless slice motors.

1



INTRODUCTION

1.1 Motivation

Currently, the main application fields for bearingless slice motors lie in
centrifugal pumps in the medical and semiconductor industry, where on
the one hand high requirements for purity and reliability must be met
and on the other hand system prices are not of major priority. However,
a similar trend as for automotive applications, where highly cost compet-
itive designs are demanded, is expected to arise in the area of bearingless
pumps in the near future, where new markets are currently targeted.
In order to be competitive in these markets, bearingless pump systems
must become economically more attractive. This mainly means that the
volume of the power electronics must be reduced significantly. But not
only this, also the motor concept itself has to be taken into consideration
regarding the required number of components for a stable operation of
the impeller and the thereby arising potential for a complexity reduc-
tion. Trends in the semiconductor industry indicate that relatively long
distances of up to 30 m between the controller (including the power elec-
tronics) and the motor, respectively the pump, have to be considered in
the future as it is explained later on in this chapter. This implies that
the power electronics must be able to handle the thereby arising elec-
tromagnetic compatibility (EMC) issues. In addition to the beforehand
mentioned points also considerations are carried out in this theses that
tackle this problem. A more detailed insight into the specific demands of
these future markets and their peculiarities are outlined in section 1.1.3.

1.1.1 State–of–the–art Bearingless Slice Motor Pump

An electric motor is called a bearingless motor if, without the help of
additional equipment, the torque as well as radial forces with a defined
direction and amplitude can be generated on the same iron circuit. This
term was introduced in [1]. It does by all means not stand for the absence
of any bearing forces, but is shall indicate that there are no bearings
present outside the electric motor.

The concept of the bearingless slice motor was developed by [2]. This
temple motor design provides a means of levitating an impeller com-
pletely without any mechanical contact. The schematic of this motor
configuration in a centrifugal pump setup is depicted in Fig. 1.1. As it
is the case for any rotor which has has to be completely magnetically

2



MOTIVATION

levitated, also the rotor in this configuration has six spatial degrees of
freedom that have to be stabilised magnetically through the wall between
the stator and the rotor. Three of them are stabilized passively, i.e. the
axial displacement (in z–direction) and the angular displacement (tilting
in x– and y–direction) [2]. The three remaining degrees of freedom are
controlled actively, i.e. the radial displacement (in x– and y–direction)
and the rotation around the z–axis. The magnetic levitation of the rotor
is facilitated with rotors that have a small height to diameter ratio as it
is described in [2]. The interactions of the Maxwell– and Lorentz–forces
in a bearingless slice motor are described there as well. More informa-
tion on the origin of these forces is provided in chapter 5 in the course of
the comparison of feasible motor concepts for next generation bearingless
pump systems.

x

z
y

Drive /
Bearing 
Winding

Rotor
Magnet

Outlet

Inlet

Pump
Casing

Drive / Bearing Stator

Levitated
Impeller

Figure 1.1: Cut view of the bearingless slice motor in a centrifugal pump
setup.

Besides the levitating forces, the active motor part also generates
the driving torque. Both bearing and drive windings are placed around
stator claws, which are jointly carrying the bearing and drive flux. In
its conventional configuration, the bearingless slice motor features two

3



INTRODUCTION

orthogonally placed drive phases (D1, D2) and two likewise placed bear-
ing phases (B1, B2) in a symmetrical winding configuration, where each
phase is independently driven by a full–bridge circuit (cf. Fig. 1.2). The
orthogonal placement of the coils in the motor yields a π/2 phase shift
of the currents in the drive windings. Due to the winding arrangement
of the separated coils, the flux phase difference between two neighboured
bearing coils has to be π/2 to ensure levitation [2]. When the bearingless
slice motor is employed in a centrifugal pump, a constant asymmetric
force is acting on the rotor which is directed to the hydraulic outlet of
the pump head. The origin of this force lies in the pressure loss at the
outlet. Depending on the position of the pump outlet in respect to the
bearing phases a load angle ϕ is occurring between the drive and bearing
flux, respectively. This circumstance is analytically explained and verified
by measurements in [3] and will therefore not be further discussed in this
work. In the hereafter carried out analysis, ϕ is chosen in a way that a
π/2 phase shift arises between the currents in the drive and bearing wind-
ings. This leads to maximum stresses in the power semiconductors and
the motor windings and guarantees that the components can be selected
based on a worst case analysis (see chapter 2.1).

The control of a bearingless motor is significantly more complex than
that of a conventional magnetic bearing. In this concept, the currents
which are required to generate a defined radial force are dependent on
the angle of the drive field. Thus, the field angle of the drive has to
be considered as an additional control input in field oriented control.
The whole control structure of a bearingless motor is described in [4].
There, also the fundamentals for the calculation of the Lorentz– and
Maxwell–shear–forces in a bearingless induction machine are presented.
The therein described principles also serve as a base for the design of
bearingless slice motors as they are described in [2]. The specific control
structure of a bearingless slice motor is also derived in this work. In [5],
the optimisation potential on the control part without any design mod-
ifications is analysed based on the results obtained in [2]. These results
are generally applicable for any bearingless slice motor configuration.

Taking all these points into account reveals that the bearingless slice
motor offers the best compromise between a reduction of the system
complexity in machines with magnetically levitated rotors and a stable
operation of the rotor since the same iron circuit is employed for the drive
and bearing system. The compact form offers the potential for miniatur-
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MOTIVATION

isation as well as certain freedom in the design of the pump head. Since
only three of the six degrees of freedom have to be controlled actively
the component effort is reduced compared to conventional magnetically
levitated pumps [6]. However, the passive stabilisation results in a lower
stiffness and damping compared to the three degrees of freedom that
are controlled actively. This demands certain arrangements depending
on the medium that is pumped. For example, the low stiffness limits the
maximum tolerable axial force that occurs as a result of the delivery of
fluids in rotating conveying systems. This issue is contemplated in [7]
and it is furthermore shown how these disadvantages can be overcome
with hydrodynamic or hydrostatic measures.

Linear amplifiers have been applied for the generation of the bearing
and drive currents in the beginning of the development of bearingless
motor systems. However, compared to switched amplifiers these systems
face large power losses [8]. With the recent fast moving developments
in the area of power electronics, switched amplifiers are the core of to-
day’s power electronics in bearingless pump systems. The control of the
currents in each drive and bearing winding, and thus the flux, is conven-
tionally performed by one separate full–bridge (FB) converter per phase
(cf. Fig. 1.2). This results in totally 16 transistor/diode combinations for
the drive and the bearing system of the bearingless slice motor, which
means a considerable power electronics effort and also volume contribu-
tion to the overall system. Therefore, in this theses, alternative topolo-
gies with reduced complexity and number of semiconductors shall be
comparatively evaluated considering their suitability to drive two–phase
bearingless slice motors.

The full–bridges are operated with unipolar control as described in
[9]. For the sake of simplicity, the modulation method is described here
in its simplest form. The switches in the two bridge–legs are controlled
separately by comparing the triangular signal utri with the control signals
δTj (j = 1, 3). E.g., for the control of the phase current ii(t) (cf. Fig.
1.2) the comparison of the relative duty cycle δTj of the transistors T1

and T3 with the triangular waveform results in the modulation depth Mi

given by
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CS ii(t)
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Figure 1.2: Full–bridge topology for the control of the drive and bearing
windings (i = D1, D2, B1, B2). A current sensor (CS) is placed in each phase
to measure the respective phase current.

Mi = δT1 − δT3 for − π/2 < ϕ < π/2

Mi = δT3 − δT1 for π/2 < ϕ < 3π/2, (1.1)

where ϕ = ωt is the phase angle of the current ii(t). This easiest
realisation of that modulation method results if the duty cycles δTj are
kept constant during a half cycle of the current sine wave. As depicted in
Fig. 1.3 this results in a triangular current shape. A larger current ripple
and higher rms components occur for this modulation method compared
to a pure sinusoidal current which can be obtained by sinusoidal control
signals δTj . For the loss calculation carried our later on in this work,
sinusoidal duty cycles are applied.

1.1.2 Principle of Magnetic Levitation

The working principle of the hereafter presented bearingless slice–motor
is based on the theory of magnetic levitation. For the sake of brevity, only
a short introduction on this topic is given here. A more deeper analysis
of magnetic levitation and the respective theory can be found in [10].

If a ferromagnetic body shall be magnetically levitated in one direc-
tion without any additional mechanical bearings, a setup as shown in Fig.
1.4 is needed. It mainly consists of two electromagnets and the necessary
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Figure 1.3: Switching pattern of the bridge leg of a full–bridge. For terms
of easier explanation a very low switching frequency fs = 1/TP = (2ω)/π has
been chosen, i.e. only one switching pattern occurs during a quarter current
period.

control electronics, position and current sensors. Both electromagnets are
biased with the current i0 and as a result of this each of them generates
an attracting magnetic force (Fs1, Fs2). A control current id is added to
the bias current in winding 1 and subtracted from the respective bias
current in windings 2. The attracting magnetic force Fs1 of winding 1 is
therefore increased because of the higher magnetic flux in the air gap. As
a result of the subtraction of the control current id from the bias current
i0, the magnetic force of magnet 2 is lower than the one of magnet 1.
The interaction of these two forces yields to a resulting force Fres, which
points into the direction of magnet 1. This setup needs to be extended if
additional degrees of freedom must be controlled.
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Figure 1.4: Principle of active magnetic bearing.

1.1.3 Challenges for Next Generation Bearingless
Pump Systems

Already at the moment, the bearingless slice motor serves as a basis
for a host of industrial applications. As mentioned earlier on, bearing-
less pump systems are widely accepted as fluid pumps in various appli-
cations in the semiconductor industry and as blood pumps in medical
applications. A far bigger potential for this pump concept, however, lies
in other markets such as the chemical and pharmaceutical industry, for
food processing and in biotechnology applications when it is employed
as a sanitary pump. Additionally, a huge market with a strong focus on
long lifetime and reliability is the pump market for cooling and heating.
However, cost pressure and the demanded production volumes are very
high in this market so that it is not a first priority market for next gener-
ation bearingless pump systems. Similar circumstances also arise in the
plating industry. In Fig. 1.5 an overview is given of potential application
areas for next generation bearingless pump systems.
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Figure 1.5: Overview of next generation application areas for bearingless
pump systems.

Food–/Pharmaceutical–Industry

Sanitary pumps are used to transport and meter solutions, slurries and
agricultural materials in operations where cleanliness is desired or man-
dated (e.g. in food processing plants). These pumps can be classified into
the following groups:

• Centrifugal

• Positive displacement

• Jet

• Airlift

The dominating concept in food processing installations are stainless
steel centrifugal pumps. They are employed to deliver fats and oils, flavor-
ings and sweeteners in bakeries, as well as beverages such as soft drinks,
wine and beer. And in dairies, whey, cream and milk are transported
with these pumps.

Positive displacement pumps have an expanding cavity on the suc-
tion side of the pump and a decreasing cavity on the discharge side. The
liquid flows into the pump as the cavity on the suction side expands and
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is forced out of the discharge side when the cavity collapses. A positive
displacement pump cannot be completely throttled because it is oper-
ated against a closed valve on the discharge side. If complete throttling
is attempted, it will continue to produce flow, increasing the pressure in
the discharge line until either the line bursts, the pump is severely dam-
aged, or both. Positive displacement pumps are generally applied for the
delivery of mediums with higher viscosity than those mentioned in the
context with the centrifugal pump.

Airlift and jet pumps are not as common in sanitary applications
as centrifugal and positive displacement pumps. In Fig. 1.6(a) an airlift
pump is shown. It is not a pump in the strictest sense because it does
not significantly alter the pressure or velocity head of the fluid in any
practical degree. Air or other gas is delivered at the bottom of the lift
pipe and mixes with the liquid. The air–liquid mixture, with lower specific
weight than the liquid, rises in the pipe and is discharged at the point
above the level of the liquid. This device can be used for elevating liquids
that contain foreign materials or are corrosive. Twenty to 40% of the
energy used to compress the gas is effective in elevating the liquid. The
jet pump (Fig. 1.6(b)) operates on the velocity energy of a fluid jet. The
fluid is forced through a jet or nozzle so that all or nearly all of its energy
is converted into velocity energy. The energy is directly applied to the
fluid to be moved. Jet pumps are frequently used for pumping sumps or
process residues that contain solid matter or chemically active materials.
When the jet is produced by a recirculated stream, the centrifugal pump
must be protected from damage by solid particles in the fluid stream [11].

Protection of the sanitary pump is imperative since these pumps
are expensive and a pump failure results in costly downtime. Protec-
tion schemes for sanitary pumps include over–pressure, bearing–wear,
dry–run and contaminant protection. Dry–run conditions occur when
the pump is operated without any medium. Conventionally, protection
from dry–running is achieved with a downstream pressure sensor. This,
however, requires additional equipment located next to the pump which
leads to higher system cost. In this aspect, the bearingless slice motor
pump has a clear advantage since dry–running can be detected by means
of the bearing and drive currents and no harm to the impeller is caused
in this operating stage without the necessity of additional equipment.

Expense is also a major criterion in the selection of a sanitary pump.
Costly, corrosion–resistant materials (such as stainless steel) are spec-
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Figure 1.6: Principle of operation of (a) air lift and (b) jet pump.

ified for product contact areas. Surfaces that are in contact with the
product must be cleanable and smoothly polished. In order to facilitate
disassembly for cleanup quick–change fasteners, flanges, and gaskets are
incorporated. Components are usually simple and designed to be ex-
tremely rugged to withstand constant disassembly for the cleanup proce-
dure. Finally, sanitary pumps must be reliable because pump downtime
translates to costly production downtime. Looking at all these require-
ments for sanitary pumps reveals that the bearingless slice motor pump
is perfectly suited for these applications. Due to its pump design that
only consists of the pump case and the impeller without any additional
mechanical bearings the disassembly for cleanup procedure is very easy
to obtain. This results in major cost savings during operation and justi-
fies the higher initial price of this pump concept compared to standard
pumps that are driven by three–phase AC motors. These AC motors also
account for a major part of the volume of such a standard sanitary pump.
Since the drive part of a bearingless slice motor pump is integrated in the
housing as shown in Fig. 1.1, the overall volume is significantly reduced
compared to standard pumps. The application of bearingless pump sys-
tems in these cost–sensitive applications involves the necessity of power
electronic systems with reduced complexity and costs.

The market for fluid handling equipment is dominated by one major
player that holds 40 to 50% market share. Behind that, several smaller
players account for 5 to 10% market share, each. The rest of this market
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is occupied by a large number of small companies whose products serve
several niches. Taking all the beforehand mentioned benefits of a bearing-
less slice motor pump into consideration reveals that there is a realistic
chance for this product to enter the fluid handling market. Especially for
pharmaceutical applications, which is the biggest segment in this market.
There, cost pressure is only slightly higher as in the semiconductor in-
dustry and similar to that industry high requirements for cleanness and
reliability are demanded. Thus, these precondictions are ideal for a new
product to enter a market.

Wet Semiconductor Processing

Besides the beforehand mentioned markets, also the semiconductor in-
dustry demands bearingless pump systems with a reduced volume com-
pared to today’s systems. In this market, the bearingless slice motor
pump has already gained significant market share and it is therefore im-
portant to put even more research effort into these systems in order to
keep the current market share or even increase it. The various benefits of
the bearingless pump for the handling of very pure and aggressive fluids
in the semiconductor industry are described in [12]. The trend towards
constantly increasing miniaturisation in this industry [13], [14] demands
new solutions in the production process. This goes along with ever in-
creasing cleanroom requirements. In effect, cleanroom space is the major
cost driver in this industry.

Due to ever decreasing semiconductor prices, also economy of scale is
of major interest. As a consequence of this, the number or semiconduc-
tor production machines has to be increased or the throughput of the
machines needs to be expanded while at the same time the available
cleanroom space stays the same or is even lowered. As a matter of fact,
the volume of the components assembled in these machines must be low-
ered. This directly affects the bearingless pump system that is employed
to deliver the process fluids in these facilities. A trend can be seen that
the control and power electronics of these systems must be placed outside
the cabinets. This implies that relatively long power and sensor cables
(up to 20 m) between the motor and the controller, respectively the
power electronics, must be handled. However, reducing the volume itself
is not sufficient. Also the complexity of these systems must be targeted
as a point for cost reduction. Therefore, besides focusing on lowering the
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volume and thus increasing the power density of the power electronics
the focus is also put on reducing the complexity of the bearingless slice
motor itself in this work.

1.1.4 Cost Reduction Approach

A bearingless pump system is a mechatronics system in a classical way
that consists of several components which interact and thereby influence
each other. The main components of such a system are listed in Fig.
1.7. Namely, a controller including the power electronics, current sensors
and the digital control, the bearingless motor with a specific winding
arrangement and position sensors as well as the pump head including
the impeller. In the following, the highlighted parts are tackled in this
work, whereas the dashed boxes will only shortly be described in this
section. They will not be further investigated hereafter since their impact
in terms of cost and volume reduction on a next generation pump system
is only low.

Bearingless pump system 

Motor Pump

Winding concepts Position sensors Impeller Pump casing

Control unit

Power electronics Current sensors Digital control

Figure 1.7: Overview of the main components of a bearingless slice motor
system.
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Position Sensors

The axial and radial position sensing of a magnetically levitated rotor
can be accomplished with different sensor principles. In the following, a
brief introduction is given about different sensor concepts and their basic
operation principle. In applications where a magnetically conductive ro-
tor is present inductive sensors are the appropriate choice. They consist
of a coil with an alternating current flowing through it. The impedance
of the coil is changing depending on the distance between the sensor and
the rotor.

Furthermore, eddy current sensors can be used for the position sens-
ing. Similarly to inductive sensors they are built with a coil. However,
the difference between the two sensors principles lies in the excitation fre-
quency. In the case of the eddy current sensor the excitation frequency
lies in the range of 100 kHz up to a few MHz. Due to the higher exci-
tation frequency compared to the inductive sensor the bandwidth of an
eddy current sensor is higher. The material of the rotor that is in interac-
tion with the sensor via the electric field should ideally be nonmagnetic
but with a high electrical conductivity so that it extracts energy from the
electric field. This energy difference is a measure for the distance between
the rotor and the stator.

A further alternative for the position sensing are magnetic sensors.
There, a constant current in a ferromagnetic circuit with an air gap gen-
erates a magnetic field. The magnetic flux density in the air gap depends
on the distance between the source of the field and the sensor that mea-
sures the field. Hall sensors are a suitable device for that. However, this
sensor concept is by its nature very sensitive to magnetic stray fields and
thus must be applied carefully.

The principle of a capacitive sensor is based on two electrodes that
are placed next to each other along the stator. This sensor arrangement
is driven by an alternating current. The respective voltage that occurs
between the two electrodes is then proportional to the distance between
the rotor and the electrodes.

A deeper discussion and evaluation of different sensor types and their
applicability for the position measurements through certain media is
given in [6]. All these sensor concepts have in common that their com-
plexity is already minimised to a level where only very little achievements
towards cost reduction can be achieved. Compared to the potential that
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lies in the power stage a cut down of a single capacitor or resistor in
the sensor electronics is negligible. Due to these reasons the sensor part
of the bearingless motor will not be further analysed in this work and
the existing concepts will be applied for the position measurement of the
rotor.

Pump

The two main components of a centrifugal pump are the rotating impeller
and the stationary pump casing. These pumps are well suited for appli-
cations involving variable flow rates. Their flow capacity can either be
regulated by varying the speed of the impeller or by throttling the pump
with an adjustable valve. Choosing the latter has several drawbacks such
as that the system pressure is increased and also energy is wasted. The
specific behavior of the impeller in a bearingless pump system was inves-
tigated in [7]. In all the beforehand described application areas, the flow
and pressure parameters achievable with the hereafter employed pump
are sufficient. Therefore, this part of the pump system will not be further
investigated in the following.
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Chapter 2

Power Electronics

2.1 Introduction

As outlined in the previous chapter the trends in the semiconductor in-
dustry as well as in upcoming markets for bearingless pump systems
demand more compact and thus volume optimised pump systems. Es-
pecially a major volume decrease is demanded for the power electronics
of such a system. Thus, this chapter deals with the design of the power
stage of a next generation bearingless pump system. First, a compari-
son of possible voltage–source inverter topologies with a reduced number
of semiconductor switches is carried out. Based on this evaluation, the
topology for a next generation bearingless pump system as well as the
power semiconductors are selected. Following this, the semiconductor
stresses arising in the chosen topology are presented. The design of the
heat sink is then shown based on switching loss measurements carried
out on the selected semiconductors. Subsequent to the thermal analysis
of the heat sink the emphasis is put on the calculation of the dc–link
capacitor.

2.2 Inverter Topology Selection

In order to assist in the choice of the proper inverter topology to be
used in this work this section gives an overview about possible converter
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topologies with a reduced number of power semiconductor switches suit-
able for the control of a two–phase bearingless slice motor. In a first
step, the standard full–bridge topology is introduced. The emphasis is
then put on topologies with a lower number of semiconductor devices.
This will provide the base for a volume optimised power electronics.

2.2.1 Full–Bridge Topology

In today’s bearingless pump systems each phase of the drive and bear-
ing system is controlled with a separate full–bridge (FB) voltage–source
inverter. This results in a total number of eight power transistor/diode
combinations for the drive system 2.1. Analogously, the same number
of semiconductor devices is needed to operate the bearing system. So
that in total 16 power transistors are required to operate the pump with
this configuration. The maximum voltage applicable to the clamps of
each winding Ucl,max when operated with this topology is equal to the
dc–link voltage Udc:

Ucl,max = Udc. (2.1)

Similarly, this is also the case for the maximum voltage applicable to
the bearing windings.

dcU
dcC

4T

3T 3D

4D

1T

2T

1D

2D

D2L

D1L
5T

6T

5D

6D 8T

7T

8D

7D

Drive system

Figure 2.1: State–of–the–art full–bridge topology.

This structure, which is based on the control topology of conven-
tional magnetic bearing systems, allows the independent control of the
current in each drive and bearing phase. Due to the lack of integrated
full-bridge power modules the realisation of this topology is carried out
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with discrete components. On the one hand, this has the advantage that
the power semiconductors can be purchased in higher numbers which
reduces system costs, on the other hand the number of external compo-
nents (eg. driver chips) also increases. This significantly influences the
price of the power electronics. For this reason, the focus in the selection
of the next generation voltage–source inverter topology is put on con-
cepts which allow the employment of integrated power modules that do
not require additional driver circuits for the switches. These would allow
the reduction of the overall component costs.

2.2.2 Split–Capacitor Topology

The split-capacitor (SC) topology depicted in Fig. 2.2 has been first
introduced in [15], where a two–phase induction motor is fed by a two–
phase inverter for applications requiring constant or very little speed
variations such as for heating, cooling and pumping. Its behaviour has
then been further investigated for two–phase induction motors in various
other applications [16], [17]. Due to the reduced number of semiconductor
switches this structure is less expensive than the full–bridge topology and
thus, its applicability has also been analysed for the control of three–
phase induction machines [18].

dcU
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3T 3D

4D

D2L

8T

7T

8D

7D
1U

2U

1C

2C

D1L
NP

Figure 2.2: Split–capacitor topology.

It shall therefore be investigated in the following whether this concept
is also practical for the control of two–phase bearingless slice motors. To
do so, the two coils of each drive and bearing phase are connected to
a neutral point NP , which is then attached to the midpoint formed by
two capacitors placed in the dc–link. The total number of semiconduc-
tors needed to operate the bearingless slice motor with this topology is
reduced from 16 to 8 compared to the full–bridge topology. In recent

19



POWER ELECTRONICS

years, various control schemes have been proposed for inverter driven
two–phase induction motors [19], [20], [16] operated with the SC topol-
ogy. In [16], a square–wave modulation method is described in order
to increase the available drive voltage. However, for the application at
hand this would result in excessively high drive currents at low rota-
tional speeds and thereby exceeding the maximum allowed currents of
the IGBT’s. Thus the duty–cycles of the switches in the two bridge–legs
are sinusoidally modulated instead of employing square–wave modula-
tion. This leads to a maximum output voltage of half the dc–link voltage
for the SC–topology

Umax,SC = 0.5 · Udc. (2.2)

Unlike a semiconductor switch–leg, the SC–leg obviously does not
need additional gate drives or control circuits. Capacitors, however, limit
the lifetime of the whole power electronics unit due to their low mean
time to failure (MTTF). Especially, this drawback becomes aggravated
by the hard operating conditions expected in pump applications such as
high temperatures and high rms currents. In case of a breakdown of one
capacitor the second one has to withstand the full dc–link voltage. For
this reason, both capacitors have to be rated for the full dc–link voltage
which will increase the cost. An additional drawback is that this topol-
ogy suffers from unbalances due to uneven discharging of the capacitors
arising from speed and torque variations. This implies that an appropri-
ate control of the voltage across the capacitors is necessary. The voltages
across the two capacitors can be balanced by placing two resistors in par-
allel to each of the two capacitors. This, however, results in additional
circuitry and higher power losses [21].

An alternative concept is presented in [22], where a balancing circuit
is placed across the two capacitors resulting in additional sensing and
control effort which is contrary to the main approach of reducing the
overall complexity. All these balancing efforts have in common that they
increase the overall complexity and cost of the system and thus are con-
tradicting the targeted cost reduction approach for the power electronics.
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2.2.3 Interleaved Half–Bridge Topology

An alternative concept to overcome these problems is depicted in Fig.
2.3. The idea behind this configuration is to connect one or several mo-
tors with a number of phases that is uneven to three to a three phase
converter. This configuration has been first proposed for the connection
of two two–phase induction machines in [23] and is further investigated
in [24], [25], [19], [26], [27], [28]. One leg of the five–leg inverter is si-
multaneously connected to both machines while the remaining inverter
legs are connected to the two machines only. In a similar way it is also
applicable for the control of a two–phase bearingless slice motor. Instead
of connecting the two open ends of the drive windings to the junction
of the dc–link capacitors as discussed in the previous section, they are
connected to a third half–bridge that forms a common bridge leg for
both windings. As a result of this, the converter comprises three inter-
leaved half–bridges (IHB) for the drive system and another three IHB
for the bearing system (not shown in Fig. 2.3). Still a major shortcom-
ing of this topology is the need to increase the dc–link voltage in order
to achieve similar performance results as with the state–of–the–art full–
bridge topology. Analogue to the case for the before mentioned control
of two induction machines by one multi–leg inverter [29], [30], [31] new
modulation schemes must be developed in order to achieve an increased
performance and better dynamical behaviour of the pump system as
compared to the SC–topology. This issue is tackled in chapter 4 of this
work.
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Figure 2.3: Interleaved half–bridge topology with three bridge–legs of which
only the drive system is shown.

An important advantage of the interleaved–half–bridge topology is
the possibility to employ integrated three–phase power modules, which is
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advantageously in various aspects such as higher compactness, lower cost
as well as integrated features like short–circuit protection and integrated
gate drivers. These advantages are alleviated slightly by the fact that the
switches in the common bridge–leg are involved in the switching of both
phase currents and thus face higher current stresses compared to the ones
in the separate bridge legs. In a worst case assumption the connection of
the two phases to the neutral point N would result in twice the current
stress for the power transistors in the common bridge leg. However, as
a result of the fact that the drive windings are placed orthogonally to
each other the respective currents show a phase shift of π/2 [2]. Assuming
that under steady–state operation the currents in both drive phases show
similar values the peak current in the common bridge–leg results in 1.4
times the drive current of one phase (cf. Fig. 2.4). The possible wiring
concepts of the drive and bearing phases to the two modules and the
thereby arising losses are investigated in section 2.3.5.
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Figure 2.4: Phase shift between the drive currents IDi (i = 1,2) and the
common bridge–leg current iCB . The resulting common bridge–leg current in
the bearing system shows the same behaviour.

2.2.4 Comparison of the Topologies

Several system advantages of the proposed interleaved half–bridge topol-
ogy have already been mentioned. Finally, the data of the overall vol-
umes and the number of required switches is compiled in Fig. 2.5. For
the volume calculation of the semiconductors of the full–bridge and the
split–capacitor topology the same components in discrete form as they
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are integrated in the three–phase power module presented in section 2.3.2
are used. The specific parameters of the IGBT’s can be found in [32].
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Figure 2.5: Semiconductor volume and number of switches of the discussed
topologies.

For the volume comparison, only the package of the semiconductors
without any space required by the leads is considered. In Table 2.1 a qual-
itative comparison of the discussed topologies is compiled. The compar-
ison includes the available clamp voltage, the number of utilised compo-
nents as well as practical system aspects. For the interleaved half–bridge
topology the modulation method with maximum achievable clamp volt-
age (see section 4.4.3) is taken into account. The maximum applicable
clamp voltage directly influences the achievable drive power of the the
motor (see section 4.5.2).

The comparison shows that the split–capacitor topology cannot be
used for bearingless pump applications due to significantly reduced clamp
voltage and drawbacks such as reduced life–time due to more dc–link ca-
pacitors and the requirement for a balancing circuit. On the other hand,
the interleaved half–bridge topology seems to be a very attractive alter-
native for driving bearingless pumps, since the available drive voltage
and drive power, respectively, are only slightly reduced, while the num-
ber of semiconductors is decreased by 25%. A drawback is the higher
current rating of the semiconductors (at least of the common bridge leg).
However, the possibility of the employment of highly compact integrated
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Topology SC IHB FB
Maximum drive voltage 0.5 · Udc 0.86 · Udc Udc

Number of dc–link capacitors 2 1 1
Number of semiconductor
switches 8 12 18
Number of bridge legs 4 6 9
Balancing circuit yes no no
Employment of integrated
three-phase power modules no yes no
Maximum semiconductor
current rating ÎD 1.4 · ÎD ÎD

Table 2.1: Qualitative comparison of the different converter concepts.

three-phase power modules leads to a significant reduction potential in
terms of power electronics volume in the range of 30% to 40%, which can
also be very attractive for specific applications with a strong focus on
highly compact converters (see section 1.1.3). Considering all these facts,
the interleaved half–bridge topology emerges as the most suitable con-
cept for the realisation of the power stage of a next generation bearingless
pump controller.

2.3 Inverter Design

In the following section, the power semiconductors and the dc–link ca-
pacitors for the interleaved half–bridge are selected based on the require-
ments for next generation bearingless pump systems. The switching be-
haviour of the selected power transistors is analysed and based on this
the calculation of the operating point dependent power losses in depen-
dency of the wiring scheme of the drive and bearing windings is carried
out. Before the calculation and selection of the required dc–link capaci-
tor is shown, the design of the heat sink is presented based on these loss
calculations.
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2.3.1 Semiconductor Stresses

Prior to the selection of the power transistors the average current Ik,avg

and rms current Ik,rms values in the semiconductor devices must be
known. The respective power transistor or reverse diode is indicated with
(k = T,D). In the following it is assumed that the drive and bearing cur-
rents are of sinusoidal shape as it is explained in section 1.1.1. For an
analytical calculation of the global average current values the local cur-
rent waveforms within each pulse interval tμ have to be determined and
averaged over a pulse interval Tp and then summed up over a mains
period. This summation can be replaced by an integration of the local
averaged values ik(ϕ) over the mains period under the assumption that
the switching frequency is sufficiently higher than the fundamental fre-
quency of the switched current [33]
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1

2π

∫ 2π

0

ik(ϕ)dϕ =
1

2π

∫ 2π

0

(
1

Tp

∫ Tp

0

ik (ϕ, tμ) tμ

)
dϕ, (2.3)

where ϕ = ωt defines the actual position of a pulse interval within a
mains period and tμ the actual position within a pulse interval. Analo-
gously, the square of the global rms value can be found by integration of
the square local rms value

I2
k,rms =

1

2π

∫ 2π

0

ik
2(ϕ)dϕ =

1

2π

∫ 2π

0

(
1

Tp

∫ Tp

0

i2k (ϕ, tμ) tμ

)
dϕ. (2.4)

The modulation index Mi is defined by the ratio between the peak
voltage Ucl,i at the clamps of a drive or bearing phase (i = D,B) and the
maximum clamp voltage Ucl,max that can be obtained with the voltage–
source inverter for a specific modulation method (as will be shown in
chapter 4). The definition of the modulation index Mi is thereby given
by

Mi =
Ûcl,i

Ucl,max
. (2.5)
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According to Fig. 2.6 the clamp voltage Ucl,i of a drive or bearing
phase is defined as

Ûcl,i = ω L Îi + R Îi + Ûind,i. (2.6)

Li Ri

Ûcl,i Ûind,i

Îi

Figure 2.6: Equivalent circuit of one bearing or drive phase.

The resistive voltage drop R Î in (2.6) is small compared to the voltage
drop across the inductance and the induced voltage in typical bearingless
motor configurations and can therefore be neglected for the calculation
of the modulation index. Considering this, the combination of (2.5) with
(2.6) leads to

Mi =

√
(ω L Îi)2 + (Ûind,i)2

Ucl,max
. (2.7)

For the calculation of the rms– and avg– current values in the semicon-
ductors the switching patterns of the involved switches must be known.
In Fig. 2.8 a sinusoidal current in the inductor Li of Fig. 2.6 is considered.
During the period 0 to π/2 of ii(ϕ) the transistor/diode combinations
1,2,3 and 4 of the interleaved half–bridge (cf. Fig. 2.3) are involved in
the switching of this sinusoidal current. The respective switching pattern
is shown in Fig. 2.7. This full–bridge is formed by the common bridge–
leg consisting of the transistor/diode combination T1/D1 along with the
separate bridge–leg realised with T3/D3 and T4/D4 of the involved half–
bridge shown in Fig. 2.3. In this π/2 period the switching sequence is 1
→ 2 → 3 → 4.

The local average current in each semiconductor that is involved in
the switching of the current during a π/2 period is
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Figure 2.7: Switching pattern of the involved semiconductors T1, T4, D2 and
D3 during 0 to π/2 of the current iL in Fig. 2.8. Switching order 1 → 2 → 3
→ 4.

ik(ϕ) =
1 − Mcosϕ

2
ii(ϕ)sinϕ. (2.8)

Exemplaritly, with (2.3) and (2.8) the global average current of the
transistor T3 can now be calculated to

IT3,avg =
1

2π

∫ π

0

1 − Mcos(ϕ)

2
ii(ϕ)sinϕdϕ.

=
Îi

2π
. (2.9)

Here, Îi is the peak current in the phase which is connected to the
transistor T3. Due to the symmetry of the applied switching pattern, this
value equals the one of the global average current in the corresponding
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π
ϕ2
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iD3
(ϕ)

ii(ϕ)

iT3
(ϕ)

2

ÎL,i

ÎL,i

Figure 2.8: Time behaviour of the local average values of the currents in the
power transistor T3 (iT3(ϕ)) and the reverse diode D3 (iD3(ϕ)) for a modula-
tion index of M = 0.5. The local average current ii(ϕ) in the coil L (cf. Fig.
2.7) is also depicted.

diode. Thus, for all diodes and transistors in the separate bridge legs the
average currents are equal (ITk,SB,avg = IDk,SB,avg). The current in the
power semiconductors of the common bridge leg is

√
2 times the value of

the one in the separate bridge legs due to the superposition of the two
involved phase currents as outlined in section 2.2.3. Assuming sinusoidal
currents with each having a peak value of ÎL in the two involved phases
the global average current in the semiconductors of the common bridge
leg is calculated to

ITk,CB,avg = IDk,CB,avg =
Îi√
2 π

. (2.10)
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Analogously to (2.9), the global rms current in the transistor T3 is
calculated with (2.4) to

IT3,rms =

√
1

2π

∫ π

0

[
1 − Mcos(ϕ)

2
ii(ϕ)sinϕ

]2
dϕ

=
Îi

4

√
1 + M2

4
. (2.11)

Again, this rms value applies to all semiconductors in the separate
bridge legs (ITk,SB,rms = IDk,SB,rms). Supposing that both phase cur-
rents Îi show similar values, the rms current in the transistors/diodes of
the common bridge leg results in

ITk,CB,rms =
1

4

√(√
2Îi

)2

(1 + M2) =
Îi

2
√

2

√
1 +

M2

4
. (2.12)

The average and rms values for all devices are compiled in Fig. 2.9.

As described in section 1 bearingless motor systems are generally op-
erated with unipolar control. Due to its simplicity and robustness this
control scheme will also be applied for the interleaved half–bridge topol-
ogy. This implicates that the maximum blocking voltage of all semicon-
ductors equals the full dc–link voltage. When the converter is operated at
the single phase mains, the maximum dc–link voltage is 325 V, whereas
a three–phase mains yields to a voltage level of

√
2
√

3 · 110 V = 270 V
in the dc–link. Thus, the minimum blocking voltage is defined as:

Umin,T,k = Umin,D,k =
√

2 · 230V = 325V. (2.13)

In the selection process of the power semiconductors the switching
overvoltages that arise at the switching instant must also be considered.
Experimental measurements have shown that a maximum overvoltage of
ΔV = 50 V is occurring. Thus selecting semiconductors with a blocking
voltage capability of 600 V is sufficient.

The design requirement of a universally applicable bearingless motor
controller implies that the power semiconductors must be selected for the
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Figure 2.9: Analytical approximations of average and rms values of the com-
ponent currents for the interleaved half–bridge topology in dependency of the
current ÎL in the windings. This represents the case where one module is re-
served for the drive and a second one for the bearing system (see section 2.2.3).

highest currents that occur in bearingless motors rated power of 2000 W.
In the case that a bearingless hollow shaft drive [34] is operated with this
converter, the phase currents can rise up to 18 Arms during acceleration.
Thus, the selected power semiconductors must at least have a current
capability of

√
2 · 18A ≈ 25 A.

2.3.2 Power Module IRAM136-3063B

So far, the power stage of a bearingless slice motor controller is realised
with discrete components. This offers the advantage that the latest semi-
conductor technology can be employed. In the case that customised power
modules employing latest semiconductor technology are taken into con-
sideration for a certain application the price competitiveness is low com-
pared to a realisation of the power stage with discrete components due
to the relatively low production volumes of bearingless pump systems.
Integrated modules, however, that are available off–the–shelf and thus
manufactured in high quantities offer a promising alternative to a reali-
sation with discrete components.
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Semiconductor manufacturers have put strong effort in the develop-
ment of integrated three–phase power modules in recent years. Such com-
ponents have originally been designed for air conditioning systems, com-
pressor drives as well as for light industrial power applications. Lately,
their utilisation in various other applications has continuously increased
and they can now be found in large numbers in a lot of other applications.
As a consequence of this trend, these modules are produced in high vol-
umes and can therefore be offered at an attractive price for cost sensitive
applications. Their integrated package offers a simplified design of the
converter since the gate drivers and protection circuitry are integrated in
the package as already mentioned in section 2.3. Also the assembly of the
components is simplified when utilising power modules. Furthermore, the
short inductive paths inside the modules provoke small overvoltages dur-
ing switching transients. On the other hand, this realisation concept has
the disadvantage that in case of a malfunction of one of the power tran-
sistors or diodes inside the module the whole device must be replaced.
For the realisation of the hereafter discussed converter stage the power
module IRAM136–3063B [35] has been chosen. The 600 V / 30 A IGBT’s
and reverse diodes in the module are of the type IRGP20B60KD-E [32].

Compared to a realisation of the interleaved half–bridge topology with
the mentioned discrete components the concept with integrated power
modules occupies 40% less space when the modules are placed horizon-
tally on the board. Even more space can be saved when the modules
are placed vertically as it is the case in the hereafter presented realisa-
tion. The IGBT’s that are integrated in the modules are able to carry
currents up to 30 A at a junction temperature of TJ = 25◦C. This is
sufficient to handle the maximum currents of 25 A as described in the
previous section. Furthermore, the pulsed current capability is 50 A per
semiconductor device. The internal layout with the IGBT’s and reverse
diodes along with the package of the module is depicted in Fig. 2.10.

2.3.3 Switching Loss Measurements

For the dimensioning of the cooling part of the power stage it is crucial
to know the switching behaviour and the thereby occurring losses of the
employed power semiconductors. In order to gain these figures, switching
loss measurements have been carried out. The most important part em-
ployed in these measurements is the current sensor utilised to measure
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Figure 2.10: Internal layout (left) and package (right) of the power module
IRAM136-3063B.

the switched current. An overview about different sensor principles suit-
able for the measurement of the current in switching loss measurements
is given in [36]. Ideally, the sensor should have a very high frequency
bandwidth. The requirements of the sensor are given by the pulse width
and the slew rate of the measured current. For the hereafter presented
current measurements a current transformer that is presented in [37] was
used. The measurement setup is depicted in Fig. 2.11.

3T

4D2T

L

dcU

+

_

irr

iT

iL

iD

iin Module

uL

Figure 2.11: Measurement setup for the switching loss measurements. Due
to symmetry reasons the loss measurements can be restricted to the transistor
T3 and the diode D4.

The input current iin, the coil current iL as well as the voltages
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across the transistor T3 and the diode D4 can be measured directly at
the terminals of the module, whereas the reverse recovery current irr

cannot be measured directly since neither the anode nor the cathode
of that device are accessible directly due to the packaging of the power
module. However, for the switching loss calculations of the diode this
current must be known. It is therefore calculated out of iT and iL ac-
cording to irr = iT − iL. For the reproduction of the voltage and current
relation that is occurring during operation of the converter a constant
steady state current is applied to the inductor. This constant current is
then switched according to the applied switching pattern to record the
switching behaviour of the IGBT and the antiparallel diode. Due to sym-
metry reasons, the loss measurements are restricted to the transistor T3

and the reverse diode D4 (the grey coloured components are not involved
in the switching loss measurements). These switches are always turned
off while transistor T2 is constantly turned on during the applied switch-
ing pattern. The switched current along with the relevant time instants
is depicted in Fig. 2.12. During t1 IGBT T3 is turned on so that the
full dc–link voltage of 325 V is applied to the coil L and as a result of
this the current iL is linearly increasing. The time instants t1 and t2 are
set according to the requirement for a constant average coil current as
mentioned beforehand. Care must also be taken that the oscillations in
the switched current completely decay after turn on or turn off before
the next switching instant occurs. At t2, the upper switch T3 is turned
off and as a result of this the current commutates to the diode D4. T3

is turned on again at the time instant t3. The switching pattern is only
applied twice to ensure that the power semiconductors do not heat up
significantly and a junction temperature of TJ = 25◦C can be guaranteed.

t1 t2 t3 t

iL,avg

iL(t)
iL uL(t)

Figure 2.12: Inductor current for the evaluation of the switching losses.
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The measurements for the evaluation of the switching losses have been
carried out for discrete values of the switched current iT = [0 5 10 15
20] A at a junction temperature of TJ = 25◦C and a constant dc–link
voltage of Udc = 325 V.

Switching Behaviour

The switching behaviours of the IGBT and the reverse diode in the power
module Power Module IRAM136–3063B are depicted in the Figures 2.13
and 2.14.

At turn on (cf. Fig. 2.13(a)), the current commutates from the diode
into the switch. The current transition occurs with 0.604 kA/μs. During
turn on, the voltage across the switch is reduced due to the voltage drop
across the parasitic wiring inductances that start to carry the current.
This voltage drop slightly decreases the switching stresses. From this
voltage level on, the voltage uCE decays during 110 ns to 0 V. After the
IGBT current has reached the level of the load current, it further increases
beyond that value owing to the charge in the reverse diode D4. After a
depletion region is formed in this reverse diode, it starts to support the
voltage and the charging disappears due to the recombination. This also
causes the collector voltage to fall.

During the rise time of the voltage uCE at turn off of the switch, the
current diminishes about 4.1 A. After the voltage uCE has reached the
level of the dc–link voltage, the diode D4 starts to conduct and the cur-
rent impressed in the switch starts to commutate into the freewheeling
diode D4. Thereby, the current decays almost linearly with 0.676 kA/μs.
Due to the fact that the gate resistors in the module cannot be changed,
no influence can be taken on the rise time of the current and thus the
losses occurring at turn on of the switch. In Fig. 2.14 the turn off be-
haviour of the diode D4 is depicted. The reverse recovery peak current
îrr arising during this switching instant is 13.5 A.

2.3.4 Calculation of the Losses in the Power Module

Switching Losses

The turn on and turn off loss energies Eon, Eoff and Err that have been
obtained with the previously described measurement setup are depicted

34



INVERTER DESIGN

(a) (b)

uCE(t)

i(t)

p (t)

i(t)

p (t)

uCE(t)

Figure 2.13: Switching behaviour of the IGBT T3 at a junction temperature
of TJ = 25 ◦C, dc–link voltage Udc = 325 V and steady state coil current iL
= 15 A. (a) Turn–on and (b) turn–off of IGBT T3. Current scale: i: 7.5 A/div,
voltage scale: u: 100 V/div, power scale p: 1 kW/div, time scale: 100 ns/div.

in Fig. 2.15. Approximating these curves with a second order polynomial
function

ESw = k0,k + k1,k iT + k2,k i2T , (2.14)

leads to the coefficients summarised in Table 2.2. Besides the switch-
ing coefficients of the transistors, the reverse recovery losses of the diode
D4 (cf. Fig. 2.11) have been evaluated by measurements as well and are
shown in Fig. 2.15as well. For the diodes, a first order polynomial inter-
polation is chosen with parameters k0,k and k1,k.

Due to the symmetry of the used switching pattern and the sym-
metrical current distribution in the semiconductors of the interleaved
half–bridge (as explained in section 2.3.1) it is sufficient to integrate the
loss energy of each loss term over a π/2 interval.

PSw = fs
2

π

∫ π/2

0

w(u, i)dϕ, (2.15)

with fs as the switching frequency that is applied to the respective
semiconductor and w(u, i) the loss energy. Looking at the switching pat-
tern in Fig. 2.7 one can see that during the π/2–interval the following
losses occur in the transistors:
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u(t)

i(t)

p (t)

irr (t)

Figure 2.14: Switching behaviour of the reverse diode at a junction tempera-
ture of TJ = 25 ◦C, dc–link voltage Udc = 325 V and steady state coil current
iL = 15 A. (a) Turn-on and (b) turn-off of IGBT T3. Current scale: i: 7.5
A/div, voltage scale: u: 100 V/div, power scale p: 1 kW/div, time scale: 100
ns/div.
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Figure 2.15: Switching loss energy of the transistor T3 (cf. Fig. 2.11 at turn
on (Eon) and turn off (Eoff ). And reverse recovery losses Err in the diode D4.

PSw,IGBT ′s = Psw,on,T4
+ Psw,off,T1

+ Psw,on,T1
+ Psw,off,T4

. (2.16)

This shows that turn on and turn off losses are evenly occurring in
the transistors T1 and T4. As explained in section 2.3.1, each transistor
is involved in the switching of the phase current during two times a π/2–
interval of the phase current. Thus, the switching losses per transistor Tk
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switching loss coefficients k0,k [μJ] k1,k [μJ/A] k2,k [μJ/A2]
turn on IGBT 80.8 18.9 0.180
turn off IGBT 12.5 11.3 0.007
reverse recovery Diode 17.2 1.35 -

Table 2.2: Coefficients for the loss measurements of the transistors Tk and
the diodes Dk gained through switching loss measurements at a junction tem-
perature of TJ = 25◦C.

during a full period are calculated to

PSw,Tk
=

1

2π

(∫ π/2

0

(kon + koff ) iL(ϕ)sin(ϕ)dϕ

+

∫ 3π/2

π

(kon + koff ) iL(ϕ)sin(ϕ)dϕ

)

= 2 fs
1

2π

∫ π/2

0

(kon + koff ) iL(ϕ)sin(ϕ)dϕ

=
fs

π
(kon + koff ) ÎL, (2.17)

where ÎL is the peak current in the phase that is connected to the
respective switch. Similarly, the same losses occur in the other transistors
of the separate bridge–legs while they are involved in the switching of the
phase current during twice times a π/2–interval.

For the diodes, the same loss distribution as for the transistors is
valid. Also there, turn on and turn off losses occur evenly distributed
over a π/2–period of time.

PSw,Diodes = PSw,off,D3
+ PSw,on,D2

+ PSw,off,D2
+ PSw,on,D3

(2.18)

However, due to the fact that the turn on losses are insignificantly
small, only the reverse recovery losses are considered hereafter. In analogy
to (2.17) the switching losses per diode Dk over a full sine–period result
in
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PSw,Dk
= 2fs

1

2π

∫ π/2

0

krriL(ϕ)sin(ϕ)dϕ

=
fs

π
krr ÎL. (2.19)

Conduction Losses

Besides the beforehand discussed switching losses, also conduction losses
occur in the semiconductors. For a profound calculation of the losses the
component specific parameters UCE,0 and rCE of the IGBT and UF,0 and
rF for the diode, respectively, have been evaluated. Their values are sum-
marised in Table 2.3. The forward characteristics of the semiconductors
can be approximated by a forward voltage drop and a forward resistance

PFw,Tk
= UCE,0 ITk,avg + rCE,on I2

Tk,rms, (2.20)

PFw,Dk
= UF,0 IDk,avg + rD I2

Dk,rms. (2.21)

Component Specific parameters
Transistor Tk UCE,0 = 1.11 V, rCE,on = 0.077 mΩ
Diode Dk UF,0 = 1.05 V, rF = 83 mΩ

Table 2.3: Coefficients of the IGBT and the diode extracted from datasheets
and verified by measurements at at a junction temperature of TJ = 25◦C.

2.3.5 Loss Distribution

With the help of the equations 2.17, 2.19, 2.20 and 2.21 the total losses
in the interleaved half–bridge topology can now be calculated. When
doing this, the way of how the drive and bearing phases are connected
to the bridge–legs of the modules plays an important role. The different
configurations considered for the comparison of the occurring switching
losses are depicted in Fig. 2.16. There, only the separate bridge–legs are
shown, whereas the connection to the common bridge–leg is indicated
with a dashed line. The currents in the two drive phases show a phase
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shift of π/2 as outlined in 2.2.3. Illustration (a) in Fig. 2.16 shows the
case where the drive system is operated by one three–phase module. This
setup is referred as DD–configuration later on. The thereby resulting
current in the common bridge–leg is

√
2 times the drive phase current as

shown earlier on. Similarly, this is also the case for the bearing system
(BB–configuration) (cf. Fig. 2.2.3(b)). In Schematic (c) the situation is
shown, where a drive and a bearing phase with both having currents that
are in phase to each other are connected to the same common bridge–leg
(DB–configuration). In this case, the current in the common bridge–leg
is the sum of the two phase currents.

In Fig. 2.17 the total losses in either of the discussed configurations
is depicted for an impeller speed of the pump of 4,000 rpm. At this
operating point, the rms drive and bearing currents are 2.5 A and 2.1 A,
respectively. For a fair comparison, the duty cycles of the switches T1 and
T2 in the common bridge leg are modulated with 50% and all switches
are operated with a switching frequency of 18 kHz. The thereby achieved
voltage magnitude is sufficient for a stable control of the impeller in the
pump. However, the performance of the drive system suffers from this low
modulation depth and only speeds up to 4,000 rpm and a resulting flow
of 60 liters per minute can be obtained. This drawback can be overcome
with modulation methods presented in chapter 4.
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Figure 2.16: Configurations (a) drive–drive (DD), (b) bearing–bearing (BB),
(c) drive–bearing (DB).

At this operating point, the losses that occur in each power module in
the DB–configuration are 22.8 W. This results in a total of 45.8 W losses
in both modules. The sum of the losses in the DD– (18.4 W) and BB–
(15.4 W) configuration is 33.8 W. This shows that the switching losses
are lowered for the same operating point of the pump by 26% when a
module for the drive system and a second for the bearing phases is re-

39



POWER ELECTRONICS

served. A further advantage of this configuration is that a lower switching
frequency for the semiconductors in the drive module can be chosen as
for those involved in the control of the bearing currents. The connection
of one drive and one bearing winding to the same common-bridge leg
does not allow a lower switching frequency in the respective bridge legs
since a switching frequency of 18 kHz is needed for a save operation of the
bearing system 3.1. In case of the DD– and BB–configuration a switch-
ing frequency of 4.5 kHz for the drive system can be chosen while the
bearing module is still operated with 18 kHz. Doing this results in power
electronics losses caused by the drive system of 11.9 W at this operating
point. This is 39.7% less than when the drive currents are switched with
18 kHz.
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Figure 2.17: Losses in the DB and DD/BB configuration for a speed of 4000
rpm and a flow of 60 l/min at a switching frequency of 18 kHz in all switches.

In addition, the combination of the drive– and bearing– windings to
a separate module offers the freedom of selection power modules with
different current ratings for both systems. However, for the herein dis-
cussed quantities, the numbers are still in a range where the employment
of two similar modules offers more cost advantage than combining two
different modules. Furthermore, there exist two–phase bearingless mo-
tor configurations [34] with higher current ratings of the windings than
those presented in this work. When connecting these drive windings to
the same power module the peak current that occurs in the common–
bridge leg is higher than the 30 A current rating of the modules. Thus,
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a connection of the windings according to Fig. 2.16(c) has to be chosen.
This implies that in order to make the hereafter presented inverter sys-
tem universally applicable for various bearingless motor configurations
power modules with similar current ratings must be chosen.

2.3.6 Thermal Analysis

Another aspect which is crucial for the design of the converter is the
evaluation of the most suitable cooling concept. This requires the bal-
ancing of a number of conflicting parameters in order to maximise the
performance of the heat sink. First of all, one has to decide whether a
passive– or active– (air or water) cooling should be employed. The latter
certainly results in the lowest volume and mass of the heat sink. As a
matter of fact the cost of material is lowest as well. On the other hand,
external equipment such as a water supply and a pump must be present.
If only clean room applications would be targeted as described in chapter
1, an active water cooled system is the preferred choice since the required
connectors are usually present in these facilities. However, since the aim
of the herein discussed system is a universally applicable device which is
independent of any supply except the power cord, a forced air cooled heat
sink with a fan is chosen. The broad application range involves a wide
ambient temperature range TA within that the converter has to be safely
operated. If the converter is mounted in a cabinet, ambient temperatures
of up to 40 ◦C are present. For safety reasons and protection of the user,
the maximum heat sink temperature THS,max shall not exceed 70 ◦C.

In a first step, an adequate design procedure for the heat sink must
be chosen. In recent years, mathematical models for the determination
of the optimal volume and/or mass of a heat sink have become more and
more into the scope of interest for power electronics designers. However,
these mathematical models [38], [39] result in high computational effort.
Quite often, these multi–parameter optimisation procedures also go be-
yond the scope of an industrial product since the manufacturing of the
thereby arising tiny structures is very difficult and quite often even im-
possible to realise. The problem is that the optimum heat sink geometry
that results in minimum thermal resistance for a given base plate size
needed to attach the two power modules, usually results in very thin fins
and/or very small channel widths. When aiming for a design applicable
for medium size volume production an efficient manufacturing procedure
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for the heat sink is crucial. Otherwise the cooling part becomes a major
cost driver of the overall system.

Under all these circumstances the most cost effective solution for the
heat sink is the use of extruded aluminum sheets. The thickness of the
fins is thereby restricted by manufacturing constraints. In this design, it
is set to 2 mm according to manufacturer data. Due to the given casing
size, the maximum width and length of the fin is limited to 70 mm.
Only the height can theoretically be varied up to a maximum of 25 mm.
Considering this, the aim in the selection process of the fan is to maximise
the fan size and thereby receiving maximum air flow. Doing this, leads
to a fan with external measurements of 70x70x25 mm. The maximum
air flow of the chosen fan [40] at the rated dc–voltage of 12 V is 1.73
m3/min.

In the next step, the design of the fins and the overall heat sink ge-
ometry must be carried out. In [41] an analytical optimisation procedure
for a given fan is presented that takes care of this issue. Applying the
respective equations to the herein occurring problem allows it to define
the heat think parameters without the necessity of time consuming nu-
meric 3D-simulations that are otherwise necessary to systematically find
an optimum design. The design of the so obtained heat sink is depicted
in Fig. 2.18. The length of the base plate is 160 mm and the hight is 44
mm. The fines are placed on both sides of the main frame as can be seen
there. Namely, 7 fins above the power modules and 12 on the reverse side
of the base plate. The thickness of the fins is 2 mm and the length 40
mm above the power modules and 20 mm on the backside, respectively.
The length of the fins is given by the available space in the casing of the
converter. The extrusion length of the heat sink is 160 mm as well. The
heat sink is made out of aluminum with a thermal conductivity of 239
W/m◦C, a density of 2700 kg/m−3 and a specific heat of 896 J/(kg◦C).

In order to verify these heat sink parameters gained by analytical
calculations a thermal simulation of the temperature distribution in the
heat sink has been carried out with the fluid dynamics software Icepak
[42] for the worst case load point of the pump system. The ambient tem-
perature is set equal to the ambient temperature in semiconductor fabs,
which is TA = 20 ◦C. At this operating point, the rms current value of
each drive–phase and bearing–phase is 14.2 A and 2 A, respectively. With
the loss equation presented in section 2.3.4, the losses in the drive– and
bearing–module can be calculated. Doing this leads to a total energy loss
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T1
T2

Figure 2.18: Verification of the designed heat sink with a thermal simulation.

of PL,D,tot = 128.86 W in the drive module and PL,B,tot = 8.96 W in the
bearing module. The simulation results (cf. Fig. 2.18) reveal that these
loss energies result in a heat sink temperature of THS = 48.2 ◦C in the
center of the drive module and 37.2 ◦C case temperature in the center of
the bearing module. The simplification in the simulation considering two
heat sources emitting the respective loss energies is justified by the fact
that setting up extremely accurate thermal models of power semiconduc-
tors does typically not make a lot of sense, since the interface between
the case of the power module and the surface of the heat sink (typically
thermal grease) is not well defined but contributes significantly to the
thermal resistance. Nevertheless, the temperature at the junction of the
semiconductor is the limiting factor that determines the applicability of
the power module. Therefore, the worst case junction temperatures of
the switches and diodes have to be estimated.

The power semiconductors in the common bridge–leg face the highest
current stresses and as a consequence the losses and thereby the junction
temperature of these elements is the highest. Thus, for the verification of
the cooling concept, the junction temperature of the IGBT’s and diodes
in this bridge–leg are calculated. Looking at the internal layout of the
power module (cf. Fig. 2.10) reveals that the transistor diode combina-
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tions T1/D1 and T2/D2 of the common bridge leg are located in the
lower left corner of the drive module. In the IGBT T2 losses of PL,T2 =
17.15 W arise, whereas the switched current in the diode D2 generates
a loss energy of PL,D2 = 11.53 W for a drive phase current of 14.2 A.
According to the datasheet of the employed power module [35], the ther-
mal resistance per IGBT is Rth,J−C,IGBT = 1.5 ◦C/W and per diode
Rth,J−C,diode = 2.5 ◦C/W. The case to heat sink resistance is given by
Rth,C−HS = 0.1 ◦C/W. Based on these values and assuming a worst case
heat sink temperature of THS = 50.25 ◦C the junction temperature of
the transistor T2 is calculated to

TJT2
= PL,T2 ·Rth,J−C,IGBT +PL,tot ·Rth,C−HS +THS = 88.9 ◦C. (2.22)

Similarly, the junction temperature of the diode D2 results in

TJD2
= PL,D2 ·Rth,J−C,IGBT +PL,tot ·Rth,C−S +THS = 91.98 ◦C. (2.23)

TJ,T2

Rth,J-C,IGBT

TC

THS

Rth,C-HS

PL,T2

PL,D,tot 

PL,Ti

Figure 2.19: Model for the calculation of the junction temperature of the
IGBT T2.

Considering the worst case ambient temperature of 40 ◦C, these re-
sults have to be shifted by a temperature offset of Toffset = 20 ◦C. Doing
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this leads to a worst case junction temperature of the diode D2 of 91.98
◦C + 20 ◦C ≈ 112 ◦C, which is still well below the thermal limit of 125
◦C specified in the the datasheet of the power module [35]. At an ambient
temperature of 40 ◦C, the maximum heat sink temperature is shifted to
70.24 ◦C. Given the requirement for a maximum heat sink temperature
of 70 ◦C mentioned in the beginning, this simulation shows good agree-
ment with the design input. In addition to this thermal simulation of the
worst case operating point of the pump, a number of other load points
have been verified by simulations and measurements on the laboratory
prototype shown in chapter 7. As an example, the temperature T1 (center
of the drive module) and T2 (center of bearing module) for a operating
point of the pump where the drive module generates losses of 60 W and
the loss energy in the bearing module is 10 W are compiled in Table 2.4.

Temperature Simulation Measurement
T1 38.7 ◦C 34.3 ◦C
T2 39.2 ◦C 34.9 ◦C

Table 2.4: Verification of heat sink design with thermal measurements for loss
energies of 60 W at the measurements point T1 and 10 W at T2 (cf. Fig. 2.18).

2.3.7 DC–Link Capacitor

As a consequence of the passive diode rectifier the power, which is flow-
ing from the mains to the converter is pulsating with twice (in case
of single–phase mains) or six times (in case of three–phase mains) the
mains frequency. The voltage measured at the output of the diode rec-
tifier without the presence of a dc–link capacitor is fluctuating with the
same frequencies depending on the mains. In order to apply a constant
voltage to the drive and bearing windings a capacitor must be present
in the dc–link which smoothes the voltage after the diode bridge. This
capacitor also serves as energy storage device in order to comply with the
voltage sag ride-through capability required for semiconductor process-
ing equipment according to SEMI F47–0200 [43]. Furthermore, in case of
a mains loss of more than 1 s not specified in [43] the capacitor has to
guarantee a save shut down of the bearing system. Otherwise the impeller
could touch the housing and by that an abrasion of the coating occurs
which results in a contamination of the process fluid. For the bearingless
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pump system discuss in this work a 1.8 mF capacitor is required.

The power that is flowing in and out of the capacitor during one
mains period is defined as

ΔP = −P0 sin(2ωN t), (2.24)

where P0 is the steady state power demand from the mains and ωN is
the mains frequency. Assuming a constant dc–link voltage Udc with only
very small fluctuations under steady state operation, the current flowing
in and out of the capacitor is defined as

iC = − P0

Udc
sin (2ωN t) . (2.25)

The peak–to–peak value ΔUc of the dc–link voltage fluctuation is
then approximated with the integration of iC over time:

ΔUc ≈ 1

Cdc

∫
iC dt =

P0

Udc ωN C0
. (2.26)

Considering the beforehand mentioned operation a the single–phase
mains with a minimum voltage of (Udc =

√
2200 V), a capacitor value

of Cdc = 1.8 mF and a maximum load of P0 = 2000 W the maximum
voltage deviation ΔUC is calculated to

ΔUC =
P0

Udc C0 ωN
= 12.5V. (2.27)

This results in a fluctuation of 2.2 % of the dc–link voltage at steady–
state operation. In case a smaller dc–link capacitor is chosen and thus a
higher voltage deviation arises, additional control methods such as feed–
forward control of Udc in Fig. 3.6 need to be taken into consideration. Due
to the mentioned voltage–sag ride–through requirements the capacitor
value is given and no additional control is necessary.

The relatively large capacitor value can either be achieved by connect-
ing several smaller capacitors in parallel or through one single capacitor.
Capacitors with smaller values have the advantage that the height of
their housing is lower compared to those with large capacitance values
and thus would result in a favorable solution for a compact design with
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given restrictions regarding the hight. On the other hand, the placement
of several capacitors next to each other requires more space on the board
than a single capacitor with the same value does. A comparison of elec-
trolytic capacitors considering the required board space compared to the
achievable total capacitance has shown that the parallelisation of several
small capacitors does not result in a more compact design. Since in the
herein discussed design the space on the board is very limited whereas the
hight of the capacitor is not a limiting factor a single dc–link capacitor
design is chosen.

2.4 Summary

In this chapter, a comparison of inverter topologies regarding their suit-
ability for driving a bearingless two–phase pump is performed. In par-
ticular, the conventional full–bridge topology is opposed to alternatives
with reduced number of components, such as the split–capacitor and the
interleaved half–bridge topology. The comparison includes the number of
utilized components, the maximum achievable drive voltage, additional
control effort, current stresses in the power semiconductors and practical
system aspects. Based on this analysis, the interleaved half–bridge topol-
ogy is selected for the realisation of a next generation bearingless pump
controller with a power rating of 2 kW.

A base for the design, in a first step, an analysis of the current stresses
in the selected power modules has been carried out. The calculation of
the losses in the power semiconductors that are depending on the chosen
motor winding configuration is then shown on switching loss data which
have been gained through switching loss measurements. Based on these
loss calculations, the best suitable cooling concept is evaluated and out
of this, a forced air cooled heat sink is designed and verified by thermal
simulations and measurements.

Furthermore, the requirements for the dc–link capacitor are shown
and with that, the calculation of the necessary capacitor value is carried
out.
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Chapter 3

Sensor and Control System

3.1 Introduction

The combination of both drive–phases to a single module and similarly
also the bearing–phases to a second one allows the employment of dif-
ferent switching frequencies in each module as outlined in the previous
chapter. As a result of this, the losses in the system can be minimised. In
this chapter, the control requirements of both systems and resulting con-
ditions for the switching frequencies are discussed and weighted based on
their critical influence on a stable operation of the system. Furthermore,
the approach of minimising the cost for the current measurement by us-
ing hall effect based current sensor IC’s is discussed and their influence
on the control bandwidth is shown. Based on these considerations, the
switching frequencies of the drive and the bearing systems are defined.

3.2 Current Sensor

As outlined in chapter 1.1.4, the overall cost reduction approach of a bear-
ingless pump system also addresses the current measurement method.
The current in each phase that is connected to the separate bridge leg is
measured with one current sensor (cf. Fig. 3.1). In total, four sensors are
employed to measure the respective phase currents.
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Figure 3.1: Location of current sensors in the interleaved half–bridge.

In today’s systems, high–quality current sensors with a bandwidth up
to 200 kHz are employed. These high performance components clearly
result in higher cost compared to alternative concepts. And even more,
bandwidths of 200 kHz are not necessarily required for the stable con-
trol of bearingless pump systems if the bandwidth of the controller can
be significantly lower. The resulting phase delay of the low bandwidth
current sensors and its impact on the selection of the control frequency
is therefore investigated in this chapter.

In [44] an overview on current sensing technologies for very compact
power electronics is given with the aim of lowering the cost and achieving
compatibility with manufacturing processes. One approach a more cost
effective design would be the application of current shunts which work
on the principle of the ohmic voltage drop. However, since the voltage
measured across such a shunt is in reference to the ground potential
of the power stage, additional effort must be taken for the realisation
of the potential separation between the shunt potential and the ground
potential of the remaining sensor electronics which is in interaction with
the user and thus has to be electrically isolated from the power stage due
to safety restrictions.

An alternative concept to the employment of shunts are sensor IC’s
that measure the magnetic field based on the hall effect [45]. These de-
vices can be applied to both dc and ac current sensing up to hundred
kHz. The output signal of these sensors is electrically isolated from the
measured signal. Thus, no additional components for the potential sepa-
ration are needed. Due to its compact design and attractive price, these
sensors are the favorable concept for the current measurement in next
generation bearingless pump systems. However, compared to magneto
resistive current sensor with a response time below 0.15 μs, hall effect
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current sensors have the disadvantage of relatively large delay times. For
the hereafter employed current sensor of the type Allegro ACS712 [46], a
propagation delay time of tdelay = 3 μs has to be taken into consideration
for the design of the current controller.

The modelling of the current sensor behaviour is realised with a delay
time and a PT1 element for the signal rise. Given the rise time from
10% to 90% of 6.6 μs specified in the datasheet, the corresponding time
constant for a rise of the output signal from 0 to 63% requested by the
PT1 element is τCS = 3μs. With this, the current sensor is modeled as:

GCS(s) = e−s tdelay
1

1 + sτCS
(3.1)

The exponential transfer function is thereby approximated by a ra-
tional transfer function using Padé approximation [47]. The bode plot
and step response of this transfer function are shown in Fig. 3.2 and 3.3,
respectively.

The implemented phase response of the applied current sensor has
also been verified by measurements (cf. Fig. 3.4). As can be seen there, the
measurements show very good agreement with the simulations. There-
fore, this transfer function of the current sensor can be used for the
analysis of the current control loop,.

3.3 Drive System

From the viewpoint of minimising the losses in the power module of
the drive system, the switching frequency of the IGBT’s in that module
should be selected as low as possible. However, a trade–off arises between
lowering the losses while ensuring an accurate current control. In order
to ensure full performance it is necessary that the currents are sampled
with a sampling frequency being high enough. Due to the variable per-
meability of the drive inductance, high currents, which arise due to high
torque demand, lead to saturation and thereby over currents if a too low
sampling rate is chosen and the currents cannot be controlled accurately
enough. To avoid this, at least ten sampling points within one half sine
period have to be acquired (cf. Fig. 3.5).

Furthermore, as outlined in section 1.1.3, the output pressure of bear-
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Figure 3.2: Bode plot of the current sensor model GCS(s) with trise,CS = 6.6
μs and tdelay,CS = 3 μs.

ingless pumps in semiconductor applications has be increased in the up-
coming years. This has a direct impact on the speed of the impeller, since
the output pressure of a centrifugal pump scales with n2 (4.2). Accord-
ing to these forecasts, rotational speeds up to 12,000 rpm are demanded
in the near future for the pump size at hand. This implies a maximum
mechanical frequency of

fm,max =
12000 rpm

60 s
= 200 Hz. (3.2)

Combining 3.2 with the minimum rate of 20 samples per full sine
period results in a minimum sampling frequency of the drive current of

fI,D,min = fm,max · 20 = 4 kHz. (3.3)
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Figure 3.4: Phase difference of the current sensor.

With this, the minimum sampling time of the drive current is given
by

tSample,D,min =
1

fI,D,min
= 250μs. (3.4)

The acquisition of the drive currents is triggered by an interrupt that
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Figure 3.5: Minimum number of sample points within one period of the
drive phase current with the mechanical frequency fm and the sampling time
tSample,D.

correlates with every switching instant of the drive system. Hence, the
minimum switching frequency of the IBGT’s involved in the control of
the drive current has to be set to 4 kHz.

3.4 Bearing System

For the selection of the switching frequency of the bearing–system, mul-
tiple parameters must be considered. First, the mechanical time constant
of the system gives an indication of the critical timing issues of the posi-
tion control. For a stable system operation, the bandwidth of the position
controller must be at least equal to the inverse value of the mechanical
time constant of the bearing–system which is defined as

τM =

√
mI

kR,B
, (3.5)

where mI is the mass of the impeller and kR,B the radial stiffness that
specifies the required radial force FR needed to return the rotor back to
its stable position after being displaced by 1mm. For the herein employed
motor [48] the radial stiffness is kR,B = 25.97 N/mm and the mass of the
impeller is mI = 434 g. With this, the mechanical time constant results
in τM = 4.1 ms.
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According to the before mentioned criteria, the bandwidth of the
position controller has to be at least 1/4.1 ms = 244 Hz. On the other
side, the electrical time constant of the bearing current controller

τE =

√
IB,max · LB

Ucl,B,max
, (3.6)

gives an indication of the minimum control bandwidth of the current
controller. With the values of IB,max = 1.5 A as the maximum bearing
current, LB = 55 mH as the bearing inductance and Ucl,B,max =

√
2·

230 V, as the maximum applicable clamp voltage to the bearing phase,
the electrical time constant results in τE = 0.5 ms. As shown in [49], for
achieving a stable system control the condition

τE << τM (3.7)

has to be satisfied in the design of a magnetic bearing system. Ap-
plying (3.5) and (3.6) for the already existing design of the two–phase
motor (1.1.1) reveals that τM = 8.2·τE . Thus, 3.7 is fulfilled. As a matter
of fact in cascaded control schemes the subordinate current–controller
has to be about five times faster than the overlying position controller
whose minimal bandwidth is given by τM . With this, the minimal band-
width of the current controller is given by 5·244 Hz = 1.22 kHz. For
the hereafter presented design of the control loop, the bandwidth of the
current controller is set to

BWCC = 1.2kHz. (3.8)

The control structure of the bearings system is comprised of a po-
sition controller and an underlying current controller as shown in Fig.
3.6. Herein, the delay time of the current sensor presented in the previ-
ous section has a direct influence on the control bandwidth. Thus, this
issue will be analysed in the following. The overlying position control is
presented in detail in [2] and will not be further investigated in this work.

The linear transfer function of one bearing phase is given by

GBNG =
1

1 + sLB/RB
. (3.9)
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Figure 3.6: Control structure of the position and current controller.

Due to its first order integral behaviour, the bearing system results in
a phase shift of -90◦ as can be seen in the bode plot in Fig. 3.7. With a
desired control bandwidth of 1.2 kHz a proportional gain controller GP

= kP with a gain of

kP ≥ 10
52.4dB
20dB = 417 (3.10)

is required.

This shows that -90◦ phase shift have to be added by the subsequent
transfer functions in the open loop chain to guarantee a stable system.
For a stability analysis, additional delays occurring in the system, which
lead to a lower phase margin, have to be analysed.

The interrupts of the control system are generated by a timer that
is counting up and down as shown in Fig. 3.8. At every minimum and
maximum of the timer value an interrupt is triggered. These interrupts
are occurring with twice the switching frequency:

fI =
1

TI
= 2 · fs. (3.11)

When the timer reaches its minimum value, the PWM register of the
DSP is written to the respective output pin and thereby a new duty cycle
is applied after every pulse interval
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TP = 1/fs. (3.12)

In average, the PWM output is delayed by 3 · TP /2. In Fig. 3.8 it is
shown that the delay is caused by one interrupt period resulting of the
calculation and hold time of the new duty–cycle until it is written to the
respective output pin. The PWM is updated only once per pulse period
and thus, an additional delay of TP /2 is caused until the new value is
active [50].

With that, the total delay, which is depending on the switching fre-
quency, can be written as

GPWM = e−s 3 Tp/2 = e−s 3 TI (3.13)
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Figure 3.8: Interrupt generation.

For the analysis of this time delay, different switching frequencies
will be taken into consideration. The lowest switching frequency in this
analysis is chosen to be 4.5 kHz, which equals the minimum allowed
switching frequency of the drive system calculated in the previous section.
Furthermore, the behaviour at a switching frequency of 9 kHz and 18 kHz
is investigated (cf. Fig. 3.9).

As outlined earlier on, the bearing phase already contributes -90◦

phase shift which influences the stability of the system. Looking at the
bode plot in Fig. 3.9 reveals that at 1.2 kHz the PWM delay with a
switching frequency of 4.5 kHz results in additional -134◦ phase shift
and thus already leads to an unstable system. A switching frequency
of 9 kHz contributes a phase shift -67.4◦ and thereby to a stable system
when only this delay is considered in combination with the bearing plant.
However, only 22.6◦ phase shift are reserved for the current sensor and
the low–pass filter in this case. Increasing the switching frequency to 18
kHz reduces the phase shift to -33.7◦ and thereby allows certain margin
for the subsequent transfer functions.

Besides the phase margin as a stability criteria of the open loop sys-
tem, for the current control, the overshoot behaviour of the closed loop
system is of major interest as well. Thereby, the goal is to minimise the
overshoot if a unit step is applied to the closed loop system. The coher-
ence between the phase margin of the open loop system in the frequency
domain and the overshoot of the closed loop system in the time domain
is given according to [51] by a simple approximation

Δh[%] = 70 − Δϕ[◦]. (3.14)

Here, Δh is the maximum overshoot of the closed loop system in %
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Figure 3.9: Bode plot of the delay of the PWM signal according to 3.13 for
switching frequencies of fs = [4 9 18] kHz.

of the unit step and Δϕ is the phase margin at the frequency point of
interrest. This shows, that a phase margin close to 70% must be targeted
in order to achieve a system without overshoot.

Due to the relatively high noise level in a bearingless pump system,
the output signal of the current sensor must be filtered. The bandwidth of
this filter is a trade–off between filtering of the noise and maximising the
phase margin of the open loop system. For the here employed bearingless
pump system, a first order low–pass filter with a transfer function

GLP =
1

1 + s 1
2πfc,LP

(3.15)

and a cut off frequency of fc,LP = 8.8 kHz is chosen. With this, all
components of the open loop transfer function GOL are known and it can
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be written as

GOL = GP · GPWM · GBNG · GCS · GLP . (3.16)

For a stability analysis, the phase margin of the open loop system
must be considered. The respective bode plot for the switching frequen-
cies 4.5 kHz, 9kHz and 18 kHz is shown in Fig. 3.10. Here again, one can
see that choosing a switching frequency of 4.5 kHz results in an unstable
system.
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Figure 3.10: Bode plot of the open loop transfer function GOL for switching
frequencies fs = [4.5 9 18] kHz.

Taking into account 3.14, still an overshoot of

Δh[%] = (70 − 46)[◦] = 24% (3.17)

results for a switching frequency of 18 kHz. This is illustrated in Fig.
3.11.
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As can be seen there, the overshoot is reduced by 7.7% if a low-pass
filter with a cut–off frequency of 35.36 kHz is used. This leads to the
conclusion that a switching frequency of at least 18 kHz must be selected
for the bearing–system.

3.5 Software

In the following, a brief overview about the software routines necessary
for the control of a bearingless slice motor system shall be given. Based
on this, the control sequence of the routines depending on the selected
switching frequencies is shown. The software is divided into four main
routines. Namely:

• Control of bearing current and position (BNG)

• Control of drive current (DRV)

• Speed control (RPM)

• Control of additional tasks (AUX)
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As mentioned in the introduction of this chapter, the control structure
of a two–phase bearingless slice motor with its elements (low–pass filter,
PI–controller, PID–controller) and the field– and stator–oriented coordi-
nate transformations are presented in [2] and are therefore not further
investigated in this work.

BNG The routine BNG comprises the overlying position controller and
the underlying bearing–current controller. When this routine is
called, in a first step, the actual rotor angle is acquired. Its value
is required for the transformation of the bearing currents from the
stator– into the rotor–coordinate system [2]. Similarly, it is used
for the backward transformation of these currents into the stator–
coordinate system after their calculation has been carried out. Sub-
sequent to this, for the control of the impeller position, the actual
rotor position must be gained by reading in the values of the po-
sition sensors. Based on this information, the calculation of both
bearing currents is obtained with a PID–controller as shown in Fig.
3.6. In a next step, the output values of the bearing current sensors
are acquired. Based on the required current values calculated by
the position controller and the information gained by the current
controller, the latter sets the duty–cycle for the switches so that
the required voltages can be applied to the bearing coils.

DRV The control of the drive currents is analogue to that of the bearing
currents expect the fact that the overlying speed control is realised
in a separate routine which is being called by a different interrupt.
The output values of the hall sensors are read into the DSP and
based on this, the actual rotor angle is calculated. Following this,
the output values of the drive current sensors are acquired. The
control of these currents is obtained with a PI–controller. Only the
q–component, which equals the torque current, is of interest in a
bearingless slice motor system (see section 5.3.2). The calculation of
the reference value of this current component is carried out in the
separate routine RPM. The d–component is set to zero since no
field–weakening [52] is desired. As described in section 2.2.3, the
deployment of the interleaved half–bridge topology (cf. Fig. 2.3)
implies the necessity for advanced modulation schemes in order to
achieve full performance of the bearingless slice motor system. This
provokes an increase in the required calculation time of this routine.
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Among these routines, the TQM method (see section 4.4.1) takes
longest to compute the duty–cycles, namely 24.45 μs.

RPM In the routine RPM, the speed of the impeller is controlled based
on subsequent rotor angle values. The output of this PI–controller
is the torque current desired to obtain the demanded speed. This
value then serves as the reference current for the PI–controller in
the routine DRV.

AUX AUX fulfills various non periodical tasks such as the observation of
the dc–link voltage and the heat–sink temperature, the communi-
cation with external devices and several other tasks that consume
very little time. Thus, this routine is not critical in terms of the
overall timing.

Routine calculation time

BNG 16.75 μs
DRV 24.45 μs
RPM 3.61 μs
AUX various

Table 3.1: Execution times of the software routines.

These routines are invoked by system interrupts. As outlined earlier
on, the control of the bearing system is more time critical than that of the
drive system. The system interrupts are triggered at the time instants
of the highest switching frequency in the system, namely that of the
bearing–system. The calculation times of these routines are summarised
in Table 3.1. Their timing schedule is depicted in Fig. 3.12. In the therein
shown case, the DRV–routine is triggered with half the frequency of the
bearing routine. However, as shown in the previous section, the drive
routine can even be called by one fourth of the occurrence of the bearing
routine with regard to lowering the losses.

The measured calculation times withing this timing schedule are shown
in Fig. 3.13. Looking at these figures reveals that the calculation of the
DRV–routine takes longest, namely 24.45 μs. Assuming that due to ad-
ditional calculations necessary for additional modulation methods this
time varies by approximately 10%, a maximum interrupt time of 26.9 μs
must be considered. This results in a interrupt time of 53.8 μs and with
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BNG DRV BNG
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TP

BNG BNGDRV RPM

HALLPOS current control

PWM PWM PWM PWM PWM

Figure 3.12: Timing schedule of the different software routines.

that to a maximum interrupt frequency of 18.6 kHz. Given this figure,
the switching frequencies for the herein investigated system are selected
to fs,B = 18 kHz for the bearing system and fs,D = 4.5 kHz for the drive
system.

BNG

AUX

RPM

DRV

18 kHz

9 kHz

Figure 3.13: Execution times of RPM– (3.61μs), AUX–, DRV– (18.19μs) and
BNG– (16.75μs) routine.
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Chapter 4

Modulation Methods

4.1 Introduction

One of the drawbacks that came up in chapter 2 is that the interleaved–
half–bridge does only allow half of the dc–link voltage to be applied to the
drive phases in case the common bridge–leg is operated with a constant
duty–cycle of 50%. To overcome this drawback of a lack of performance
of the motor compared to an operation with the full–bridge topology
(cf. Fig. 2.2.1) this chapter deals with different modulation methods for
the interleaved half–bridge topology (cf. Fig. 4.1) for the control of a
bearingless slice motor and their eligibility to increase the peak drive
power of the motor. This is escpecially relevant in applications, such as
the ones in the semiconductor industry, where the same performance is
required with the future volume and cost optimised pump systems as
with todays configurations. In a first approach, a basic modulation with
lowest control effort is presented. Then, alternative modulation methods
with superposed harmonics are characterised in order to provide higher
modulation depth and therefore better motor performance. In literature,
the addition of higher harmonics to the output waveforms of an inverter
in conjunction with a motor is intensively considered under the aspect of
lowering the losses and thereby minimising the overheating of the motor
as well as reducing the vibrations in the motor [53],[54],[55]. In pumps,
the delivered fluid contributes to the cooling of the motor and an evacu-
ation of the heat arising due to losses in the motor is achieved without
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the need of additional cooling. However, this is not the case for high
temperature fluid applications in the semiconductor industry. But for
the handling of fluids with ambient temperature or even actively cooled
substances the focus can be lied on the maximisation of the achievable
drive power by the addition of higher harmonics rather than on min-
imising the losses in the pump. The latter would result in lowering the
range of potential applications for the pumps and thereby reducing the
modulation depth. A further issue that has to be taken care of in con-
ventional motors are vibrations. This, however, also has minor influence
on the correct operation and the altering of a bearingless motor since
no stiff connection between the rotor and stator is present. The follow-
ing discussion of different modulation schemes concentrates on the drive
system since its requirements regarding the modulation range are higher
compared to the bearing system. However, the considerations are also
valid for the modulation of the voltages applied to the bearing coils.
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3T 3D

4T 4D
8T 8D

7T 7D 9T 9D

10T 10D 16T
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dcC

1Dδ0Dδ 2Dδ 1Bδ0Bδ 2Bδ

0Di 1DL

2DL

1Di
2Di

1Bi
2Bi0Bi

2BL

1BL

Module 1 Module 2

Figure 4.1: Interleaved half–bridge topology with two common bridge–legs
for the two drive (LD1, LD2) and bearing (LB1, LB2) systems. Also the drive
(iD1, iD2) and bearing currents (iB1, iB2) are shown.

The average voltages ūD1(t) and ūD2(t) of the drive coils are defined
as

ūD1(t) = Udc · (δD1 − δD0) = M · Udc · cos(ωt)

ūD2(t) = Udc · (δD2 − δD0) = M · Udc · cos(ωt), (4.1)
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where the modulation depth m is defined as

M =
ūmax

Udc
= 0 . . . Mmax, (4.2)

with Mmax = 0.95. This corresponds to the maximum value allowed to
ensure a safe operation of the system.

Moreover, Udc stands for the dc–link voltage and δD0, δD1 and δD2

are the duty cycles applied to the upper switches in each bridge–leg of the
drive module (cf. Fig. 4.1). The duty cycles of the lower switches are then
given by (1 − δDi) with i = 1, 2, 3. In the following, only the expression
δDi is used to describe the duty cycles of the bridge–legs. Furthermore,
ūmax is the maximum value of the average voltage (local average value
over one pulse period) at the junction point of a bridge–leg. Analogously,
the duty cycles δB0, δB1 and δB2 are applied to the upper switches of
the bearing module in Fig. 4.1. The interleaved half–bridge converter is
operated with unipolar modulation as it is described in section 1.1.1.

4.2 Constant Common Bridge Leg Modula-
tion (CCM)

In this basic modulation scheme, the duty cycle δD0 of the common
bridge–leg is kept constant at δD0 = 0.5. This leads to an average poten-
tial of Udc/2 at the connection point of the two windings. In addition,
the duty cycles δD1 and δD2 are sinusoidally modulated with

δD1 =
1

2
+

M

2
cos(ωt)

δD2 =
1

2
+

M

2
sin(ωt). (4.3)

This can be seen in Fig. 4.2. Furthermore, the resulting voltages
ūD1(t) and ūD2(t)

ūD1(t) =
M

2
· Udccos(ωt)

ūD2(t) =
M

2
· Udcsin(ωt), (4.4)
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along with the currents iD0(t), iD1(t) and iD2(t) of the two drive
windings are depicted in Fig. 4.2 as well. It can be seen that the max-
imum average voltage across a drive coil obtainable with the described
modulation scheme is given by

ūD,max,SC = Mmax · Udc

2
. (4.5)
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Figure 4.2: Simulation results for constant common bridge–leg modulation
(CCM). Duty cycles δD0, δD1 and δD2, switched voltage uD1 and average volt-
age ūD1 across coil LD1, switched voltage uD2 and average voltage ūD2 across
coil LD2 and currents iD0, iD1 and iD2 of the drive system.

Compared to the conventional modulation of the full–bridge topology
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where the full dc–link voltage is constantly applied to the drive coils the
voltage is reduced by a factor 2. Hence no improvement compared to
the split capacitor topology is achieved. Especially for the drive system,
where high voltages across the coils are needed in order to deliver high
pump power, this performance decrease is unacceptable. According to
literature [56], [57], [58], the hydraulic power Phydr of a centrifugal pump
is given by the product of the output pressure Y and the output flow Q:

Phydr = Y · Q. (4.6)

Based on the scaling properties of centrifugal pumps the hydraulic
power is also quadratically depending [59] on the speed n and the diam-
eter d of the impeller:

Phydr d2 · n2. (4.7)

Taking into consideration that an existing two–phase bearingless mo-
tor shall be operated with these modulation methods, the diameter of
the impeller as well as any geometry of the pump cannot be changed.
This shows that it is mandatory to find a way to increase the speed of
the impeller in order to increase the performance of the pump compared
to the level achievable with the CCM method. Additional modulation
methods must therefore be developed in order to increase the hydraulic
power of the pump.

4.3 Sinusoidal Common Bridge Leg Modula-
tion (SCM)

An increased modulation ratio is achievable for the drive system if the
duty cycle δD0 of the power switch T1 (cf. Fig. 4.1) in the common bridge–
leg is varied sinusoidally. For the calculation of the required duty cycle it
is assumed that the gate signals of all switches are phase shifted by the
angle ϕ0

δD0 =
1

2
+

M

2
sin(ωt + ϕ0), (4.8)

and that δD1 and δD2 are symmetrically distributed with respect to
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δD0 by the angle Δϕ:

δD1 =
1

2
+

M

2
sin(ωt + ϕ0 − Δϕ)

δD2 =
1

2
+

M

2
sin(ωt + ϕ0 + Δϕ) (4.9)

A symmetrical distribution of δD1 and δD2 vs. ωt is chosen due to the
fact that the same modulation depth for both drive windings is desired.
In the following, the calculation of the optimal values of ϕ0 and Δϕ for
highest modulation depth is presented. Substituting δDi with i = 0, 1, 2
in (4.1) with (4.8) and (4.9) results in the following expression for ūD1(t)

ūD1(t) = M Udc sin

(
ωt + ϕ0 − Δϕ

2

)
sin

(
−Δϕ

2

)
=! Ûcos (ωt) .

(4.10)
In an analogue manner ūD2(t) can be calculated to:

ūD2(t) = M Udc sin

(
ωt + ϕ0

Δϕ

2

)
sin

(
Δϕ

2

)
=! Ûsin (ωt) . (4.11)

Applying the trigonometric legality that −cos(α) = cos(α + π) to
(4.10) and solving it for ϕ0 leads to

ϕ0 =
Δϕ

2
− π, (4.12)

whereas the combination of (4.11) with cos(α) = sin(α+π/2) results
in

Δϕ =
π

2
. (4.13)

With this, ϕ0 can now be calculated to

ϕ0 = −3π

4
. (4.14)

Eq. (4.8) and (4.9) can then be combined with (4.13) and (4.14).
Doing this leads to the following expressions for δD0, δD1 and δD2
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δD0 =
1

2
+

M

2
sin

(
ωt − 3π

4

)
=

1

2
− M

2
cos
(
ωt − π

4

)

δD1 =
1

2
+

M

2
sin

(
ωt − 5π

4

)
=

1

2
− M

2
sin
(
ωt − π

4

)

δD2 =
1

2
+

M

2
sin
(
ωt − π

4

)
=

1

2
+

M

2
sin
(
ωt − π

4

)
, (4.15)

and for ūD1(t) and ūD2(t):

ūD1(t) =
M√

2
Udc cosωt

ūD2(t) =
M√

2
Udc sinωt (4.16)

With this, the new duty cycles δD1 and δD2 are phase shifted by π
while the angle between the winding currents iD1(t) and iD2(t) remains
π/2 (cf. Fig. 4.3 (left)). As can be seen in Fig. 4.8, the voltages across
the drive coils achievable with the SCM scheme are increased by a factor
of

√
2 (= +41%) as compared to the CCM method (cf. Fig. 4.3(left)).

In Fig. 4.4 it is shown how the duty cycles δD0, δD1 and δD2 of the
SCM method can be calculated out of the duty cycles δD0, δD1 and δD2

of the CCM method by an analog implementation.

4.4 Harmonic Injection

Following the concept of the SCM method discussed in the previous
section, additional higher harmonics can be superposed to the common
bridge–leg duty cycle in order to further increase the modulation depth.
In a first approach, a third harmonic is superposed to a purely sinusoidal
duty cycle. This provides a higher utilisation of the dc–bus voltage. The
amount of the third harmonic and the fundamental component is cho-
sen so that the latter is maximized while ensuring that the peak–to–peak
amplitude does not exceed the maximum allowed modulation depth. The
corresponding average duty cycle is depicted in Fig. 4.6(b). With this, the
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Figure 4.3: Simulation results for (left) sinusoidal common bridge–leg modu-
lation (SCM) and (right) third harmonic modulation (THM). Duty cycles δD0,
δD1 and δD2, switched voltage uD1 and average voltage ūD1 across coil LD1,
switched voltage uD2 and average voltage ūD2 across coil LD2 and currents
iD0, iD1 and iD2 of the drive system.

voltage–time product is increased compared to purely sinusoidal modula-
tion. Adding additional higher harmonics to the sinusoidal fundamental
subsequently leads to a full square wave as it can be seen in the waveform
Fig. 4.6(d).

4.4.1 Third Harmonic Modulation (THM)

Applying the previously discussed concept of the superposition of a third
harmonics to each of the duty cycles, while keeping the same phase shift
as it is defined for SCM, leads to another modulation concept denom-
inated as third harmonic modulation (THM). Considering the before
mentioned limitation that the peak–to–peak amplitude does not exceed
the maximum allowed modulation depth leads to the following equation
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constant common bridge leg modulation
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Figure 4.4: Analog implementation of the sinusoidal common bridge–leg mod-
ulation with resulting duty cycles δD0, δD1 and δD2.

of the duty–cycle δD0:

max(δD0) = max

(
1

2
− A

M

2
cos
(
ωt − π

4

)
+ m B sin (3ωt + C)

)
= m.

(4.17)

Solving (4.17) for A, B and C leads to A = 2
√

2√
3

, B = 1
6
√

3
and

C = − 3π
4 .

With this, the duty cycle δD0 of the common bridge–leg is calculated
to:

δD0 =
1

2
− M√

3
cos
(
ωt − π

4

)
+

M

6
√

3
cos

(
3ωt − 3π

4

)
(4.18)

Similarily, the duty cycles δD1 and δD2 result in:

δD1 =
1

2
− M√

3
sin
(
ωt − π

4

)
+

M

6
√

3
sin
(
3ωt +

π

4

)

δD2 =
1

2
+

M√
3
sin
(
ωt − π

4

)
− M

6
√

3
sin
(
3ωt +

π

4

)
. (4.19)

The duty cycle, voltage and current waveforms for the THM method
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are shown in Fig. 4.3 (right). Compared to CCM the first harmonic of the
drive voltage is increased by a factor of 2

√
2
√

3(= +63%). A drawback
of this control technique clearly is that the currents in the windings are
not sinusoidal anymore. This issue will be addressed further in section
4.5.1.

4.4.2 Square Common Bridge Leg Modulation (QCM)

For this modulation method and unlike the previously presented modu-
lation schemes for the QCM, the duty cycle of the common bridge–leg
δD0 is of rectangular shape (cf. Fig. 4.5 (left)) with the same phase shift
π as it has been used for THM and SCM.
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Figure 4.5: Simulation results for (left) QCM and (right) TQM with duty
cycles δD0, δD1 and δD2, switched voltage uD1 and average voltage ūD1(t)
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This modulation of the common bridge–leg represents the maximum
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quantity of superposed higher harmonics which leads to a full square
wave. The average duty cycles δD1 and δD2 are sinusoidally modulated
and show a phase shift of π/2. The maximum amplitude of the fundamen-
tal harmonic of the applied drive voltage is increased by 62% compared
to the one achieved with CCM.

4.4.3 Third Harmonic and Square Common Bridge
Leg Modulation (TQM)

A further increase in the maximum current amplitude can be achieved
when combining the idea of the THM and the QCM. This leads to a
square wave modulation of the duty cycle in the common bridge δD0 while
superposing third harmonics to the sinusoidal fundamental of the duty
cycles δD1 and δD1 as it is depicted in Fig. 4.5(b). With this modulation
scheme the fundamental drive voltage is increased by 72% compared to
CCM.

Different from the modulation schemes discussed before the duty cy-
cle can be limited to the maximum applicable modulation depth over a
certain amount of time (e.g. 120◦) while it is increasing/decreasing at the
beginning/end of a half period (Fig. 4.6(c)). In this case, the duty cycle
δD0 of the common bridge–leg is modulated according to:

δD0 =

⎧⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎨
⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎩

1
2 − m cos

(
ωt − π

4

)
if 0 ≤ ωt ≤ π/6

1
2 + M

2 if π/6 ≤ ωt ≤ 5π/6

1
2 − m cos

(
ωt − π

4

)
if 5π/6 ≤ ωt ≤ 7π/6

1
2 − M

2 if 7π/6 ≤ ωt ≤ 11π/6

1
2 − m cos

(
ωt − π

4

)
if 11π/6 ≤ ωt ≤ 2π

(4.20)

However, this does not lead to a significant increase of the first har-
monic amplitude of the voltages applied to the drive coils compared to
third harmonic modulation and thus will not be investigated further.
Theoretically, a square–wave duty–cycle could be applied to all bridge–
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legs for the control of the drive system. The resulting currents in the drive
phases as well as in the common bridge–leg are shown in Fig. 4.7(a) for
the case of a phase inductance of LD = 35 mH and dc–link voltage of
Udc =

√
2 ·230 V. As can be seen the current iD0 in the common bridge–

leg does linearly increase with the sum of the two drive currens according
to

îD0 =

2∑
j=1

trise
Udc

LDj

. (4.21)

Here, trise is defined as trise = 1/(4 fm) with fm as the mechanical
frequency of the rotor. In Fig. 4.7(b), the frequency fr dependent drive
peak current iD and the corresponding common bridge–leg current iD0

are depicted. Looking at this graph clearly reveals that applying full–
square–waves to all bridge–legs is not possible in the frequency range up
to 9000 rpm (= 150 Hz). As a conclusion, the square–wave modulation
can only be applied to the common bridge–leg.
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Figure 4.6: Duty cycle waveform for (a) purely sinusoidal, (b) third harmonic,
(c) constant 120◦ and (d) full square wave modulation.

The proposed modulation schemes have been implemented on a DSP
and tested with a laboratory prototype of the system that is shown in
chapter 7. The measurement results are also illustrated in that chapter.

76



COMPARISON

0 0.005 0.01 0.015 0.02

−20

0

20

 

 

500

400

300

200

100

0
0 50 100 150

i
D0

(t)

i
D1

(t)

i
D2

(t)

t [s]

[A
]

fD [Hz]

Î 
[A

]

(a) (b)

CBL

SBL
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4.5 Comparison

In order to compare the effect of the presented modulation schemes the
fundamental harmonic of the voltage applied to the drive coil LD is cal-
culated for each of the average voltages ūD1 depicted in Fig. 4.2, 4.3
and 4.5. The comparison is done with the value obtained with the state–
of–the–art full–bridge modulation method (FBM) implemented for the
control of the topology in Fig. 2.1. The maximum amplitude achievable
with the CCM method is half of that which results from FBM as can
be seen in Fig. 4.8. Furthermore, the maximum voltage that can be ob-
tained with the optimal modulation scheme (TQM) for the interleaved
half–bridge topology is 86% of that resulting with FBM and the satate–
of–the–art full–bridge topology. This circumstance has a direct influence
on the maximum achievable drive power of the pump. Therefore, in a
next step, the peak drive power that can be achieved with each of the
modulations discussed beforehand is calculated in dependency on the
rotational speed of the impeller. This is an important figure for charac-
terising the suitability of a topology for driving a pump with a certain
power demand at certain rotational speeds. Since in pump applications
significantly higher power levels are required for the drive system than
for the bearing system, the decisive factor for the comparison is the drive
part and the following considerations will only refer to this part of the
system.
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Figure 4.8: Maximum applicable fundamental amplitude of drive voltage
uD(1) achieved with the (a) CCM (b) SCM (c) QCM (d) THM (e) TQM and
(f) FBM method with respect to the full dc–link voltage (100%) that can be
obtained with full–bridge topology.

4.5.1 Fundamental Drive Voltage

The maximum applicable drive power to each of the two motor phases
is depending on the back EMF (electromagnetic force) voltage, which
is induced into a drive coil as well as on the drive current impressed
in that coil. Thus, before the drive power can be calculated, the form
of this fundamental voltage must be known. If field oriented control is
applied (cf. Fig. 4.9), the fundamental components of these quantities
are in phase.
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Figure 4.9: Phasor diagram of the equivalent electrical circuit of one drive
phase with the basic phasor orientation.
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The question now arises how the superposition of higher harmonics to
the applied drive voltage does result in speed oscillations of the impeller
and as a result of this in a induced voltage that is of nonsinusoidal form.
Arising speed oscillations would also result in higher vibrations of the
impeller which then reduces its lifetime. Latter is a known issue not only
in the design of bearingless pumps but also in the design of conventional
pumps [60]. In order to verify this circumstance for the bearingless pump
system, the following experimental verification is carried out. The pump
is run in one phase operation at a constant speed of n = 5000 rpm.
This means that only one of the two drive phases is connected to the
voltage–source inverter, whereas the second one is kept open. The control
of the first one is done with the TQM modulation scheme presented
in section 4.4.3. The induced voltage Uind(t) is then measured across
the open drive coil LD2. As can be seen in Fig. 4.10, this voltage is of
sinusoidal form although the current iD1 is distorted significantly. This
leads to the conclusion that as a result of its high inertia the impeller is
rotating at constant speed despite of higher harmonics superposed to the
drive current. With this, it has been proven that the impeller speed of the
pump can be assumed to be constant. This implicates a non pulsating
and thus constant output flow of the pump.

u       (t)ind,D2

u    (t)D1

_

i   (t)D1

u    (t)D1

Figure 4.10: Experimental results for the induced voltage for highly dis-
torted drive currents obtained with TQM. Time behavior of drive current iD1,
switched voltage uD1 and average voltage ūD1 across drive coil LD1 and in-
duced voltage uind,D2 in drive LD2. Current scale: iD1: 5 A/div, voltage scale:
uD1, uind,D2: 200 V/div, time scale: 4 ms/div.
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4.5.2 Maximum Achievable Drive Power

Due to the fact that the induced voltage does not contain higher har-
monics (see previous section), only the fundamental harmonic of that
current needs to be considered for the calculation of the drive power.
Assuming sinusoidal waveforms, the absence of magnetic saturation and
the employment of field oriented control, the drive power PD of one drive
winding is given by:

PD = Ûindsin (ωt) · ÎD,(1)sin (ωt) , (4.22)

with the peak value of the fundamental harmonic of the current in the
drive phase ÎD,(1), which is controlled to be in phase with with Ûind, the
peak value of the induced voltage in that winding. The induced voltage
is increasing linearly with the rotational speed n

Uind,rms = kU,ind · n, (4.23)

The value of kU depends on the specific configuration of the motor and
is calculated by simulations to kU = 4.16 mVrms/rpm per 100 windings
for the here employed motor [48]. According to the phasor diagram shown
in Fig. 4.9, the following equation is given:

Û2
D,(1) =

(
Ûind + RD ÎD,(1)

)2

+
(
ωM LD ÎD,(1)

)2

, (4.24)

where ωM = 2πn/60 is the rotating speed of the impeller in rad/s in
a two–phase motor setup (see section 5.3.4). Solving 4.24 for ÎD,(1) and
combining it with 4.23 results in:

ÎD,(1) =
−√

2 kU,ind RD

R2
D + (ωel LD)2

±

√
(R2

D + (ωe LD)2) Û2
D,(1) − (ωe LD kU,ind

√
2 n)2

R2
D + (ωe LD)2

(4.25)

Due to the field–oriented control the drive current and the induced
voltage are in phase and thus the drive power PD,1 in phase 1 is a square
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sine and the drive power PD,2 is a square consine. With

cos2 + sin2 = 1 (4.26)

a constant electric motor power PD,el,tot results from the superpo-
sition of the two single phase drive power values that have the same
absolute value:

PDel,tot
= 2 · PD = 2 · Uind,rms · ID,(1),rms. (4.27)

In Fig. 4.11 the values of the maximum achievable drive power for
the different modulation schemes are evaluated for the two–phase motor
configuration. The employed motor has an inductance LD = 35 mH and
resistance RD = 720 mΩ per drive phase and the converter parameters
are given by the dc–link voltage Udc = 325 V, the maximum duty cycle
Mmax = 0.95 and a maximum current rating ID,max,rms = 10 A for
the coil current and thus also for the currents in the semiconductors
of the separate bridge–legs. This still provides a current margin for the
semiconductors in the common bridge–leg which face higher currents
due to the discussed reasons. The maximum drive power demanded by
a specific pump application (PPump,el) [48] at different rotational speeds
is depicted in that graph as well. It can be seen that the achievable drive
power is limited for lower rotational speeds by the maximum allowable
drive current. When increasing this figure, the achievable peak power
is shifted towards lower speed values. On the other hand, for higher
speeds the maximum applicable drive voltage that is ensured by the
respective modulation scheme limits the achievable drive power. This is
due to the fact that with increasing rotational speed, the induced voltage
rises as well (eq. 4.23) and thus limits the voltage drop across the coil
that is needed to drive the current and thus generate the drive power in
conjunction with the induced voltage.

As can be seen in 4.11, above a rotating speed of n = 6500 rpm the
CCM method cannot be utilised anymore since the induced voltage is
becoming higher than the maximum applicable voltage, whereas with
SCM still three times the power can be delivered to the drive system at
this speed. The power rating can be further improved when switching to
an increased modulation depth by using the QCM, THM (which have
the same performance). Operating the interleaved half–bridge topology
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Figure 4.11: Total achievable drive power for the motor in dependency on
the rotational speed, when employing the conventional full–bridge (f) topology
and the interleaved half–bridge topology with CCM (a), SCM (b), QCM (c),
THM (d) and TQM (e). Also shown is the typical electrical power required for
a specific pump application (PPump,el).

with the square–wave modulation method in the common bridge–leg (e)
leads to a further significant increase of the maximum obtainable drive
power as illustrated in this figure. The maximum hydraulic power of the
pump is limited to a flow of 100 l/min with a pressure of 3.6 bar [48].
This is achieved at a speed of n = 8000 rpm and the necessary drive
power required to operate the pump at this point is PD = 1190 W.
This can be achieved by the TQM method with no performance decrease
compared to the conventional full–bridge topology with its modulation.
Furthermore, it can be seen that the achievable drive power is limited
for lower rotational speeds by the maximum allowable drive current. On
the other hand, for higher speeds the maximum applicable drive voltage
that is ensured by the respective modulation scheme limits the achievable
drive power.

4.5.3 Variation of Drive Windings

Until now, the comparison has been carried out with a motor that is
available off–the–shelf and therefore it is not possible to vary the number
of drive windings. However, the drive power characteristic changes with
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the selection of the number of drive turns.

0 2 4 6 8 10 12
0

200

400

600

800

1000

1200

1400

1600

1800

N = 450 turns

n [krpm]

P
D

,to
ta

l [
W

]

N = 500 turns

N = 300 turns

N = 350 turns

N = 400 turns

Figure 4.12: Dependency of the drive power characteristic for the interleaved
half–bridge topology (c.f. Fig. 2.3 operated with the TQM method on the
number of drive windings.

In particular, a higher winding number results in higher factor kU,ind

and thus in a a higher induced voltage (see eq. 4.23). As a result of
this the drive power is increased at low rotational speeds. On the other
hand, the inductance becomes higher and as a result of that, a lower
drive power at high rotational speeds arises. Fig. 4.12 illustrates the
optimisation of the number of drive windings for the interleaved half–
bridge topology with operated with TQM. Since for pump applications
the power demand is normally increasing with the rotational speed, the
selection of the number of drive windings must be carried out properly
in order to deliver the maximum power at maximum rotational speed.
E.g., for the case at hand, N = 370 must be chosen to drive the pump
until 6000 rpm.
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4.5.4 Summary

In this chapter, modulation concepts for the control of a two–phase bear-
ingless slice motor pump operated with the interleaved half–bridge topol-
ogy are derived from the constant common bridge–leg modulation dis-
cussed in capter 2. It is shown that peak voltage applicable to the drive
phases is increased when higher harmonics are superposed to the duty–
cycles of the bridge–legs. With the highest level of harmonic superposi-
tion the maximum voltage applicable to the drive phases is 86% of that
obtained with the state–of–the–art full–bridge topology and its control
method. Furthermore, it is shown with experimental measurement that
the higher harmonics in the drive current, which are caused by this har-
monic injection, do not have an impact on the constant speed of the
impeller and thus on the constant output flow of the pump. The pro-
posed modulation schemes are compared based on the maximum achiev-
able drive power for the motor. This comparison has revealed that the
maximum power level of the pump operated with the full–bridge topol-
ogy can also be achieved with interleaved half–bridge topology by use of
the herein presented modulation schemes. This clearly shows that this
topology is a favorable concept for next generation bearingless pump
systems.

84



Chapter 5

Motor Configurations

So far, only the power electronics has been taken into consideration as the
part with a potential for complexity and hence cost reduction on the way
towards a next generation bearingless pump system. Since the mechani-
cal setup of the motor has a strong impact on the realisation effort of a
bearingless slice motor this part of the system must also be investigated
regarding the complexity reduction, losses and performance. Thus, this
section focuses on the evaluation and discussion of five different motor–
controller setups. The comparison will be carried out for two–, three– and
four–phase bearingless slice motor concepts based on performance indices
such as power losses, power electronics requirements and cost related is-
sues. Especially, the latter plays an important role in the applicability of
these concepts in the respective applications mentioned in section 1.1.3.
In prior research [7] the scalability of bearingless slice motors in cen-
trifugal pumps towards higher power levels was investigated. One of the
conclusions of that work is that the iron losses increase disproportion-
ately high if the motor is scaled geometrically. Thus, a direct scaling for
higher power levels is not applicable for bearingless slice motors. In fact,
the motor dimensions have to be designed individually for the targeted
power level. Scaling all motor dimensions linearly is only possible in a
small power range as shown in [7]. The focus in that work is on the in-
vestigation of the maximum achievable bearing force in the respective
configurations, while the achievable torque and the power electronics re-
quirements were not taken into consideration. A further finding of that
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work, which is very helpful for the hereafter carried out comparison is
the fact that only temple motor configurations with 6 and 8 claws are of
interest for a temple motor design suitable for the power level targeted
in this chapter. A configuration with 12 claws should only be considered
for a rated power above 2000 W. Since the focus of this work lies on a
cost efficient motor–controller configuration up to a maximum of 2000
W and not on the scalability of the motors, these results provide a good
base for the selection of the configurations of interest for the comparison.
Certain configurations can thereby be excluded right away without the
necessity of further investigations. As shown in [2], only configurations
with a number of pole pairs of p2 = p1 + 1 (p2 represents the pole pairs
of the bearing system and p1 of the drive system, respectively) must be
taken into consideration, since configurations with p2 = p1 − 1 possess
awkward force proportions. In these configurations, particular rotor an-
gles exist where the Maxwell– and Lorentz–forces cancel each other out.
This makes the realisation of these configurations difficult – if not even
impossible. However, in [1] and [61] it is shown that it is theoretically
possible to build up a bearingless motor with p2 = p1 − 1. Besides the
temple motor design, also a bearingless motor design in disc shape that
was first presented in [61] is taken into consideration in the following
since it is a promising concept for a future bearingless pump system with
a reduced volume.

The focus is also laid on the interaction of the flux impressed by the
currents in the drive and bearing windings. For example, a configuration
where due to the chosen arrangement of the drive phases the currents
in the respective phases cause shear forces that act on the rotor would
influence a stable levitation of the impeller. Thus, certain measures would
have to be taken into consideration when selecting such a configuration
for a future bearingless pump system.

5.1 Force and Torque Calculation

In an electrical machine, two magnetic actions of force are known. Namely
the Lorentz and the Maxwell force. These two quantities must be known
for the calculation of the forces and torque acting on the rotor. With the
analytical force and torque model, which was first presented in [61] for the
design of bearingless slice motors in disc shape with concentrated coils,
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these quantities can be evaluated. The applicability of this model for the
comparison of slice motor concepts is demonstrated in [62]. However, in
that paper the comparison has only been carried out for slice motors
in disc shape with concentrated coils, whereas the main focus in the
hereafter presented comparison is laid on the temple motor design.

The model can be used under the assumption of a completely linear
system where the impeller, meaning the rotor of the motor, is positioned
exactly in the center of the iron circuit and no unbalances are present.
Also, no saturation of the iron circuit is occurring and any armature
reaction is neglected. In the following, only a brief summary of the theo-
retical fundamentals will be given here. Continuative information on the
analytical model can be found in [63].

With the precise knowledge of the electromagnetic field variables in
the air gap of the motor a general force and torque model can be derived
with the use of the Maxwell stress tensor TM [64]

TM = μ

⎡
⎢⎢⎢⎢⎣

H2
t − 1

2H2 Ht Hn Ht Hn

Hn Ht H2
n − 1

2H2 Hn Hz

Hz Ht Hz Hn H2
z − 1

2 H2

⎤
⎥⎥⎥⎥⎦ . (5.1)

Here, H is the magnetic field intensity, which is composed of

H = [Ht Hn Hz]
T

, H = |H| , (5.2)

and μ is the permeability. The mechanical stress σ acting on a surface
element can then be calculated with

σ = TM en, (5.3)

where en represents the vector perpendicular to the stator surface
(cf. Fig. 5.1). Furthermore, it is assumed that the permeability of the
ferromagnetic stator is much higher than that of air (μ2 >> μ1) and
thus the tangential component of the flux density H1t in the air gap can
be neglected for the following calculation of the torque and the forces
responsible for the levitation of the impeller.

With this, the mechanical tension σ12 on the interface between air
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Figure 5.1: Stator surface with current density distribution and field strength
in the air gap.

(medium 1) and stator iron (medium 2) can be approximated by

σ12 =

⎡
⎢⎣

B2

1n

2 μ0

B1n Js

0

⎤
⎥⎦ (5.4)

where Js is the current density distribution on the stator surface,
which is assumed of cylindrical shape, and B1n is the normal component
of the flux density in air. The forces that are generated by the component
B2

1n

2 μ0

are often called Maxwell–forces in literature. Due the high perme-
ability of iron they act almost radially away from the rotor in a electrical
machine and are therefore responsible for the generation of the levitation
forces. The component B1n Js generates forces that are acting tangen-
tially along the outline of the rotor. These Lorentz–forces cause levitating
forces as well as torque. The two quantities that act on the rotor of the
bearingless slice motor are determined by the surface integral

F =

∮
A

σ12dA, (5.5)

where A represents the area of the surface. With the help of (5.5) the
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rotor angle α depending torque Ts and force Fs that act on the rotor can
be calculated to

Ts = −ls r2
s

∫ π

−π

B1n As dα, (5.6)

Fs = −ls rs

∫ π

−π

⎡
⎣ cosα −sinα 0

sinα cosα 0
0 0 1

⎤
⎦ ·

⎡
⎢⎣

B2

1n

2μ0

B1n As

0

⎤
⎥⎦dα. (5.7)

Looking at these equations reveals that the calculation of the bearing
forces can be approximated with the flux density in the air gap and the
current density distribution on the stator surface. The flux density in the
air gap is the superposition of the flux density of the permanent magnet
and the flux density that is caused by the stator windings. Furthermore,
the so resulting bearing force and the torque are depending on the rotor
angle. The magnitudes obtained in 5.6 and 5.7 are acting on the stator.
However, for the classification of the motor embodiments, the respective
forces Fr and torque Mr acting on the rotor are of interest. They can be
calculated with

Fr = −Fs (5.8)

and

Tr = −Ts. (5.9)

Before this model can provide the base for the analysis of the differ-
ent concepts, a simulation of all the topologies must be carried out in
order to gain the electromagnetic field distribution in the different motor
embodiments. In the here presented case, the simulations are carried out
with the simulation program Maxwell [65]. Given a specific load point
in a pump application with the therein required torque on the impeller
and the arising forces to stabilise it, the currents in the drive and bear-
ing system, which provide the basis for the comparison of the hereafter
presented motor configurations can be obtained with this mathematical
model. The load point at which the comparison is carried out is specified
in the following section.
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5.2 Investigated Configurations

In the following, the five different bearingless slice motor concepts are
presented that will be comparatively evaluated with the performance
indices presented in the previous section. As a base for the comparison,
the following assumptions are considered for the design of the bearingless
slice motors:

• The required rated drive power at the chosen operating point is
PDR = 1200 W.

• The bearing system is designed in order to ensure the sufficient
levitation forces for the whole operating range. The peak bearing
force is set to 20 N in all configurations.

• The maximum speed for the comparison is set to 8000 rpm.

• The rotor diameter and the stator bore, respectively, are the same
for all the chosen configurations.

• At rated torque, the current density in the windings is the same for
all the chosen configurations.

• The flux density in the iron circuit is assumed the same for motor
configurations (a)–(d).

• Configurations (a)–(d) are realised as a temple motor (cf. Fig. 1.1),
whereas configuration (e) is from disc shape.

In the following motor schematics, the direction of the currents flow-
ing into the coils is marked with a dot or a cross. If a current is flowing
into the coil, a cross is drawn on the coil. Otherwise, the coil is market
with a dot. The magnetisation of the rotor is illustrated with arrows. The
coils responsible for the torque generation are labeled with a D and the
bearing windings with a B, respectively. In case of a winding configura-
tion, where the torque and levitation forces are generated in the same
winding, the identification of the coils is carried out with a BD.
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5.2.1 Two–Phase Motor Configuration (a)

The first motor concept included in the comparison is depicted Fig. 5.2.
It shows a two–phase bearingless slice motor with 12 separate windings
for the drive and bearing system and a two–pole (p = 1) permanent
magnet (PM) rotor.

(Drive)

Motor

cD1

Udc

(Drive) (Bearing) (Bearing)

cD2

cB1

cB2

cB1

cD1

cD2

cD1

cD2

cB1

cB1

cB1

cB2

cB2

cB2

cB2
(a)

Figure 5.2: Two–Phase Motor Configuration (a).

This symmetrical winding configuration represents the standard setup
in today’s bearingless pump systems (see section 1.1.1) and possesses a
total of eight claws. The orthogonal placement of the drive and bearing
system results in an independent control of the drive and bearing flux
due to p2 = p1 + 1. Contrary to the operation of this topology with only
six half–bridges discussed in section 2 the standard full–bridge configu-
ration with a total of 16 power transistors will be used in this section for
sake of better comparability with the other concepts. The two–pole dia-
metrically magnetised slice rotor is also relatively easy to manufacture.
This results in a further advantage of this concept compared to motor
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embodiments with rotors employing segment magnets. As shown in [66],
this magnet generates a sinusoidal field distribution with low harmon-
ics. These harmonics are mainly caused by the notches. Thus, the detent
torque is also very small. However, the passive tilting behaviour is worse
than with a magnet with four poles as described in [2].

Due to the already proven applicability of this concept in a bearingless
pump and its acceptance in the existing markets, this concept shall also
be included in the hereafter presented comparison. It can by all means
also result in the favourable concept for future bearingless pump systems.

5.2.2 Three–Phase Pitched Drive Configuration (b)

In Fig. 5.3, a three–phase bearingless slice motor with nine separate wind-
ings and six claws for the drive and bearing systems and a two–pole (p
= 1) PM rotor is shown.

This configuration does not have an orthogonal placement of the drive
and bearing system as the one in the previous section. Thus, it cannot be
excluded that the drive currents could cause bearing forces or vice versa.
For this, a calculation of the configuration specific rotor angle dependent
force–current constants kFx, kFy (in N/A) and torque–current kT (in
Nm/A) with the analytical model presented in section 5.1 must be carried
out in order to verify this issue. The calculation results are shown in Fig.
5.4.

In the topmost row, the rotor angle dependent force–current constant
kFx in x–direction is shown. It can be seen, that not only the bearing
currents IB1, IB2 and IB3 lead to a rotor angle dependent force in that
direction, but also the drive currents ID1, ID2 and ID3 have the same
impact. Thus, these currents also contribute to the generation of bearing
forces. For a stable levitation of the impeller, these shear forces must be
compensated with a force applied by the bearing winding that points into
the reverse direction. These additional currents lead to higher losses in
the bearing system and thus give an indication about the overall losses
arising in the motor configuration.

This drawback can either be overcome with an adequate control al-
gorithm presented in [61] or by splitting the three drive windings in 6
drive windings as it is depicted in Fig. 5.5. Instead of two drive phases
with two in series connected coils as in configuration (a), configuration
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Figure 5.3: Three–Phase Pitched Drive Configuration (b.1).

(b.2) is realised with three drive phases having two coils in series each.

Compared to Fig. 5.4 the drive currents ID1, ID2 and ID3 in the
upper and middle row of Fig. 5.6 are equal to zero and thus do not lead
to the generation of shear forces. They only lead to the desired torque
and therefore do not influence the stable levitation of the impeller. The
subsequent calculation of the copper losses for this motor embodiment
is carried out with this modified configuration (b.2). However, the same
results can also be obtained when the mentioned control schemes are
applied for the control of the motor.
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Figure 5.4: Force and torque currents in the Three–Phase Pitched Drive
Configuration (b.1).
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Figure 5.5: Three–Phase Common Drive Configuration with split drive phases
(b.2).
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Figure 5.6: Force and torque currents in the Three–Phase Common Drive
Configuration with split phases (b.2) (cf. Fig. 5.5).

5.2.3 Three–Phase Concentrated Drive Configuration
(c)

A slightly modified three–phase concept is depicted in Fig. 5.7. It consists
of nine separate windings and six claws building the drive and bearing
systems. A two–pole (p = 1) PM rotor is also employed here. This concept
was evaluated in [7] as the preferable topology for high power bearing-
less motors in centrifugal pumps. Though, the power electronics was not
taken into consideration in that work as mentioned earlier on. Also it’s
applicability for lower power levels has not been analysed yet. For these
reasons, this motor–converter setup is also included in this comparison.

The motor constants kFx, kFy and kM in dependency of the rotor
angle are shown in Fig. 5.8. As can be seen there, an advantage of this
setup is that the drive currents do not lead to a generation of bearing
forces as it is the case for the previously described configuration. Thus,
no further action must be taken considering the influence of the drive
system on the stable levitation of the impeller.
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Figure 5.7: Three-Phase Concentrated Drive Configuration (c).
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Figure 5.8: Rotor angle dependent force and torque constants in the Three–
Phase Concentrated Drive Configuration (c).

5.2.4 Three–Phase Pitch Winding Configuration (d)

A three–phase bearingless slice motor with a number of six coils that gen-
erate the torque and the axial forces in common is the next concept to be
looked at. The motor and the corresponding power electronics topology
are depicted in Fig. 5.9. Due to the circumstance, that in this topology
the drive and bearing currents are applied to the same windings, the cur-
rent rating is the same for all coils. Again, a two-pole (p = 1) PM rotor
is employed. The pitch winding configuration results in a more efficient
torque generation and consequently in lower power losses compared to
the motor embodiments (a) – (c) as will be shown later on. As a matter
of fact, all currents in the six windings generate the torque and bearing
forces in common as can be seen in Fig. 5.10.
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Figure 5.9: Three–Phase Pitch Winding Configuration (d).
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5.2.5 Four–Phase Combined Configuration (e)

The realisation of a bearingless motor with four concentrated coils was
introduced in [61] and is named as the bearingless one phase motor. Its
design is the simplest configuration that allows a bearingless operation.
The drive and bearing systems are combined in a multiphase winding.
This has the drawback that the dynamic of the bearing system is lowered
due to the induced voltage in the coils, which has its origin in the rotating
field of the rotor. The concept of a four–phase bearingless slice motor and
a four–pole (p = 2) PM rotor is shown in Fig. 5.11.
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dcU

Motor
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(Drive/Bearing)
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(e)

Figure 5.11: Four–Phase Combined Configuration (e).

In contrary to the previously described configurations, which are re-
alised in temple motor design with each claw being placed in an orthog-
onal manner to the back iron (see Fig. 1.1), this motor is realised in disc
shape with a homogeneously orientated lamination of the iron sheets.
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The absence of intersections between the claws and the back iron in this
configuration has a major impact on the total iron losses as well be shown
later on. Although the motor has four phases that are connected in star,
the torque generation is equivalent to a single phase motor [61]. Further-
more, it offers the benefit that only four power half–bridges are needed to
generate the torque and levitation currents in the motor. Similar to em-
bodiment (d), the drive and bearing systems are not decoupled anymore.
This can be seen on the curves in Fig. 5.12, where all currents contribute
to the force and torque generation.
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Figure 5.12: Rotor angle dependent force and torque constants in the Four–
Phase Combined Configuration (e).

5.3 Comparison

For the comparison of the presented motors the configuration specific
parameters must be known. The drive and bearing phase resistances RD

and RB and inductances LD and LB along with the force–current– (kx,
ky) and torque–current– (kM ) constant are compiled in table 5.1. The
values of kx, ky and kM have been gained with simulations based on the
model presented in 5.1. In this comparison, the concepts are referenced
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with (a)–(e) in accordance to the figures 5.2, 5.5, 5.7, 5.9 and 5.11. The
evaluation is based on the load point specified in section 5.2. Because
of the combined bearing and drive windings in the configurations (d)
and (e) no values are available for RB and LB separately. The phase
resistance and inductance for these two configurations are given by RD

and LD.

Configuration (a) (b.2) (c) (d) (e)
RD [Ω] 0.67 0.6 0.54 0.46 0.34
LD [mH] 35 21.4 41 21 3
kx/ky [N/A] 11.88 8.73 8.73 3.14 5.14
kT [mNm/A] 201 145 159 120 136
RB [Ω] 2.67 1.867 1.867 – –
LB [mH] 55 25.8 46.1 – –

Table 5.1: Specific winding parameters of the presented topologies.

Looking at the torque constant kM reveals that the highest torque
per ampere phase current is achievable with the two–phase configura-
tion (setup (a)). Still 79% of that can be achieved with the three–phase
configuration (c). Still twenty six percent of the maximum torque of con-
figuration (a) can be achieved with the three–phase configuration (c),
whereas signifantly lower values are obtained with the combined phase
variations (d) and (e). Depending on the chosen application, this will be
a major issue on the losses in the motor and as a consequence of that on
the thermal limits of the motor since higher currents are demanded for
a certain torque.

5.3.1 Loss Calculations

The evaluation of the losses in the motor and the power electronics is
indispensable for a thorough comparison of the motor concepts. The most
important portion is the copper losses occurring in the windings of the
motor. In order to receive a better comparability between motors (a)–(e)
the same current densities in the drive and bearing windings, respectively,
have been assumed as design criteria for the calculation of the windings.
A further important portion is the speed dependent iron losses, which
are evaluated for all the presented embodiments subsequently.
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Copper Losses

In a first step the copper losses PCu in the configurations (a)–(e) are eval-
uated. The calculation of the copper losses in the windings is principally
based on the following equation:

PCu =
m∑

i=1

Ri I2
i,rms, (5.10)

with m as the number of winding phases of the subjected motor and
Ri as the corresponding resistance value, which is calculated with

Ri =
λCu lw
ACu

· nC . (5.11)

Here, lw stands for the average winding length of the drive or bearing
winding, λCu the specific resistance of copper (17.8 · 10−3Ωmm2/m),
nC the number of coils that form a phase and ACu the wire cross area.
However, the iron losses lead to a reduction of the drive torque wherefore
an equivalent load torque has to be considered:

TFe =
PFe

ωm
=

PFe

2π fm
. (5.12)

Since the phase current is linearly dependent on the torque, the copper
losses PCu in each motor can be written as

PCu = mD ·
(

Tmech + TFe

kM

)2

· RD + IB
2 · mB · RB. (5.13)

Doing this for all the motor embodiments (a)–(e) for the load point
specified in section 5.2 leads to a loss distribution as depicted in Fig.
5.13. There, the copper losses are depicted in dependence of the applied
bearing force. At 0% bearing force, only the copper losses in the drive
system occur. Looking at the values at zero bearing force reveals that
motor embodiment (d) only generates 56% of the losses occurring in
configuration (b). This proportion stays almost the same when increasing
the bearing force up to 100% (which equals 20N). The largest percental
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increase in losses due to the generation of the levitation forces arises for
motor (d). There, at maximum force the losses are increased by 30%
compared to the load point with no currents in the bearing phases.
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Figure 5.13: Total copper losses subject to an increasing levitation force at
the design point of 1200W drive power for the motor configurations (a)–(e).
100% equals the maximum bearing force requested in a transient condition.

Iron Losses

According to [67], the hysteresis losses of iron can be approximated under
the assumption that the magnitude of the flux density B of an alternating
field is in the range of 0.2–1.5 T by the following equation:

PHy = cHy fe B̂1.6 mFe. (5.14)

The hysteresis losses are thus linearly dependent on a material con-
stant cHy, the electrical frequency fe of the motor, and the iron mass
mFe, while the dependency on the flux density is of higher order. On the
other hand, according to the law of induction, an alternating magnetic
field induces voltages that are then causing currents in the material [68].
These eddy current losses in the stator iron are linearly dependent on
the material constant cEd and given by
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PEd = cEd f2
e B̂2 d2

Fe mFe, (5.15)

if the iron circuit is built up with isolated laminated sheets with a
thickness of dFe.

However, for the evaluation of the hysteresis and eddy current losses
the magnetic flux density in the iron path cannot be assumed to have
a homogeneous distribution, wherefore 5.14 and 5.15 cannot directly be
used. In order to calculate the iron losses accurately, the whole stator
needs to be segmented into k parts with each having a constant flux
density and a mass mFe,x. The whole iron losses PFe of each motor
configuration can then be calculated according to

PFe = PHy + PFe

= mFe,x

(
cHy fe

k∑
x

B̂1.6
x + cEd f2

e

k∑
x

B̂2
x d2

Fe

)
. (5.16)

This correlation can also be written as

PFe = k1 · ne + k2 · n2
e (5.17)

with k1 being the linear and k2 being the square loss factor, respec-
tively and the motor speed ne. These factors, which have been gained
with empirical measurements on experimental test setups, are compiled
in Table 5.2 for all configurations. In these measurements, the flux in all
stator parts has been measured.

Configuration (a) (b),(c),(d) (e)
k1 [W/1000 rpm] 0.921 0.850 0.671
k2 [W/(1000rpm)2] 0.645 0.602 0.153

Table 5.2: Iron loss factors.

It can be seen that especially the square loss factor k2 (due to the
eddy current losses) is significantly lower for configuration (e) compared
to the others. The main reason for that lies in the fully radial construction
of that setup with an equally orientated lamination of the iron sheets. In
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contrary, the concepts (a)–(d) are realised in temple motor design, where
the stator parts have to be linked in an orthogonal manner and a contin-
uous lamination is not possible. The due to this configuration increased
losses in the junctions of the back iron and the claws are investigated
in [7]. Furthermore, setup (e) has a lower iron mass, which is, however,
compensated by the higher electrical frequency (due to p = 2). In total,
as shown in Fig. 5.14, a clear advantage for the motor configuration (e)
is given regarding the iron losses, especially for higher rotational speeds.
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Figure 5.14: Total iron losses PFe of the presented motor configurations (a)–
(e) in dependence on the motor speed n.

5.3.2 Losses in the Power Electronics

For the overall system comparison also the power electronics losses arising
in the control of the investigated configurations must be taken into con-
sideration. The calculation of the losses is carried out under the assump-
tion that the respective power stages are either realised with integrated
power modules as the one presented in section 2.3.2 or in case of the
motor embodiments (a) and (e) with the discrete components that have
the same loss characteristic as the ones integrated in the modules. With
this, the switching losses can be evaluated based on the same switching
loss energy data as in section 2.3.3. The compilation of the configura-
tion depending switching and forward losses is depicted in Fig. 5.15. The
calculation is carried out for a drive power of PD = 1200 W and 70%
bearing force. The speed is set to n = 8000 rpm.
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Figure 5.15: Switching losses (PPE,Sw and forward losses (PPE,Fw) in the
power electronics for a drive power of PDR = 1200 W at 70% bearing force at
a motor speed of n = 8000 rpm for the motor configurations depicted in 5.2,
5.5, 5.7, 5.9 and 5.11.

In addition to configuration (a.1) presented in section 5.2.1, the two–
phase motor configuration is also analysed in conjunction with the inter-
leaved half–bridge topology presented in chapter 2. This concept is re-
ferred to as (a.2) in the following. The combination of the drive currents
in the common bridge leg leads to a significant increase in forward losses
as can be seen in this figure. However, due to the modulation method
presented in section 4.4.3 the maximum clamp voltage applicable to the
drive phases is sufficient to ensure this operating point. The lowest power
electronics losses among the investigated motor–controller configuration
occur when the three–phase motor embodiment (c) is operated with the
converter presented in chapter 2. In this setup, 11.85 W losses arise in
the power transistors. This is 68% less compared to the losses arising in
configuration (a.2).
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5.3.3 Loss Distribution in Bearingless Motor System

As a base for the selection process of the best suitable configuration
applicable for a certain application it is necessary that not only a loss
distribution in the power electronics is present, even more an overview
about the overall losses that occur in the motor–controller configuration
is indispensable for a thorough comparison. For that reason, in Fig. 5.16 a
compilation of the power electronics, the copper and the iron losses aris-
ing at the load point specified in the beginning of section 5.2 is shown. It
can be seen that the total losses are lowest for configuration (e), followed
by setup (c).
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Figure 5.16: Overall loss distribution for the motor and converter configu-
rations depicted in Fig. 5.2, 5.5, 5.7, 5.9 and 5.11. The shown losses are the
copper losses in the drive system (PCu,D) and in the bearing system (PCu,B),
the iron losses (PFe) as well as the switching losses (PPE,Sw) and the forward
losses (PPE,Fw) in the power electronics.

5.3.4 Power Electronics Requirements

For the selection of the power semiconductors, the Volt–Ampere (VA)
requirement is an important figure. In the past, a lot of research has
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been carried out on the VA rating of various motor concepts [69], [70].
Thereby, different definitions for the VA ratings were established, such as
the inverter peak VA rating, and the VA rating in terms of inverter peak
voltage and rms current. For low speed applications or a at standstill,
when the rotor is blocked and therefore high peak currents arise at the
instant when the currents are applied to the windings, the definition of
inverter peak current times peak voltage is most reasonable, since the
semiconductors are facing the peak current value as worst case. In the
context of bearingless motors, which are mainly used at higher rotational
speed, the VA rating in terms of inverter peak voltage and rms current
is more meaningful, because the silicon die sizing is based on thermal
considerations and device losses rather than on peak currents. For a mo-
tor with m phases in the drive and bearing system the VA rating in a
mathematical form is given by

PV A =

m∑
i=1

Ûi,cl Ii,rms, (5.18)

with the rms current Ii,rms in the respective drive or bearing phase
and the peak voltage Ûi,cl at the phase clamps. Applying the phasor
diagram in Fig. 4.9 and neglecting the small resistive voltage drop across
the drive or bearing winding resistance, the required value of the peak
phase voltage Ûi,cl results in

Ûi,cl =

√(
ω Li Îi

)2

+ Û2
i,ind (5.19)

with the phase inductance Li, the peak phase current Îi and the
amplitude of the induced voltage Ûi,ind.

The sinusoidal induced voltage in the drive phases is caused by the
rotating field of the permanent magnet rotor. In [52] it is shown that
electrical machines with m–phases can be represented as a two–phase
equivalent machine. The voltages and currents are thereby represented
in the dq–equivalent system [2]. If field oriented control is applied, the
d–component of the phase currents vanishes [2]. Considering this, the
q–component of the phase voltage vector U i,cl is calculated to

Ui,cl,q = p1 ΨPM 2πfe = kU 2πfe, (5.20)
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where kU is the voltage constant of the respective phase and ΨPM is
the flux linkage that is calculated with the number of windings w and
the number of pole pairs p according to

ΨPM =
w

p
ξ ΦPM . (5.21)

In 5.21, the winding factor ξ specifies the percentage of the magnetis-
ing flux ΦPM that is gathered by the winding system [71]. As explained in
[2], the field in the air gap of a bearingless slice motor is sinusoidally dis-
tributed with a maximum flux density B̂PM . Based on this, the absolute
value of the rotating magnetising flux ΦPM is calculated to

ΦPM = 2 lr rr B̂PM . (5.22)

Here, lr represents the length and rr the radius of the rotor.

Due to the fact that the magnetising flux ΦPM is caused by a perma-
nent magnet, the d–component of the field oriented current Ii does not
contribute to the torque and is therefore set to zero. Consequently, the
torque T is only dependent on the q–component of the current and the
torque constant kM [52]:

T = kT Ii,q. (5.23)

Assuming an operation of the motor without any losses, the following
equivalent can be applied where Pe is the electrical and Pm the mechan-
ical power, respectively:

Pe = Pm

m

2
Ui,cl,q Ii,q = T 2π fm

m

2
kU 2πfe Ii,q = kT Ii,q 2π fm (5.24)

Herein, the electrical frequency fe and mechanical frequency fm are
coupled by the number of pole pairs of the drive system according to [2]:

fe = p1 · fm. (5.25)
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Combining 5.24 and 5.25 leads to

kU =
2 kT

p1 m
(5.26)

This shows that with the knowledge of the number of pole pairs p1

and drive phases m along with the current–torque constant kM , which
is obtained by simulations, the voltage constants of the presented motor
configurations can be calculated.
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Figure 5.17: VA requirement of the presented motor configurations (normal-
isation basis: rated drive power PDR = 1200 W).

For the configurations (a)–(c), which feature separated drive and
bearing systems, different peak phase voltage requirements can be cal-
culated for both systems. However, due to the availability of only one
common dc–link voltage of the converter, the higher voltage requirement
(which occurs for the drive system) has been chosen for the peak clamp
voltage Ûi,cl. This also offers the benefit that the bearing system has a
broad stability margin to compensate for external disturbances. For the
configurations (d)–(e), which generate the levitation forces and the torque
in the same windings, a certain stability margin for the bearing system
has to be added explicitly in order to also guarantee a safe operation.
Measurements on laboratory prototypes have shown that the voltage re-
quirement has to be increased by a factor of 1.3 for the considered speed
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range, which is already taken into account for this comparative evalua-
tion. For higher rotational speeds this margin would have to be increased
even more and it was observed experimentally that for a dc–link voltage
of 325 V the configurations (d) and (e) cannot be operated above 8000
rpm anymore. Additionally, for configuration (e) the maximum achiev-
able speed is also limited by the digital control, which has to deal twice
the electrical frequency due to p = 2 as compared to the other topologies.

The VA requirements scaled to the rated mechanical power (PDR

= 1200 W) are depicted in Fig. 5.17 for the different motor designs.
One can see that the required bearing forces have an impact on the VA
requirement of the motor. This is especially the case for motor (d), where
at 100% bearing force, which equals 20 N, the VA requirement is nearly
doubled as compared to zero force. If only the drive system is taken
into account (values at 0% bearing force), configuration (e) demands
the lowest VA requirement. However, this condition does not arise in
normal operation of a bearingless slice motor since levitation forces are
always needed in order to safely operate the system. For the considered
operating point with 70% bearing forces, which is a typical value for pump
applications, motor configurations (a) and (b.2) are the most efficient
solutions regarding the necessary VA requirement of the converter.

5.3.5 Cost Related Factors

As mentioned in section 1.1.3, bearingless slice motor pump systems are
getting more and more targeted for applications, where mass produc-
tion becomes feasible. Therefore, additional cost–related factors must be
taken into consideration for a complete comparison. In table 5.3 a qual-
itative comparison of the concepts is given for these factors in addition
to the previously discussed performance indices (power losses and VA
requirement).

As has been shown in section 5.3.3, configurations (c) and (e) are
the favourable ones, if only the losses in the motor and the power elec-
tronics are considered. At the chosen operating point the overall losses
occurring in configuration (e) are 42.9% of those resulting in configura-
tion (a) operated with the interleaved half–bridge topology. In terms of
VA requirements, the motor setups (a) and (b.2) have been found to be
preferable for applications, where significant bearing forces occur, e.g. for
pumps. On the other hand, configuration (d) has the highest VA require-
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Configuration (a) (b.2) (c) (d) (e)
Power losses - -

√ √
+

VA requirement + +
√

-
√

Copper/Iron mass - - - - +
Realisation effort

√ √ √ √
+

Control complexity + + + - -
Scalability + + + - -

Table 5.3: Qualitative comparison of the different bearingless slice motor
concepts (a)–(e).

ments and therefore leads to the largest power electronics volume. The
comparison of the copper and iron mass, which is required to realise the
different motor embodiments, is lowest for configuration (e). The radial
design of the iron circuit, which does not need additional vertical claws,
as they are required in the temple motor configurations (a)–(d), results
in an iron mass which is almost half as compared to the other concepts.

Looking at the embodiments from a manufacturing perspective and
with this considering the necessary realisation effort reveals motor (e) as
the most promising solution. This mainly emerges from the disc shape
structure of this configuration, which offers certain production advan-
tages. First, the four identical coils can directly be wound on the stator
claws in one step, which simplifies the manufacturability. In addition,
the iron circuit can be realised with a horizontally laminated iron stack.
Due to the absence of additional vertical claws the manufacturing effort
is clearly reduced compared to the temple motor configurations (a)–(d).
Finally, the disc shape setup also offers the possibility of integrating the
power electronics part in the motor while still keeping the thereby re-
sulting total case volume in the range of the temple motor configurations
without integrated power electronics. In addition, this greatly reduces
the cabling effort. Taking all the before mentioned issues into account,
the realisation effort clearly is the lowest for this configuration. How-
ever, the shape of the iron circuit with its wide–spread claws demands a
more sophisticated sensor concept for the position detection of the im-
peller. Compared to configurations (a)–(d), where the position sensors
are mounted in between the claws, the therefore necessary space is not
available anymore in this configuration due to the shape of the iron claws.
Its design also influences the design of the pump impeller in terms of hy-
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draulic efficiency. This fact also strongly limits the applicability of this
concept in high pressure/flow applications. In mixer applications, where
on the one hand speeds below 4000 rpm and on the other hand the torque
demand is higher compared to pump applications this concept seems to
be a promising solution. Since also the space available for the placement
of the motor and the power electronics below the mixer tank is limited
a compact motor concept such as configuration (e) is favorable.

The control complexity of the presented motor embodiments highly
depends on the chosen winding configuration. The concentrated coils
contribute to a coupled and highly nonlinear force and torque generation
and thus require a more complex control algorithm in order to safely
operate the motor [61]. In configurations (a)–(c), the control of the drive
and bearing system can be done independently (see chapter 3.1). This
results in a less complex control structure as for motors (d) and (e).

As explained in section 5.3.4, the scalability of the motor configu-
rations towards higher speeds and pressure is best for configurations
(a)–(c). This results from the independent drive and bearing system,
where due to the utilisation of the same dc–link voltage the bearing sys-
tem usually features a large dynamical voltage margin to compensate for
external disturbances. In contrast, for configurations (d) and (e) the sta-
bility margin for the bearing system has to be added explicitly in order to
guarantee a safe operation. This voltage margin together with the max-
imum available dc–link voltage is the limiting factor for the maximum
achievable drive speed of these concepts. As mentioned in section 1.1.3,
in today’s semiconductor applications a strong demand arises for pumps
with high pressure ratings. For these applications motor configurations
(d) and (e) cannot be considered as suitable solutions due to their limited
speed capability.

Summing up, it can be stated that configuration (e) is highly inter-
esting for future cost–sensitive bearingless motor applications such as
pumps for plating industry, mixers for biotechnology processes, or heat
and cooling pumps where less stringent pressure and therefore speed re-
quirements (remark: the output pressure increases quadratically with the
speed of the impeller) are given than in semiconductor applications. In
the latter area, configuration (a) still seems to be the most preferable
solution.

The advantage of the converter topologies (b), (c) and (d) is that two
intelligent three–phase power modules can be applied. As has been shown
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in section 4 embodiment (a) can also be operated with a three–phase con-
verter topology. However, doing this leads to significantly higher losses
in the power electronics as shown in the previous section. As an imma-
nent property of the motor embodiments shown in (d) and (e) the rated
current of all windings are showing the same value which leads to a good
utilization of the power electronics. In contrary, for the configurations
depicted in Fig. 4 (a)-(c) separate winding systems for force and torque
generation are used. This results in different current ratings for the drive
and bearing windings and hence leads to an unbalanced utilisation of the
semiconductor devices if identical three-phase power modules are utilised.

5.4 Summary

In this chapter two–, three– and four– phase bearingless slice motors have
been comparatively discussed based on performance indices in order to
find the most suitable motor embodiment for more cost sensitive applica-
tion areas of next generation bearingless pump systems. The comparison
has been carried out for a typical pump operating point (rated mechan-
ical drive power 1200 W, bearing forces in the range of 0–20 N). The
performance indices have been defined as the occurring power losses in
the converter and the motor, the power electronics VA requirements aris-
ing in the chosen operating point as well as cost related manufacturing
issues (such as copper and iron masses, realisation effort in consideration
of mass production, control complexity and scalability towards higher
speed and pressure ranges).The comparison has not revealed a clear su-
perior concept in all aspects, but has given a better insight to the specific
attributes and possibilities of each concept.

Generally, it can be stated that the two–phase motor configuration
realised as temple motor in conjunction with the existing bearingless slice
motor pump is not the superior concept in terms of losses arising in the
motor and the power electronics. Especially, when the two–phase motor
concept is operated with the interlaeved half–bridge topology the losses
in the power electronics are significantly higher compared to an operation
of that motor topology with the conventional half–bridge topology as can
be seen in Fig. 5.15. The comparison has rather revealed that the three–
phase configuration in temple form (c) is the most effective configuration
among the concepts with separated drive and bearing systems with clear
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advantages in terms of maximum achievable impeller speed and thus
pump pressure compared to concepts with combined drive and bearing
systems realised either in planar of temple design.

On the other hand, the four–phase motor configuration (e) seems
to be a promising concept for future cost–sensitive applications in the
low pressure and low/medium speed range, e.g. pumps for plating in-
dustry, mixers for biotechnology processes or eventually even for heat
and cooling pumps if they can be produced in large enough numbers.
The advantages of this concept in terms of small iron and copper masses
and easy manufacturability are mainly arising from its radial construc-
tion. In addition, the compact design allows the integration of the power
electronics in the motor housing with a resulting volume comparable to
that of the temple motor design without integrated electronics. However,
for high pressure applications in upcoming semiconductor applications,
where speeds above 8000 rpm are demanded, this concept cannot be
considered anymore due to its inherent speed limitations.
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Chapter 6

Conducted Emissions

6.1 Introduction

In power electronics, there exist two main reason for the necessity of an
input filter:

• Protection from electromagnetic influence of devices that are in
close proximity of the equipment under test (EUT).

• Protection of malfunction of the that EUT which is caused by dis-
turbances of devices in the surrounding [72].

The noise caused by the converter can be separated into two phe-
nomena, namely common mode (CM) and differential mode (DM) noise.
In the following, only the abbreviations CM and DM will be used. The
aim of the filter is to damp the CM and DM currents that occur in the
converter sufficiently. In a first step, this can be partly achieved by a prop-
erly designed layout of the power stage [73] which is optimised regarding
Electromagnetic Compatibility (EMC) considerations. Furthermore, an
increase in the switching time and due to that slower rise and fall times
of the voltages and currents results in a reduction of the noise level. How-
ever, as a consequence of the use of integrated power modules (see section
2.3.2) the gate resistors and thus the switching behaviour of the IGBT’s
cannot be influenced.
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Another approach that is broadly discussed in literature is the mod-
ulation of the switching frequency in order to decrease the maximum
amplitude of the voltage spectrum. With this, a more broadband dis-
tribution of the spectral lines can be achieved. The modulation of the
switching frequency with a sine–, triangle– or saw–tooth modulated sig-
nal [74] and the addition of harmonics to the carrier signal [53] are, be-
sides randomly varying the switching frequency [75], [76], the most com-
mon methods. However, they are seldom applied in practice. One reason
for this is that in order to comply with the norms the average value as
well as the short–term average value must fulfill with the threshold val-
ues. For the calculation of the spectrum the average values are always
considered. This issue is explicated in [77]. There it is shown that a sig-
nificantly lower – as one would expect – level reduction is achieved when
only the short time average values are considered. Due to the nonlineari-
ties that are caused by the differing rise– and fall–times of the switching
slope the resulting levels can only be estimated with numerical methods.

In most cases the damping of the CM and DM disturbances, which
are caused by the switched voltages and currents, is not sufficient to
fulfill the norms when using the previously described methods. Generally,
for bearingless pump systems, the variation of the switching frequency
under operation with the aim of reducing the common mode noise is
not an option since the control restrictions that apply for the bearing
system exclude the application of such methods (see section 3). Thus,
passive components (resistors, inductors and capacitors) have to be used
for the lowpass filtering. Also a combination of those together with active
components (switches) could be considered. This however will not be
further taken into account in this work due to its increased complexity
and thus lower applicability for industrial designs compared to passive
solutions.

In the hereafter presented analysis of the common mode behaviour of
the bearingless pump system the following assumptions are made:

• The maximum length of the power cable between the motor and
the converter is limited to 20 m. This corresponds to the conditions
arising in semiconductor fabs where it is more and more the case
that the control part of the process equipment is separated from
the chemical processing part. This demands long cables between
the controller and and bearingless slice motor which is placed in
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the chemical cabinet.

• The analysis is carried out with a two–phase bearingless slice motor
(see section 5.2.1) operated by the interleaved half–bridge topology
introduced in section 2.2.3.

• For next generation bearingless pump systems it is mandatory that
they can be connected to the single– as well as three–phase mains.

6.2 Line Impedance Stabilisation Network

When testing the Equipment Under Test (EUT) for compliance with
conducted emission limits it has to be connected to the mains via a
Line Impedance Stabilisation Network (LISN). Since in real world en-
vironments the amplitudes of conducted emissions are strongly varying
depending on the characteristics of the connected mains it is of major
importance to have a normed equivalent circuit of the mains in order to
gain reproducible measurements. With the help of a LISN, the impedance
seen by the equipment under test is well defined since the LISN ensures
a high frequency decoupling of the device under test and the mains. The
schematic of a LISN is shown in Fig. 6.1. In Fig. 6.2 the connection
scheme for single– and three–phase measurement is shown. In the here-
after carried out measurements the output of the LISN is connected to a
test receiver of the type Rohde & Schwarz ESPI3.

Figure 6.1: Simplified LISN high–frequency model which can be considered
for calculation of conducted emissions through calculations and simulations.
The EUT is replaced by a constant current source iConverter.
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Figure 6.2: Equivalent circuit of one and three phase LISN with RLISN,i =
50Ω, LLISN,i = 50μH and CLISN,i = 250μF.

6.3 DM Filter Design

In advance to the CM filter design, the DM filter components must be
known since these components influence the behaviour of the CM current
propagation paths and are therefore required for a proper CM modeling
procedure.

In [77] it is explained how the diode rectifier causes the transition
of CM into DM noise and DM into CM, respectively. Not only a dom-
inant CM but also a dominant DM disturbance can be transferred into
the other one. Due to differing junction capacitances of the diodes the
conversion of CM disturbances into DM disturbances arises. In case that
all diodes are blocking, the switched CM current generates an ac voltage
at the junction capacitances. The unbalance of the junction capacitances
leads to a resulting differential mode signal if the diodes are only conduct-
ing for a short period of time and are switched off right away afterwards.
This shows that in topologies that feature a passive diode rectifier at the
input a strict separation of the CM and DM noise cannot be performed.

Due to the large dc–link capacitor in the herein employed design (see
section 2.3.7) only a small current ripple arises in the input current of the
converter. Thus, the DM noise can be damped without the use of explicit
DM inductors. In this design, three DM capacitors are placed towards
the mains. In addition to that, a balancing C is placed in the dc–link as
can be seen in Fig. 6.10. The effect of these capacitors is shown in Fig.
6.12. As can be seen there, the DM attenuation is sufficient with the use
of capacitors only.
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6.4 CM Filter Design

In the following, a CM model of the bearingless pump system is derived
that serves as the base for the design of the CM filter stage.

6.4.1 Modeling of the Inverter

For an investigation of the CM disturbances arising in the converter the
sources that cause these disturbances must be known. Furthermore, the
distribution paths of these currents have to be investigated. For that, an
equivalent CM noise propagation model must be developed in order to
analyse these parameters. As the CM currents circulate through parasitic
distributed capacitances, which are very complex to model as distributed
parameters, simplified lumped elements are used to model the main cur-
rent paths. However, this sets a restriction on the frequency range in
which the model is valid. An analysis of the converter has led to the
paths shown in figure 6.3. There, the path of the CM currents is closed
through the parasitic capacitances CI−GND and CO−GND between the
heat sink, the output capacitor and the elements of the power circuit.

Heatsink

CDM,i

CI-GND CO-GND

CdclCDM,i

LLISN,i

CLISN,i

RLISN,i

iCM,LF

iCM,LF << iCM

iCM

Figure 6.3: Distribution paths of the CM currents in the converter.

6.4.2 Estimation of Model Parameters

Assuming, due to LLISN,i, at high frequencies an ideal decoupling of
the EUT to the mains, and a perfect coupling with the test receiver
through CLISN,i is achieved in a simplified consideration, the result-
ing high frequency equivalent circuit is shown in Fig. 6.4 where only
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Star-point of the
input phases

Centre point of the
voltage source inverter

Centre point of the
motor phases

iCM

Umeas(jω) RLISN/3

CLISN
CI-GND CO-GND Ccable Cmotor

uCM

Figure 6.4: CM noise propagation model for the interleaved half–bridge topol-
ogy converter: Component values: RLISN = 50 Ω, CLISN = 250 μF, CI−GND

= 2.28 nF, CO−GND = 1.61 nF, Ccable = 11.34 nF, Cmotor = 450 pF.

low frequency components (iCM,LF ) circulate to the mains. The differ-
ent emission sources are modeled as a single common mode disturbance
source uCM which shifts the potential between the parasitic input capac-
itor CI−GND and the parasitic output capacitor CO−GND according to
the chosen modulation method. Thus, the CM current circulating in the
system flows through both parasitic in– and output capacitors towards
earth and by that causes the noise level measured at the input of the
converter. The three resistors RLISN of which each has a value of 50 Ω
are in series to the three input phases. Due to the fact that they are in
parallel to each other, the resulting value seen by the common mode cur-
rent is RLISN/3. The modeling of the capacitance Ccable is discussed in
the next section. The latter along with the parasitic motor capacitance
Cmotor completes the CM distribution path in the system. For the mea-
surement and estimation of the relevant parasitic capacitances (CI−GND

and CO−GND) a series of impedance measurements was performed with
a precision impedance analyser Agilent 4294A. In order to evaluate the
capacitance CI−GND an impedance measurement is carried out with dis-
connected motor cables and short–circuited input connectors. This leads
to a high frequency equivalent circuit representing a resistor, an inductor
and a capacitor in series, from which only the capacitance value is used
in this design procedure (cf. Fig. 6.5) in the chosen frequency range from
1 kHz to 60 MHz. It has a value of CI−GND = 2.28 nF. As explained
in [78], the wiring, PCB parasitics and various component inductancies
(e.g. of the power module) can be neglected due to their low value and
consequently their influence in the frequency range above 30 MHz that
is not accounted in this work. For the measurement of the parasitic out-
put capacitor CO−GND (cf. Fig. 6.6) the six output terminals are short
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circuited and the capacitance is then measured towards the heat sink. In
this measurement, the capacitance CI−GND is in series with CO−GND

and thus contributes to the measured value. The resulting values are
CC,O−GND = 1.61 nF, RC,O−GND = 1.16 Ω and LC,O−GND = 162.5 nH.
Again, only the capacitor CC,O−GND is used in the analysis of the CM
behaviour.

Figure 6.5: Absolute value of the impedance characteristic of the parasitic
input capacitor CI−GND.

6.4.3 Modeling of Motor Cable

In applications such as the ones described in section 1.1.3 the controller
and the bearingless pump are generally not placed next to each other.
Often, the controller has to be placed outside of the clean room cabinet
due to very little space available inside. Thus it is common practice to
locate the controller in the basement of the semiconductor fab. The dis-
tance between the controller and the pump can thereby become up to
20 m. Such long cables are a known source for the distribution of com-
mon mode noise that is responsible for the malfunction of the systems.
The motor cable must therefore be included in the design process of the
filter. As a consequence of this, this section deals with the modeling of
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Figure 6.6: Absolute value of the impedance characteristic of the parasitic
output capacitor CO−GND.

the motor cable. As a preliminary work one must first define how the
eight winding leads of the motor are connected to the power stage of
the controller. As described in 2.2.3 the interleaved half–bridge topology
has three output connectors for the drive windings and additional three
output connectors for the bearing windings.

Therefore, it shall be investigated if connecting the motor with an
eight wire cable to the controller generates higher CM noise than em-
ploying a six wire cable. The latter requires that the junction of the
drive and bearing phases is made in the motor and not at the output
of the converter. Measurements investigating both configurations lead to
the results shown in Fig. 6.7. As can be seen there, both configurations
result in similar CM levels. Thus, in the following investigations, a six
wire cable is employed for the connection of the motor to the controller.
The measured lumped capacitance of this cable used in the following
design is Ccable = 11.34 nF.
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Figure 6.7: (a) 8 wire cable with a junction of the two drive and bearing
phases at the controller, (b) 6 wire cable with a junction for the two drive and
bearing windings in the motor.
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6.4.4 Modeling of Bearingless Slice Motor

The modeling of the high frequency behaviour of three phase asyn-
chronous electric motors is widely discussed in literature [79]. In these ma-
chines, the windings are usually close to the housing due to the compact
design. Similarly, this is also the case for bearingless slice motor pump
systems, where high pressure is put on volume optimisation. However,
this trend towards more compact designs increases the presence of dis-
tributed capacitances between the windings and the casing. Their value
is significantly higher than that of the stray capacitances between the
windings. The pulsed CM voltages that are applied to these capacitances
then generate CM currents. These currents deteriorate the mechanical
bearings through arcing currents and they also find their way through
earthing connections. Furthermore, these currents might generate volt-
ages induced in the shaft of conventional asynchronous or synchronous
machines that, if the shaft is connected to other electrical devices, gener-
ate CM currents in them [80]. For this reason, a shielded cabled is used
to transmit the position and speed signals of the motor to the controller
which prevents these signals from induced voltages and currents that of-
ten cause destructive voltage stress and safety hazards in non-shielded
cables close to motor cables [81]. Due to the absence of ball bearings and
the long connection cables between the motor and the power electronics
in a magnetically levitated motor the exact knowledge of the small signal
parameters of the motor is not of such high importance as it is the case
for standard three–phase motors. Furthermore, the fluids to be pump
are nonconducting and thus no dielectric coupling is present. Already for
standard three–phase machines the geometrical complexity of the system
limits the applicability of simple analytical models to describe the motor
parameters. This is even more the case for bearingless slice motors where
the standard two–phase configuration (see section 5.2.1) features two
different winding systems with multiple coils. For solving such problems
three dimensional electromagnet field simulations could be an option.
Generally, this results in large computational effort and is therefore em-
ployed in rare cases. Impedance measurements [82], [83] are still the most
widespread technique for the evaluation of motor parameters.

Most of these circuits are dealing with the mapping of high order
resonances above 30 MHz as well as skin effect and bearing currents. In
[79], [84], for example, higher frequency models for three-phase motors
are proposed. Since the simulation of HF resonances does not fall into the
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scope of this work a more simplified model can be chosen. An approach
into that direction can be found in [85] where different models for the
study of CM currents are presented.

Taking into account the – compared to the parasitic capacitances in
the motor – relatively large value of the cable capacitance, the corre-
sponding capacitances in the motor do not play a significant role in the
frequency range of interest (up to 30 MHz). Generally, their values are
in the pF range. However, for fully integrated drive systems, where the
electronics is directly mounted on the motor housing, and thus no motor
cables are present, the detailed modeling of the HF motor parameters is
of higher importance than in the herein analysed configuration. Due to
the long motor cable and the therefore resulting large capacitance value
of the cable compared to the motor capacitance, the motor is modeled
in the following with a lumped capacitance of Cmotor = 450 pF that is
obtained by measurements.

6.4.5 Modeling of CM Source

The remaining parameter in the equivalent circuit in Fig. 6.3 that is
demanded for the prediction of the CM noise level is the spectrum of the
voltage source uCM . Before one can obtain this spectrum, the topology
specific wiring of the converter and the motor depicted in Fig. 6.8 must
be investigated in order to specify the voltages that contribute to the
generation of uCM . There, the converter together with the drive phases of
the two–phase motor is depicted. The relevant voltage/current equations
for this setup are

uSB,D,1 = iD,1 (Rc + RD,1) +
d

dt
iD,1 (Lc + LD,1) + un

uSB,D,2 = iD,2 (Rc + RD,2) +
d

dt
iD,2 (Lc + LD,2) + un

uCB,D = iCB Rc +
d

dt
iCBLc + un. (6.1)

With RD,1 = RD,2 = RD and LD,1 = LD,2 = LD and since iD,1 +
iD,2 + iCB = 0, (6.4.5) can be written as
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Figure 6.8: Three–phase voltage source inverter with two–phase motor drive
winding configuration.

uSB,D,1 + uSB,D,2 + uCB,D = −
(

iCB RD +
d

dt
iCB LD

)
+ 3un. (6.2)

Thus, the neutral voltage results to

un =
uSB,D,1 + uSB,D,1 + uCB

3
+

1

3

(
iCBRD +

d

dt
iCBLD

)
. (6.3)

In order to find a an adequate equation for the common mode voltage
uCM the next step is to simplify eq. 6.4. For that a closer look at the par-
asitic capacitances of the cable and the motor is required. The measured
resulting common mode capacitance Cc of the cable is 12 nF, whereas the
common mode capacitance of the motor equals only Cm = 350 pF. This
results in a multiple of 30 between these two capacitors. Thus, this large
difference in capacitance can be utilised for the desired simplification.
The idea behind this simplification is that the resulting common mode
current at the output of the converter is mainly determined by the cable
capacitance towards PE. If that was the case only the part

uCMout =
uSB,D,1 + uSB,D,1 + uCB

3
(6.4)

of eq. 6.4 needs to be considered for the approximation of the com-
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mon mode voltage and the asymmetry caused by the two–phase motor
configuration would only have a minor influence.

The voltage drop across one phase of the cable responsible for the
generation of the common mode current can be neglected in view of
the common mode voltage (6.4) at the output of the converter. This is
also valid for the herein discussed two–phase motor topology with an
unsymmetric winding configuration. Asuming a nominal load current of
10 A peak with a measured cable resistance per phase of 1.3 Ω results in
a resistive voltage drop of 13 V compared to the common mode voltage
uCMout of approximately 110 V. In order to proove this assumption a
simulation of the three voltages (cf. Fig. 6.9) uCMout, umotin and un has
been carried out.
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Figure 6.9: Common voltages UCMout, Umotin and un

As can be seen in this figure, the common mode voltages umotin and
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un are virtually identical. Although, ucmotin and un differ from uCMout,
the resulting common mode is mainly determined by the compared to
the motor parasitics large cable PE capacitance. This is considered as a
proof for the intended simplification and allows for defining the resulting
common voltage of the bearing and drive system according to

uCM,tot =
uSB,D,1 + uSB,D,2 + uCB,D + uSB,B,1 + uSB,B,2 + uCB,B

6
.

(6.5)

This shows, that the common mode voltage uCM,tot of the converter
is the average value of the six switched phase voltages in the converter.

In case of different cable and machine parameters the beforehand
suggested simplification approach needs being reconsidered and the effect
of the two–phase motor configuration needs to taken into consideration
in more detail. The measurements proof for as much the above model as
noise CE measurments at nominal voltage and connected output cable
did not show any difference in the noise level on whether the machine was
connected or not. In case no machine connected the asymmetric winding
configuration is not present at all and thereby provides an additional
proof of the model.

6.5 Filter Design

As mentioned in chapter 1 the available space in a clean room is already
very limited and even more pressure will be put on that issue in the
future. Thus, care must also be taken on the overall filter volume in the
design process. Due to the required applicability of the converter at the
single– and three–phase mains, the filter must be designed for three-phase
operation.

Keeping this in mind, the design process is focused on the placement
of the majority of the filter components in the dc–link and as a matter
of fact, behind the diode rectifier as shown in Fig. 6.10. This allows for
better utilising the filter volume since only one coil instead of three is
needed for the same filter efficiency.

Different from DM filters, the CM filters employ relatively high in-
ductance and low capacitance values. High inductances can be used due
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to the characteristics of CM chokes, which employ high permeability ma-
terials, thus achieving high impedances with limited amount of magnetic
material.

The total capacitance CCM,total =
∑

CCM,i with i = 1,2 between
any of the input phases and the PE is restrained by the maximum al-
lowable earth leakage current IGND,rms due to safety regulations. Ac-
cording to these regulations for IT equipment [86] – which also apply
for semiconductor equipment – the amplitude of the current with mains
frequency that flows through the CM capacitances towards PE at 110%
mains voltage is limited to

IGND,rms ≤ 3.5 mA. (6.6)

With

IGND,rms = 1.1UN,rms 2π fN CCM,total (6.7)

the total capacitance results in

CCM,total ≤ 44 nF. (6.8)

For the design of the filter stage, this value has to be considered.
Due to the high broadband noise level caused by the multi–phase mo-
tor connection, a high inductance with a large damping over the whole
frequency range is preferred. For this reason, a one stage common mode
filter is chosen for this design.

As mentioned earlier on, the filter components are placed in the dc–
link in order to reduce the number of components needed. In a single
stage filter, each phase possesses one capacitor towards PE. Thus, with
6.8 the following equation applies

CCM,1 + CCM,2 = 44 nF. (6.9)

This allows it to select the norm value of 22 nF for each CM capacitor.

CCM,1 = CCM,2 = 22 nF. (6.10)

With the capacitor values selected, the next step is the determination
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CM filter
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CDM,2

CDM,1 CCM,i

Figure 6.10: Circuit structure of the interleaved half–bridge converter in-
cluding the designed filter components with LCM,i = 12 mH, CCM,i = 22 nF,
CDM,i = 470 nF.

of the inductors. At 150 kHz the required attenuation gained by simu-
lation is -42 dB in order to fulfill Class A requirements (cf. Fig. 6.11).
As mentioned in the introduction of this Thesis, the length of the power
cable for the connection of the power electronics and the converter is ex-
pected to increase over the next years. Thus, a safety margin is provided
in the design of the CM filter stage in order to provide enough margin
for cable lengths of 20 m. For this, an additional attenuation of 10 dB
is included in the design of the CM–inductor. With this, the required
attenuation at 150 kHz is - 52 dB. This results in a relatively high induc-
tance value of 20 mH. Thus, two CM inductors LCM,1 = LCM,2 = 10 mH
are placed in series that built the CM stage along with the capacitors
CCM,1 = CCM,2.

Care must also be taken of a symmetrical placement of the compo-
nents. Saturation of the cores has to be avoided. When choosing the core
material, the following considerations must be applied. The permeabil-
ity should not change with temperature. Furthermore, the insertion loss
over the temperature is desired to be as broadband as possible. At low
frequencies, a high permeability and thus a high damping is desirable.
By that, the number of turn that are necessary for a given damping can
be kept low. Lower winding capacitances are also achieved in this way.
This circumstance then facilitates a better high-frequency behavior. Due
to these considerations and the resulting compact volume the nanocrys-
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Figure 6.11: EM Emission levels at three–phase LISN. Depicted are the mea-
sured and predicted ones for a QP measurement as per CISPR 22.

talline core material VITROPERM 500F [87] is chosen. With this, the
filter inductors are built as specified in Table 6.1, which also presents
the specifications for the capacitors in the CM filter. Passive damping
through resistors is not added due to the predominantly high frequency
behaviour of the inductors.

The verification of the designed input filter shown in Fig. 6.10 con-
nected to the three–phase mains is shown in Fig. 6.12 for drive currents
of ID,i = 7.6 Arms and bearing currents of IB,i = 1.2 Arms and a cable
length of 20 m.
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Component Parameter
CDM,1, CDM,2 X2 Capacitor, Evox Rifa PHE840M

470 nF – 250 Vac
CCM,1, CCM,2 Y2 Capacitor, Epcos MKP B81122

22 nF – 250 Vac
LCM,1, LCM,2 Vacuumschmelze VAC VITROPERM 500F W424

N = 2 x 26 turns, AWG17

Table 6.1: Selected components of the input filter.
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Figure 6.12: Verification of the designed filter with a motor cable length of
20 m and drive currents of ID,i = 7.6 Arms and bearing currents of IB,i = 1.2
Arms.
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Chapter 7

Realisation and Results

7.1 Power Electronics

The bearingless slice motor controller realised in this work comprises of a
power board that contains the power electronics part with a rated power
of 2 kW and the digital control board where the digital signal processing
part of the system is located. Furthermore, this part also contains an
auxiliary power supply that provides the demanded low voltage levels for
the system. The whole converter system is depicted in Fig. 7.1. The outer
dimensions are 200 x 95 x 135 mm which results in a volume of 2.565
dm3. With this, a power density of 0.78kW/l is achieved. Comparing this
power density with the current state–of–the–art bearingless slice motor
controller with a rated power of 1.5 kW and a power density of 0.34
kW/l [88] reveals that the power density is increased by 129% when a
three–phase–topology is chosen as presented in this work.

7.1.1 DSP Board

All the control routines necessary for the operation of the bearingless
pump system are implemented on a digital signal processor (DSP) of
the type TMS320F2811 [89] from Texas Instruments. The analog digi-
tal converter of this device is used to read in the output values of the
current sensors on the power board as well as the position sensors of
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200 mm

135 m
m

9
5
 m

m

Figure 7.1: 2 kW bearingless slice motor controller.

the bearingless slice motor. All the necessary supply voltages of the con-
troller, namely +15 V, +12 V and +5 V are generated with an auxiliary
power supply which is located on the same board as the DSP. The output
power levels of the respective voltages are listed in Table 7.1. A Flyback
converter topology has been chosen for the realisation of this auxiliary
power supply. The control is carried out with an integrated power MOS-
FET TOP243G [90]. The board is directly supplied by the dc–link voltage
of the power stage.

7.1.2 Power Stage

In chapter 2, the necessity for a universally applicable power stage for
bearingless pump systems is outlined. Considering the therein described
application areas and based on the requirements for the power electronics
derived in chapter 2.1 the power stage shown in Fig. 7.1 has been realised
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Output voltage Rated power
+5V 2.5 W
+12V 10 W
+15V 11 W

Table 7.1: Summary of output voltages and output power of the auxiliary
power supply.

120 mm

90
 m

m

Figure 7.2: Digital signal processor board with an integrated Flyback con-
verter.

by utilising the components specified in the previous chapters. The input
filter stage derived in chapter is also integrated on this board, which is
realised with a four layer PCB.

7.1.3 Efficiency

In a system that is composed of several components with strongly varying
efficiencies over the operating range the overall efficiency is dominated
by the weakest link in the chain. Meaning the component with the low-

137



REALISATION AND RESULTS

est efficiency. This is very much the case in a bearingless pump system,
where the hydraulic pump dominates the overall efficiency. According to
manufacturers data [48], the hydraulic efficiency varies from 19% to 55%
depending on the operating point of the pump as well as the media to be
pumped. Thus, the efficiency of the power electronics has only a minor
impact on the overall system efficiency. Contrary to power electronics
converters in information technology, the solar industry or automotive
applications where efficiencies above 95% are achieved a detailed anal-
ysis of the losses arising not only in the passive but also in the active
components is mandatory for an exact definition of the system efficiency
this is not of highest priority in a bearingless pump system. In these sys-
tems, the calculation of the losses arising in the power semiconductors
give a good indication of the efficiency of the controller.

7.1.4 Verification of Modulation Methods

The modulation schemes that are derived in chapter 4 have been imple-
mented on the DSP and tested with the laboratory prototype shown in
Fig. 7.1. As an example, in Fig. 7.3 the current and voltage waveforms in
the drive system generated by the modulation schemes CCM and TQM
are presented. The measured shapes of the drive currents iD1 and iD2

are in good agreement with the simulation results presented in chapter
4.

Furthermore, tests with a bearingless pump system under load have
been carried out in order to show the resulting maximum torque limits of
the different modulation schemes. As an example, the result for the THM
method is presented in Fig. 7.4. This allows it to rotate the impeller with
a speed of 8500rpm while regulating the flow to 38 l/min. The resulting
output pressure at this operating point is 4.5 bar. The current iB1 in
the bearing phase LB1, the drive current iD1, the common bridge leg
current iD0, as well as the switched voltage uD1 across the drive coil LD1

are shown in the aforesaid figure. As can be seen, the bearing current
iB1 which is controlled with CCM is relatively small compared to the
drive current iD1. The stable operation of the pump implies that the
CCM method is sufficient to control the bearing currents. Not only in
this operating point but even more over the whole operating range of the
pump the CCM method still ensures a sufficient performance, while for
the control of the drive system for higher power and/or rotation speeds
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the presented more advanced modulation techniques have to be employed
as discussed in chapter 4. The shown operating point in Fig. 7.4 could
not be achieved by the CCM (see section 4.2) or SCM (see section 4.3)
method.
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iD 1(t)

iD2(t)

iD 0(t)

uD1(t)
ūD1(t)

(a)

(b)

iD 1(t)

iD2(t)

iD 0(t)

uD1(t)
ūD1(t)

Figure 7.3: Experimental results of the modulation schemes presented in
chapter 4. (a) CCM (b) TQM. Time behavior of drive currents iD1 and iD2,
common bridge leg current iD0, switched voltage uD1 and average voltage
ūD1(t) of drive coil LD1. Current scales: iD0, iD1, iD2: 10 A/div, voltage scale:
UD1: 200 V/div, time scale: 2 ms/div.
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iB1(t)

iD1(t)

0iD (t)

uD1(t)
ūD1(t)

Figure 7.4: Experimental results for the pump under operation employing
the THM method with an impeller speed of 8500 rpm, a flow of 38.5 l/min
and resulting pressure of 4.5 bar. Time behavior of the bearing current iB1,
the drive current iD1, the common bridge leg current iD0, the switched voltage
uD1 and the average voltage ūD1(t) of drive coil LD1. Current scales: iD0, iD1,
iD2: 10 A/div, voltage scale: UD1: 500 V/div, time scale: 4 ms/div.
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Conclusion

In this work, the applicability of three–phase power modules for the
control of a two–phase bearingless slice motor has been shown based on
the background of reducing the overall cost of a bearingless slice motor
pump system. All aspects necessary for the realisation of such a sys-
tem have been analysed in this work. After an evaluation of the best
suitable topology with a reduced number of semiconductor components
compared to the state–of–the–art control electronics for bearingless slice
motor pumps, an analysis of the utilised three–phase power module has
been carried out along with the dimensioning of the heat sink and the
dc–link capacitor. As a result of this, the power density of the controller
is increased by more than a factor of two compared to a state–of–the–art
design.

The theoretical considerations regarding the control of the system due
to delay times in the generation of the duty–cycles as well as delays in the
current measurement are analysed and the necessary measures regarding
the control are carried out. The modulation methods required for the
operation of the two–phase motor have been developed so that a similar
performance as with today’s systems can be achieved with the novel
concept. The herein developed control methods have been implemented
on a digital signal processor board which has also been developed in this
work.

A comparison of motor topologies suitable for future bearingless pump
systems with other than a two–phase motor has led to the conclusion
that applying a four–phase motor concept with concentrated coils is the
preferable concept for low speed applications e.g. in mixers for biotech-
nology applications. Regarding high torque applications the two–phase
motor concepts still seems to be the preferable solution. The three–phase
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temple motor design has emerged as the system with minimal losses in
power electronics and the motor. However, using this concept, the max-
imum torque given a certain motor size is lower as compared to the
standard two–phase configuration.

Utilising power cables up to 20 m between the power electronics and
the bearingless slice motors results in an increase of the common mode
noise in the system. In order to obtain a minimum input filter, a common
model of the two–phase bearingless slice motor pump system including
the motor and electronics is presented. This model serves as the base for
the volume optimised input filter.
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Outlook

In the course of this work, the fundamental issues arising in the design
of future bearingless slice motor pump systems have been investigated
and based on this, a laboratory prototype has been realised which al-
lows the verification of the theoretical results obtained in this work. This
analysis has led to several points which have been identified as research
topics for future works:

• As mentioned in section 2.3.2 the employment of integrated power
modules that are available off–the–shelf has the disadvantage that
the latest semiconductor technologies are not utilised for the fabri-
cation of these modules which affects the efficiency of the system.
Research could be carried out in the direction of realising a cus-
tomised power module using latest semiconductor technology and
thereby increasing the efficiency and compactness of the system.

• In order to decrease the size of the extruded aluminum heat sink,
the manufacturing process of it could be further investigated in
order to minimise the thickness of the aluminum sheets. Thereby,
the volume of the cooling part could be further minimised.

• In applications where it is not mandatory that the power electronics
is placed a long distance away from the pump since the necessary
space is available or forced air cooling is allowed, the concept of
a fully integrated bearingless pump should be investigated. This
would greatly reduce the cabling effort and thus lower the input
filter volume as well.

• The cabling effort of the analog sensor signals between the motor
and the controller could be reduced if a digital signal processor
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would be implemented in the motor itself. This allows it to compute
the position of the impeller directly in the motor. The position
values can then be transferred to the controller via a bus system
which significantly reduces the number of signal wires.

• The analysis of the motor concepts in chapter 5 has shown that the
bearingless slice motor in disc shape is a promising concept for low
speed applications, such as for mixers in biotechnology applications.
Based on the results obtained in that chapter, the realisation of
such a mixer system could be further investigated in future works.
Especially the influence of the stainless steel tanks on the position
detection concept offers great potential for further investigations.
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